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Preface 


The advent of the power MosFET ranks as one of the most significant develop- 
ments in power electronics in recent years. While the V-groove devices which 
appeared in the late seventies looked set to find an important place in the market, 
particularly in the area of high-frequency power conversion, the overall domin- 
ance of the power bipolar transistor did not seem seriously threatened. However, 
when the more easily manufacturable vertical pMos devices appeared in volume in 
1978, the scene was set for a revolution. The power MosFET rapidly achieved a 
reputation for being forgiving and easy to design with, but universal acceptance 
was delayed by its relatively high cost. Now that manufacturers have been able to 
achieve economies of scale and to reduce prices, in some cases to below that of 
the equivalent bipolar transistor, the last barriers have been removed to the 
MOSFET becoming the dominant power device. 

This book details the theory of power MosrEts and their applications. In 

particular it seeks to give the power MOSFET user a good understanding of the 
origin of MosFET characteristics and the features which determine its behavior. 
Then it looks at the interaction of the device with other elements in the circuit 
and how device characteristics influence circuit design. A broad look at 
POwer-MOSFET applications completes the picture. 
_ Several circuits are-described at some length to highlight the practical details of 
power-mosFeT use. These circuits should not be taken as guaranteed designs or 
infallible recipes for success, but rather they are intended as discussion exercises 
for illustrating aspects of power-MosFET application. 
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JOHN GOWAR 


Bristol, United Kingdom 
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General Introduction 


1.1. THE DEVELOPMENT OF LOW-POWER MOSFETS 


The metal—oxide-semiconductor field-effect transistor (MOSFET) is the most 
commonly used active device in the very large-scale integration of digital 
integrated circuits (vist). During the 1970s these components revolutionized 
electronic signal processing, control systems and computers. Since 1978, devices 
based on the same fundamental principles and fabricated using similar manufac- 
turing techniques, but having a significantly modified geometry, have made an 
equivalent impact on power electronics applications. These are the vertical, 
double-diffused MOSFETs, whose characteristics and applications are the principal 
concern of this book. ._ | 

The basic principle of the MosreT has a long history. The conductance of a 
piece of semiconductor depends on the number of free carriers it contains and on 
their mobility. The effective number of free carriers can be modified by 
establishing a static electric field in the semiconductor in the direction transverse 
to the current flow. Such a field can in principle be capacitively coupled through a 
thin insulating dielectric layer. This concept was the basis of devices proposed and 
patented in the 1920s and 1930s by Lilienfeld [1] and Heil [2]. _ 

Early attempts to exploit this field effect failed because of the influence of 
impurities at the surface, which may become charged, and because of surface 
electronic states, which can trap and thus immobilize the normally mobile charge 
in the semiconductor. Between them, these two effects block the influence of the 
applied voltage. It was while they were investigating surface states in 1947 that 
Bardeen and Brattain [3] formed two adjacent pn junction diodes in a single 
crystal of germanium and discovered the point-contact, bipolar transistor effect. 
The invention and realization of the bipolar junction transistor (Bsr) followed 
directly [4—6]. | 

Careful control of the concentration of surface states and the minimization of 
charged impurities at the semiconductor surface is crucial to the operation of 
most semiconductor devices. This includes the bipolar junction transistor itself. 
Especially vulnerable is the region where the pn junctions intersect the surface. 
Improvements in semiconductor technology intended primarily to enhance the 
performance of ssts eventually enabled the transverse field required for the field 
effect to be established in a different way, by means of a reverse-biased pn 
junction. | 

The principle of this device, the junction field-effect transistor (sFET) had been 
proposed by Shockley in 1952 [7]. A modern realization is illustrated in Figure 
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Figure 1.1. The junction field-effect transistor. (2) Plan view; (b) section A—A’ through 
active region of device; (c) circuit symbol; (d) current-voltage characteristic. Increasing 
the negative gate voltage expands the depletion layer between gate and channel, and 
increases the channel resistance. If Vps is increased, the depletion layer at the drain end 
expands to pinch off the channel. 4, then saturates. With p-channel devices the polarities 


are reversed, and in the circuit symbol the arrow on the source lead is reversed. 
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1.1. This is a depletion-mode device. That is, it is normally on or in the freely 
conducting state, and it can be turned orF by a voltage of suitable polarity applied 
to the gate. This reverse-biases the gate-channel pn junction and so expands the 
depletion layer. As a result the effective cross-sectional area of the conducting 
channel is reduced and its resistance is increased. Note that the channel material 
may be either p-type or n-type. In the case of the n-channel device illustrated, a 
negative gate voltage will tend to pinch off the conduction channel between 
source and drain. With a p-type channel a positive gate voltage would be needed 
for pinchoff. In Figure 1.1 the gate and substrate regions are shown as “‘p*” to 
indicate that they are normally heavily doped regions. 

The successful manufacture of the FET depended on the introduction of planar 
silicon technology in 1960 [8]. This technique, which led directly to the 
development of integrated circuits, involves a combination of processes. These 
take place on a plane surface of single crystal silicon, and depend on a number of 
unique properties of this material. The proccess include: 


1. Epitaxial crystal growth from the vapor phase. 


2. The formation of thermally grown silicon dioxide layers ‘for surface 
passivation, for masking, and as an insulating layer over which metal 
interconnections may be run. 


3. The photolithographic etching of “windows” in the oxide iaver 


4. The introduction of controlled levels of impurity into selected regions of the 
silicon through these windows in the oxide, either by diffusion from the 
vapor phase or by ion implantation. 


5. The deposition by evaporation or sputtering of a thin conducting film 
(usually Al) and the etching of this film to form a pattern of interconnec- 
tions on the surface. 


These processes are illustrated schematically in Figure 1.2. 

Further technological refinements in the early 1960s enabled a different type of 
field-effect transistor to be made. This was the metal—oxide—semiconductor 
field-effect transistor (mMosFeT) [9-11]. The principle of this device is much closer 
to the original ideas of Lilienfeld and Heil. The controlling gate electrode is now 
separated from the semiconductor by a thin insulating layer of gate oxide, as 
shown in Figure 1.3. The gate potential determines the number of carriers in the 
channel between source and drain, and hence its conductivity. With this device it 
is particularly important that the gate oxide (silicon dioxide) thickness should be 
controlled most carefully and that the concentrations of impurities and surface- 
state energy levels at the silicon-silicon dioxide interface should be kept very low 
indeed. Then, either p-channel or n-channel devices may be made, and either 
may be used as normally-on (depletion-mode) devices like the IFET, or as 
normally-oFF (enhancement-mode) devices. 

The four possible device types, together with their circuit symbols and 
current-voltage characteristics, are illustrated in Figure 1.4. A detailed physical 
explanation of these characteristics is given in Chapter 3. However, the basic 
device operation can be understood very easily. Consider, for example, n-channel 
devices. The argument is the same for p-channel devices with the dopant types 
interchanged and the polarities reversed. 
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Figure 1.2. Planar silicon technology processes. (a) Polished single crystal slice; (b) 
growth of epitaxial layer; (c) formation of oxide; (d) photolithographic etching of oxide 
windows; (e) diffusion of impurities; (f) evaporation and etching of metal contacts. 
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The depletion-mode device has a conducting n-type channel normally connect- 

ing source and drain. Application of a negative voltage to the gate electrode 
causes a depletion layer to be established in the semiconductor near the 
oxide-semiconductor interface. This is simply because the majority carriers, the 
electrons, are repelled from this region by the negative gate voltage. As the gate 
is made more negative, the depletion region extends further across the channel 
until it is finally pinched off. With a positive drain—source voltage Vps, this occurs 
first at the drain end of the channel. The drain current J, then becomes largely 
independent of further increase of Vps. 

In the enhancement-mode device the path between source and digit takes the 
form of two back-to-back series diodes. Thus, negligible current normally flows. 
Application of a positive gate voltage exceeding a certain threshold value, Vy, 
attracts negative carriers to the surface of the semiconductor in sufficient numbers 
to form an inversion layer. The surface layer then behaves as a piece of n-type 
material and forms a conducting bridge or channel between source and drain. 
Further increase in gate voltage increases the conductance of the channel. 

There are applications for all types of MosFET, but the n-channel, 
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Figure 1.3. An n-channel, enhancement-mode Mosrer. (a) Section A—A’ through active 
region; (b) plan view. Important device parameters are the gate length /, the gate width w, 
and the gate oxide thickness ¢,,. 


enhancement-mode device is especially important for three reasons. First, the 
conductivity is by means of electrons, which have a higher mobility than holes. 
Thus, for given dimensions, the channel resistance is lower and the carrier transit 
time is shorter in an n-channel device. Secondly, as an enhancement-mode 
device, it draws negligible current and hence dissipates no power in its normal, 
OFF state. Thirdly, MosFETs are self-isolating, because all the junctions with the 
substrate are reverse biased. However, the surface conditions demanded for the 
successful operation of an n-channel, enhancement-mode MosFET are the most 
onerous, and this was the last type of MosFET to become commercially available. 
It is now, of course, an essential pomporent in any NMOS or CMOS integrated 
circuit. 


1.2. THE DEVELOPMENT OF POWER MOS DEVICES 


Not surprisingly, many of the merits of MOSFETs are as important in devices 
designed for power applications as they are in those designed for large-scale 
integration. Of course, the decision as to what constitutes a power device is quite 
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Figure 1.4, Four types of Mosrer. (a) An n-channel, enhancement-mode device; (b) an 
n-channel, depletion-mode device; (c) a p-channel, enhancement-mode device; (d) a 
p-channel, depletion-mode device. The cross-section through the active region of the 
device, the circuit symbol, the output characteristics and the transfer characteristic are 
shown in each case. | 


arbitrary. For purposes of definition we shall apply this term to any device 
capable of switching at least 1 A. There are specific requirements for p-channel 
and for depletion-mode power devices. However, the n-channel, enhancement- 
mode device is much the most important. The question is, how can the MOSFET 
best be adapted for such use? In this section we follow the main steps in the 
development of power MOSFETS. os : , 
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Figure 1.4. (Continued) 


The operating principles and characteristics of MOSFETS are discussed in 
Chapters 2 and 3. There, it is shown that two key parameters governing their 
performance are the gate length | and the thickness of the gate oxide, t,x. In 
planar MosFeTs of the type shown in Figure 1.3, the minimum gate length is 
determined by the minimum photolithographic feature size that can be obtained 
in processing. Successive technological improvements have enabled / to be 
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reduced from 204m to 1m or less. Corresponding reductions in gate oxide 
thickness have been possible whilst still preserving the necessary uniformity and 
integrity of the insulating layer. These are the technical achievements that have 
permitted very high component counts (1,000,000 active devices on a single chip) 
to be obtained in visi circuits. Future reductions to submicrometer dimensions 
are likely [12]. | 

For power applications many individual devices may be connected ‘ouetiiers in 
parallel during the final metallization process. However, there are two major 
reasons why the planar structure of Figure 1.3 is unsatisfactory if it is simply 
scaled up for higher powers. First, the drain—source spacing has to be increased in 
order to obtain a high voltage blocking capability. The reason is this. Once the 
channel is pinched off, a depletion layer forms between the channel and the 
drain. The width of the depletion layer varies with the drain—source voltage Vpg. 
If | were kept small, the drain depletion layer would eventually punch through to 
the source at high values of Vps. Simply increasing the channel length of a normal 
MOSFET, as in Figure 1.5a, is not satisfactory either. The channel length still varies 
as the depletion layer expands and contracts with changes in Vps. The 
arrangement shown in Figure 1.55 overcomes this problem. By having the 
channel more heavily doped than the adjacent drain region, the depletion layer 
occupies the drain region preferentially. The channel length can be kept short, 
and it is not modulated significantly by Vps. An analysis of this effect is Even in 
Appendix 1. 


The principle of the lightly doped drain (Lpp) structure is widely used in 
modern visi chips. However, for power devices, it is still the case that a great 
deal of the valuable surface area of the silicon is taken up with supporting the 
drain voltage. The second disadvantage of the lateral power mos transistor arises 
from the need to make all three connections (to source, gate, and drain) on the 
same, upper surface. While this facilitates the monolithic integration of com- 
ponents, it complicates the metallization required for a single power device. Both 
effects reduce the area of silicon usefully used to form the active transistor region. 
There is thus a low silicon utilization factor. As a result, lateral power MOSFETS 
are rarely used as discrete devices, except in some linear applications. They are 
being used increasingly in power integrated circuits. 

During the 1970s some radically different MosFeT configurations were evolved. 
These eventually enabled the two major disadvantages of the lateral power mos 
transistors to be avoided. The essential step was to use the substrate material to 
form the drain contact [13]. As a result the current flows “vertically” through the 
silicon from drain to source. This idea had been anticipated in the multichannel 
junction FET [14-16], the forerunner of the static induction transistor (srr), whose 
basic structure is shown schematically in Figure 1.6. 

One suggested way of achieving the vertical structure with a MOSFET was to put 
the gate contacts on the sides of mesas produced using an isotropic etch [17, 18}. 
Such a device is illustrated in Figure 1.7. 

A technique that was more successful and that led to the production of the first 
commercial power devices [19-22] was to use an anisotropic etch to produce a 
V-shaped groove in the silicon surface. This technique [23] had already been used 
as a means of isolating ayts in an integrated circuit [24], and in some novel 
designs of high-frequency lateral Mos transistors [25,26]. In order to make a 
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Figure 1.5. Lateral MosFET structures supporting large drain—source voltages. (a) Con- 
ventional structure showing the effect of the drain—substrate depletion layer in reducing 
the effective channel length from / to /'. The formation of the inversion and depletion 
layers is discussed in Chapter 2. (b) Use of a lightly doped drain diffusion to minimize. 
channel-length modulation. 
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Figure 1.6. Schematic cross-section of a multichannel ret. Negative bias on the gate 
fingers leads to pinchoff. 
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Figure 1.7. A vertical-geometry MosreT. The diagram shows a section through one oi 
several parallel mesa “fingers” each supporting a source contact. There are two channels 
from each source contact to the drain, and each is controlled by one of the evaporated gate 
electrodes. The gates are connected together at one end, and the sources at the other end. 
In the device described in Refs. 17 and 18, the channel length was 1 um and the distance 
between the centers of the mesa ridges was 33 um. The oxide overhangs were used tc 
define the gate electrodes during the metallization of the source contacts. 


power FET, the V-shaped groove is etched into the surface after successive p and 
n” diffusions have been completed. This produces the structure shown in Figure 
1.8a. Such devices have become known as vos transistors, though whether the 
““V” should be thought to stand for “vertical” or to represent the groove shape is 
open to debate. In order to avoid abe uty we shall refer to them as vertical 
V-groove MOS (vvMOS) devices. | 

The angle of the groove is determined by the crystal structure of silicon. Most 
power semiconductor devices are fabricated on slices cut from boules whose axes 
lie in the (111) crystal direction. It is easier to obtain a low concentration of 
defects in crystals oriented in this way with the result that high-quality material is 
cheaper. This is an important consideration in power devices, which use a large 
amount of silicon for each device. The {111} faces have the highest atomic 
surface density and are less susceptible to surface contamination. They are used 
for most bipolar integrated circuits and discrete devices. For mos Ics and devices, 
other considerations apply, and they are invariably fabricated on {100} faces. 
This allows the channel to be oriented along a (100) direction, in which the 
electron mobility is higher. More importantly, the lower surface atomic density 
means that the concentrations of fixed interface charge and interface trapping 
levels are more easily reduced to acceptable levels. This is essential, since they 
both adversely affect Mos transistor action, as discussed in Section 2.3. Finally, 
silicon cleaves naturally along {110} planes. Thus {100} slices can be readily 
cleaved at right angles to the surface into square dice. 

For vvmos devices, it is necessary to use {100} slices. On the heavily doped n* 
substrate a lightly doped n™ epitaxial layer is grown, and into this, successive p 
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and n” layers are diffused, just as though an npn bipolar junction transistor were 
being made. The oxide is removed, and an etchant such as potassium hydroxide is 
applied. This etches much more rapidly in directions parallel to the {111} planes 
than into them. Thus, when another {111} plane is reached, etching effectively 
veases. It is the natural angle between these {111} and {100} crystal planes that 
causes the sides of the groove to be at an angle of 54.7° to the surface of the slice. 

After etching, the gate oxide is grown on the exposed face of the groove, and 
the gate and source metallizations are deposited. The parasitic, parallel, npn 
sipolar transistor that is characteristic of the Mos structure is shown very clearly in 
this device. To minimize its effect on the proper behavior of the n-channel mos 
‘ransistor, the source contact is normally shorted to the channel, as shown in 
Figure 1.8a. This still leaves a parasitic pn junction diode connecting source and 
drain. 

The channel length / is determined by the relative depths of the successive 
liffusions. The base width of a ast is determined in the same way. A typical value 
would be one or two micrometers. A penalty that has to be paid for the vvmos 
structure is the reduced electron mobility in the channels under the {111} faces of 
‘he V-grooves, in comparison with that of normal {100} mos devices. . 

Because the epitaxial n-region is more lightly doped than the p-channel, the 
jepletion layer extends only a little way into the channel, and most of the voltage 
s dropped in the epilayer. The required current rating is achieved by connecting 
nany grooves in parallel, as shown in Figure 1.8. 

Each gate of the vvmos transistor controls the current from the two sources, 
mne on either side of the groove, as it flows to the common drain.. Current 


Source Gate Source 
2 C) oe 


n* substrate 





Drain 
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igure 1.8. A vvmos transistor. (a) Section through the active region of the device; (b) 
ection and plan views showing the parallel connection of sources and gates required for 
igh-current operation. 
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Figure 1.8. (Continued) 


crowding at the apex of the groove, as shown in Figure 1.9a, can limit the useful 
current rating of the device. In the orF state the sharp apex causes a local region 
of high electric field to develop, and this may limit the voltage rating. By 
arranging for the groove etch to stop before an apex is formed, the structure 
shown in Figure 1.9b can be obtained and both of these problems are reduced. 
Because of problems in controlling the critical etching processes, vvMos FETS 
are difficult to produce. To a large extent they have been superseded by a 
different type of vertical Mos transistor, upon which we shall concentrate. 

We have seen how it is possible to use two successive diffusions, first a p 
diffusion using boron, then an n diffusion using phosphorus, to produce two 
closely spaced pn junctions at different depths below the silicon surface. This is 
essential to the manufacture of yrs and can be used to define the channel length 
in vvmos transistors. The different /ateral spreads of the two diffusions can be 
used in exactly the same way. This technique was applied first to the lateral Mos 
device described earlier and shown in Figure 1.55 [27]. The device structure then 
takes the form shown in Figure 1.10. We shall refer to it as a “lateral DMos 
transistor” (LDMos), where the “pb” indicates the double diffusion process. The 
channel length is no longer dependent on the resolution of the photomicrolithog- 
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Figure 1.9. Benefits of a truncated V-groove. (a) Conventional V-groove showing current 
crowding at the apex; (b) truncated V-groove. 


raphy, but on the control of the lateral spreads of successive phosphorus and 
boron diffusions through the same oxide window. 

The vertical, double-diffused mos structure [28-30], which has become so 
important and which we shall refer to as vDMos, fuses together these two 
concepts. As Figure 1.11 shows, it uses the double-diffusion technique to 
determine the channel length /, and it supports the drain voltage vertically in. the 
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p substrate 


Figure 1.10. The lateral pmos transistor. 


n--epilayer. The current flows laterally from the source through the channel, 
parallel to the silicon surface, and then turns through a right angle to flow 
vertically down through the drain epilayer to the substrate and the drain contact. 
The p-type “body” region, in which the channel is formed when a sufficiently 
positive gate voltage is applied, and the n* source contact regions are diffused 
successively through the same window etched in the oxide layer. The channel 
length can be controlled to submicrometer dimensions if required. Because of the 
relative doping concentrations in the diffused p-channel region and the n™ 
epilayer, the depletion layer which supports Vps extends down into the epilayer 
rather than laterally into the channel. The details of the depletion, accumulation, 
and inversion layers that are formed in the different regions are discussed in 
Chapter 2. 

A development that was of great importance in integrated-circuit mos 
technology in the 1970s was the use of heavily doped polycrystalline silicon, 
rather than aluminum, to form the gate electrode [31]. It has a number of 
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Figure 1.11. Schematic illustration of a vertical pos transistor. — 
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Figure 1.12. Section through a vpMos transistor with a polycrystalline silicon gate. 


advantages for the power FET also: 


1. It simplifies the connection metallization: an oxide layer can be formed over 
the poly-Si, and the source metallization may then be extended over the 
whole of the upper surface. This is shown in Figure 1.12. 

2. The poly-Si layer can be deposited with great accuracy, and the gate oxide is 
more stable and less prone to contamination than when an aluminum gate 
contact is used. As a result there is better control of the threshold vonage: 


Oe The source is self-aligned automatically with the gate eder: 


The one disadvantage of polycrystalline silicon is that it has a cee resistance 
than aluminum. A typical value is 30 Q per square. This can give rise to a gate 
resistance of 1-2 2, enough to limit performance at high frequencies because of 
the need to charge the gate capacitance. This is one aspect in which the 
performance of devices with aluminum gates may be superior. 

Best utilization of the silicon is obtained by fabricating the Frets in a cellular 
structure, as shown in Figure 1.13. Several different schemes are employed, and 
their relative merits are discussed in Section 3.4. High-current capability is 
obtained by connecting many cells together in parallel. | 

It is important to appreciate that the success of the vpMos FET has not 
depended on one major inventive step, but rather is the result of combining 
together a number of significant features. These include the vertical geometry, 
the double diffusion process, the polycrystalline silicon gate, and the cellular 
structure. Following these, several important but more subtle technological 
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Figure 1.13. Two examples of cellular structures used in voMos FETs. (a) Hexagonal; (b) 
square. The cell pitch is typically 35 to 40 um, reducing to less than 20 um in some more 
recent low-voltage devices. 
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refinements have been introduced in different ways by different manufacturers 
and so have steadily improved device performance. 


1.3. THE MERITS OF THE POWER MOS TRANSISTOR 


Having catalogued at some length the history of the development of power Mos 
transistors, it is pertinent to ask what the driving force was. What benefits can 
power FETs hope to bring to power-electronics applications? In an attempt to 
answer this for both analogue and digital requirements we first list the 
characteristics that would be expected in an ideal power switch and an ideal linear 
voltage amplifier. Against these ideals we can compare the vpMos FET with bipolar 
devices such as BJTs or the several different types of thyristor that are now 
available, particularly the gate-turnoff (Gro) thyristor. . 


For switching we should like: 


1. Zero admittance when oFF. 
2. Zero impedance when on. | 
3. Instantaneous transitions from ON to OFF and OFF to ON with zero switching 
_ losses. | 
_.4, Low triggering power, but good noise immunity. 


For linear voltage and power amplification we expect: 


1. Infinite input impedance. 

2. Zero output impedance. | 

3. High and uniform voltage gain over a wide range of frequencies. 
4. Infinite power gain. | 


In both cases we should look for other attributes that are less easy to quantify but 
are of the greatest importance, such as: | 


1. Ruggedness to electrical, thermal and mechanical maltreatment. 
2. Long life with stable characteristics. 

3. Low cost. _ 

4. Ease of handling and use in circuit design. 


The ranges of voltage, current, and switching frequency over which the 
different types of semiconductor device can operate are illustrated in Figures 1.14 
and 1.15. The parameter in which the vpMos FET has a marked superiority over 
other device types is the important one of frequency or switching speed. Not only 
does it maintain gain to much higher frequency, it also has a linear transfer 
characteristic. In common with other types of MosFET, its input resistance is very 
high. Negligible power is needed to maintain it in the on state, and it can often be 
driven directly from a cmos or TTL logic output. Like other MosFETs, it is liable to 
catastrophic failure through electrostatically induced gate overvoltage, but the 
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Figure 1.14. Voltage—current limitations of MosFET, Bsr, and thyristor technologies for 
single-chip devices. | 


thicker gate oxide and greater gate capacitance of power devices means that they 
are less vulnerable than integrated circuits. Nevertheless, they should be handled 
with care prior to installation, and throughout operation the gate must be 
protected from excess voltage spikes. Although vpMos FETs can be mass-produced 
using many of the techniques developed for the fabrication of visi circuits, these 
processes are inherently more complex than the simple diffusion processes used to 
make equivalent bipolar devices. As a result, transistors and thyristors have 
retained a general cost advantage over FETs of comparable rating, although for 
some ratings, notably low voltages, FETs may now have the advantage. 

Vertical MosFEts, while they are much improved in their voltage and current 
capabilities over lateral Mos devices, do not yet match the combined high voltage 
and high current ratings possible with bipolar devices. One reason for this is the 
steep rise in the on-state drain-source resistance, Rysion), With the FET voltage 
rating. This is discussed in Section 3.5. The minimization of the on-state voltage 
drop is an important consideration in power devices. For voltage ratings less than 
about 100 V, vpmos Frets and bipolar devices occupying the same silicon area have 
similar on-state voltage drops. This is not true for higher voltage ratings, 
particularly above about 200 V. However, the lower voltage drop of the bipolar 
devices is obtained at a considerable cost in operating speed. In syts the low 
on-state voltage is obtained by driving them hard into saturation. Thyristors 
automatically achieve this condition. However, these are minority-carrier con- 
trolled devices. They depend on the current being carried through certain regions 
by minority-carrier diffusion. To support the flow of current, large excess carrier 
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Figure 1.15. Available voltage—frequency ratings of mos, srr, and cro technologies. 
‘Shown on the diagram are the ranges of values required in different applications: A, phase 
control and dc switching; B, sinusoidal inverters, ac motor control and uninterruptible 
power supplies (ups); C, switched-mode power supplies; D, resonant and switched-mode 
power supplies; E, resonant dc-to-de power supplies. | 
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concentrations have to be established. These take time to build up during the 
turn-on process and to decay away during turnoff, typically about 1 us for 1-A 
devices and tens of microseconds for higher current levels. The effect of this is 
normally represented by a large diffusion capacitance, which has to be charged 
and discharged. With Frets, only the majority carriers are involved in the 
conduction process; with n-channel devices, only the electrons. In consequence 
their speed of operation is some tens of nanoseconds or less and is limited only by 
transit-time effects and parasitic reactance. 

The FET ON resistance has the very desirable feature that it increases with 
increasing temperature. This aids the establishment of a uniform current density 
throughout the device and means that Frets operated in parallel share the current. 
Current hogging is avoided. Equally important is the fact that second breakdown, 
which so limits the power handling capacity of syrs, is normally avoided. This 
effect arises from thermal runaway when devices are subjected simultaneously to 
high voltage and high current. A local hot spot develops and current is 
concentrated into that region as a result of the negative temperature coefficient of 
resistance characteristic of bipolar devices. The result is a reduction in the safe 
operating area (SOA), as shown in Figure 1.16. With Frets the soa is limited only by 
the total dissipation in the device. Well-designed vpmos Fets are also able to 
sustain large transient pulse power levels resulting from currents flowing under 
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conditions of controlled avalanche breakdown. This can be a most useful attribute 
in inductive switching circuits, such as those used for power supplies and motor 
power control. All of these topics are dealt with in more detail in later chapters. 

The power MosFET, then, offers the engineer unrivaled opportunities for the 
control of power at high frequencies, within the voltage and current limits shown 
in Figure 1.14. Detailed developments. in device design are continually extending 
the boundaries shown in the figures to higher levels. The only real disadvantage 
of the power MOSFET is the relatively high on-state resistance of high-voltage 
devices. This can be avoided only by using bipolar conduction processes and 
hence sacrificing some of the high-frequency performance. | 

The device shown in Figure 1.17 attempts to strike a different balance between 
these parameters [32-34]. It is known as the insulated-gate bipolar transistor 
(icsT) and also under several trade names: Conductivity Modulated FET 
(COMFET™); Insulated Gate Transistor (IGT™); (GEMFET™). A detailed 
description of its operation is given‘in Chapter 19. It is fabricated on a p*, rather 
than an n*, substrate. As a result, holes are injected into the n~ region during 
forward conduction. A lower Vpsion) may result for a chip of given area, 
especially for higher-voltage devices. But the turn-off time is increased. 

The iGBT is just one example of the many possible variations of the basic 
n-channel mMosFret. Each one may have merits in certain applications, but it is the 
device that leads to a wide range of novel applications that is important, which 
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Figure 1.16. Safe operating area, showing reduced performance of bipolar devices caused 
by second breakdown. This schematic diagram indicates the maximum simultaneous 
voltage and current levels permitted. Note that logarithmic scales have been used. The 
current limit is set by the chip size, and by the bond wires and contacts. The voltage limit 
is set by avalanche breakdown. 
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Figure 1.17. The insulated-gate bipolar transistor (icpT). This device is similar to the 
vertical Mos FET of Figure 1.12 except that it is made on a p~ rather than an n* substrate. 
It thus has the p*npn* structure of a thyristor, but with an insulated gate. Its on-state 
voltage drop is low, while it preserves the high input resistance of an Mos device. 


brings us back to vpMos FETs. Many of the applications for which these are best, 
and in some cases uniquely, suited are set out in the second part of the book, in 
Chapters 8 to 15. 


SUMMARY | 


Adaptation of MOS technology for power applications requires that a vertical 
geometry be used. The first successful vertical power MOsFETs used an etched 
V-groove to define the gate region. These have been superseded by the vertical, 

double-diffused devices (vpMos). A cellular geometry enables a very wide gate to 
be obtained, so that the transconductance is high and the on-state resistance is 
low. The unique characteristics of these devices include very fast switching speeds 
and inherently high reliability. Their fabrication brings together several semicon- 
ductor technologies. Some, such as ion implantation and the vapor deposition of 
epitaxial and polycrystalline silicon, are normally associated more with integrated 
circuits than with power devices. 
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Principles of Operation 1: Threshold 
Voltage 





2.1. LEVELS OF DEVICE MODELING 


Power MosFeTs, like other electronic devices, may be modeled at different levels 
of sophistication. First, their terminal characteristics may be represented by an 
equivalent circuit made up of linear and nonlinear ideal components such as 
resistors, capacitors, current and voltage sources, and switches. This level of 
representation is used for the most part in the later chapters in analyzing the 
suitability of devices in different circuit configurations for different applications. It 
is particularly valuable when considering small signal variations about some 
steady bias point on the device characteristics, because then a linear equivalent 
circuit may often be used. Such linear and nonlinear equivalent circuits are 
readily analyzed using the various computer circuit analysis and computer aided 
design (CAD) packages that are widely available. The applicability to power 
MOSFETs of one of the most common of these, sPIce, is discussed in later chapters. 

More sophisticated device modeling really needs to be tackled in two stages. 
The first is to model the process so that an accurate representation of the actual 
physical and chemical structure of the device is obtained, based on the known or 
intended fabrication schedule. The second is to determine the distribution of 
static charge and mobile charge (free electrons and holes) within the device, in 
terms of the known device structure and the known boundary conditions (the 
electrode potentials and currents and the ambient temperature). These have to be 
consistent with the current and potential distributions within the device, as 
determined by the laws of electrical and thermal conduction and of electrostatics. 
A number of computer models have been developed to represent both of these 
stages with various degrees of sophistication [1-3]. The aim of such work must be 
the accurate prediction of device terminal characteristics, and their representation 
by means of suitable equivalent circuits. To some extent we have applied this 
representation in Chapter 1, in a very simple and qualitative way, to gain a basic 
understanding of MosFET behavior. | 

In this chapter and Chapter 3, we take a somewhat different approach, 
modeling the electron energy-level structure or band diagram for the different 
conducting, semiconducting, and insulating regions. This enables the causes of 
the various charge and carrier distributions, and their effects, to be pictured more 
clearly. The hope is that this will give a deeper insight into device behavior and 
aid the understanding of some of the limitations that arise. Whilst this is 
desirable, we have to beware in a book of this kind, which is mainly directed 
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towards understanding the suitability of devices for different applications, of 
delving too deeply into the fundamental physics of device behavior. The reader 
who wishes to skip this material will find the principal points listed in the 
end-of-chapter summaries. Readers seeking more background on semiconductor 
materials and devices are referred to the many, more general books covering 
these topics (e.g., [4—6]). 

A close look at the structure of the active region of a power vpMos transistor 
shows it to comprise four distinct regions between the n* source diffusion and the 
n* substrate that forms the drain contact. These are represented in Figure 2.1 as 


the regions (4), (), (©), and@). They are: 


(A): the surface layer of the p-type “body” regions where snductae 
channels can be formed by inversion. 


(B): the surface layer of the n-type regions between the p diffusions. 
(©): the regions between the p diffusions. 
@): the main “drain drift” region in the n~ epilayer. _ 


Note that we have been designating regions that are heavily doped with donors or 
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Figure 2.1. Schematic diagram showing the active regions of a vpmos transistor. (A), the 
surface layer of the p-type body region, where the inversion channel is formed; (8), the 
surface layer of the n-type epilayer; (C), the epilayer between the diffused p-type regions; 
©), the main drain drift region in the epilayer below the p-type diffusions. 
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Figure 2.2. Doping profile along the surface of the active region. Note that in the drain 
drift region the doping concentration may also vary in the direction normal to the surface. 
The minimum donor concentration is 107 to 107 m~*, depending on the voltage rating 
required. It is reached in the main part of the epilayer, ©) in Figure 2.1. The doping level 
then rises sharply to-about 10° m~* in the substrate. This is further illustrated in Figure 
3.13. | 


acceptors as n* or p”, respectively. In general we shall use this to indicate 
low-resistivity regions where the impurity concentration (np or n4) exceeds about 
10% m-~* (10**cm7*), so that the resistivity is less than about 2x 10-*Qm 
(0.02 22cm). Conversely, lightly doped, high-resistivity material [with np or n, 
less than about 10** m7? (10° cm~*) and hence a resistivity greater than about 
0.1 2 m (10 Q cm)| is shown as n™ or p~. An illustration of the doping profile of a 
typical device is given in Figure 2.2. 

The conditions that arise in the two surface regions, (A) and (B), are discussed 
in detail in this chapter. The conditions in the drain drift regions, (C) and (), are 
discussed in Chapter 3 for both the on and the orF states of the device. Note that 
it is the channel region that controls the flow of current in the device, while any 
blocking voltages are developed across the drain drift region. The principal 
purpose of Chapters 2 and 3 is to determine the way that the static characteristics 
of the MosFeT depend on its detailed structure and hence on the device design. It 
is these relationships that determine the required fabrication schedule such as the 
one outlined in Chapter 5. 
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2.2. THE POLYSILICON-—SILICON DIOXIDE-SILICON SANDWICH 


It can be seen from Figure 2.1 that the sandwiches formed by the polycrystalline 
silicon gate, the gate oxide, and the variously doped regions in the single-crystal 
silicon epilayer are most important regions which determine many of the critical 
properties of the vpmos device. The poly-Si gate is normally strongly n-type, 
being very heavily doped with phosphorus. The epitaxial layer is deposited as a 
lightly doped n-type region @) some 10 to 50 um thick. The doping level may 
sometimes be increased towards the surface, in regions @) and (C). The channel 
or body region (A) is more heavily doped p-type. In the remainder of this chapter 
we give an account of the theory underlying the behavior of the surface regions 
(A) and () under different conditions of gate bias. 

Figure 2.3 illustrates a poly-Si-SiO,—Si sandwich for the special case in which 
the two semiconductor regions are identical and equally doped, and there is no 
interface charge present. This situation does not arise in any practical device, but 
it is important theoretically because it gives rise to the so-called flat-band 
condition. This is illustrated in the electron energy level diagram of Figure 2.35. 
On this diagram are marked the lowest allowed energy level in the conduction 
band, E,, the highest allowed energy level in the valence band, Ey, the Fermi 
energy Ey, and the mid-band-gap energy E£;. Inverted, the diagram may also be 
thought of as representing the local electrostatic potential inside the semiconduc- 
tor. This is indicated on the right-hand side of the diagram. Because the system is 
in equilibrium (that is, no bias voltages are applied and no current is flowing), the 
Fermi energy Er is uniform throughout the material. If an electron energy level 
were to exist at the Fermi energy, it would have a 50% probability of being 
occupied. At energies more than a few times kT above Eg, electron energy levels 
have a very small probability of being filled, whereas at energies more than a few 
times kT below Ey they are very unlikely to be empty. 7 7 

The actual probability distribution function, representing the probability that a 
level at energy E is filled, is the Fermi function: 





P(E) = E + exp(= = (2.1) 


The probability distribution function representing the probability of a level being 
empty is 





1- P(E) = E + exp(=£—*)] (2.2) 


Here, k is Boltzmann’s constant (1.38 10~-"J/K) and T is the absolute 
temperature. Thus at room temperature (25°C, 298K), kT =0.0257eV. In 
comparison, the band gap energy Eg=E--— Ey is 1.1 eV for silicon at room 
temperature. 

The midpoint energy of the band gap, £;, is a convenient reference energy. 
The difference between E; and Ey is logarithmically dependent on the dopant 
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Figure 2.3. The polycrystalline-silicon—silicon dioxide—silicon system: fiat-band condition. 
(a) Section showing semiconductor surface, oxide layer, and polycrystalline silicon layer. 
(b) Energy-band diagram along section AA’ normal to the surface in the particular case 
when both the poly-Si and the bulk Si are doped with the same impurity concentration, in 


this case p-type. This is the flat-band condition. 
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concentration in the semiconductor. In p-type material, 
Ep — E,=eV, = —kT in(p/n,) = —kT In(n,/n;) (2.3) 


where the hole concentration p is assumed to be equal to the concentration of 
acceptors, na, and n; is the intrinsic carrier concentration. With n, in m~* and T 
in kelvin, | 

n, = 4.83 x 107'T*” exp(—Eg/2kT) (2.4) 


For silicon at room temperature, n;~ 1.5 x 10°° m~? (1.5 x 10°°cm~*). Note that 
as defined in Equation (2.3), V, represents the potential of the midband energy 
level measured with respect to the Fermi energy. In p-type material, it has a 
negative value, as indicated on Figure 2.3b. In n-type material, 


Ey — E;=eV,=kT In(n/n,) ~ kT In(np/n;) | (2.5) 


where now the electron concentration is assumed to be equal to np, the donor 
concentration. Note that the value of V, 1s positive in n-type material. 

Figure 2.4 illustrates the same poly-Si—-SiO,-Si interface for the more relevant 
case of region (A) of Figure 2.1. This is the p-type body region where the FET 
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Figure 2.4. The gate-gate-oxide-silicon region under normal conditions. (a) Section 
showing p-type bulk semiconductor, gate oxide, and heavily doped n‘-polycrystalline 
silicon gate. (b) Energy-band diagram along section AA’ normal to the surface showing 
the effect of the contact potential between the n*-polycrystalline silicon gate and the 
p-type body region. Note that depletion layers are formed in both semiconductor regions. 
(c) Energy-band diagram along AA’ when the gate is so heavily doped that the 
semiconductor has become degenerate. The Fermi energy is then close to the band edge 
over a wide a range of doping levels. In the following discussion, we shall assume that the 
energy levels, E;~ and Eg, are coincident. In the band diagrams mobile charge is 
represented as ©, ®, indicating free electrons and holes respectively. Fixed charge is 
represented as —, +, indicating, for example, filled acceptor and ionized donor levels, 
respectively. 
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Figure 2.4. (Continued) 


conduction channel is formed. Again, the equilibrium situation is shown on the 
diagram. As a result, the Fermi level is uniform everywhere. Now, because of the 
different doping of the n-type poly-Si gate and the p-type bulk semiconductor, a 
ontact potential develops rather as it would across an ordinary pn junction. For 
the doping levels normally encountered in semiconductor devices, the magnitude 
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of the contact potential, Vcp, is given by 


kT. nan 
Vee = (Vi)eoty — (Vi)poay = In 7; = 


This is, of course, the same as the diffusion potential that would be obtained at a 
pn junction formed from these same materials. Remembering that electrostatic 
potential has the opposite polarity to electron energy, we see that the n* poly-Si 
is positive with respect to the p-body region. As defined here, (V;)poy >0, 
(V;)Boay <0, and Vop>0. Note that, as in a normal pn junction, the contact 
potential has the effect of. depleting the adjacent regions of their majority 
carriers. In this case, depletion layers form in the semiconductor regions 
bordering the oxide layer. 

Equations (2.3), (2.5), and (2.6) cease to be valid when the doping 
concentration exceeds about 107 m~? (10'% cm™~*), at room temperature. Then, 
the Fermi level approaches the band edge, and the material is said to be 
degenerate. This is usually the case for the heavily doped source and drain 
regions, and for the polysilicon gate of a typical power MosFET. Several effects 
complicate detailed theoretical analysis in such material, but the Fermi energy 
does not in practice move far from the normal band edge. In Figure 2.4c and in 
all subsequent band diagrams, the Fermi level in the source, drain, and gate 
material is assumed to lie at the band edge, E, in n-channel devices. Equation 
(2.6) then becomes, 





(2.6) 


Vee in | (2.6a) 
2e e Nn, 


It is commonly found that a layer of positively charged ions gathers at the 
Si-SiO, interface. There are several possible reasons for this. One that was 
particularly troublesome for many years was the presence of alkali-ion con- 
tamination in the oxide. The ions have a significant mobility within the oxide, and 
tend to migrate towards the semiconductor surface. For Mos devices, the result of 
this is that several important parameters vary during the life of the device. Great 
care is therefore taken during processing to eliminate possible sources of sodium 
and potassium contamination. There may also be some fixed charge within the 
oxide layer, but this is normally negligible. Also in the oxide, within a few atomic 
layers of the interface, there is a significant surface density of fixed interface 
charge, which results from incomplete Si-O bonds, as the crystal structure 
becomes nonstoichiometric towards the surface. Finally, at the interface itself, 
there is a certain surface density of trapping levels. These are electron energy 
levels within the semiconductor band gap. The amount of charge trapped in these 
levels is a function of the surface potential, and it must be reduced to a negligible 
level for Mos transistor action to be satisfactory. This is achieved during 
processing by annealing the oxidized surface in hydrogen or forming gas. A 
high-temperature anneal at the end of processing may also help. 

With a p-type semiconductor, the electric fields in the surface region cause the 
interface charge to be predominantly positive. We shall assume that a layer of 
fixed positive charge having a surface density Qs is normally present at the 
interface. Its effects are illustrated in Figure 2.5. Figure 2.5a shows what would 
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Figure 2.5. The effect of positive surface charge at the Si-SiO, interface. (a) On the 
“flat-band” system shown in Figure 2.3. (6) On the system shown in Figure 2.4c. The 
potential change in the silicon AV, is increased, and the field in the oxide is reduced by the 
effect of Qss. 7 
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otherwise be the flat-band case of Figure 2.3. The positive interface charge 
creates depletion layers in the p-type semiconductor as majority holes are 
repelled away. Figure 2.5b shows the effect of positive interface charges on the 
normal n* poly-Si gate structure. It increases the size of the depletion layer 
formed in the bulk semiconductor by the contact potential, and reduces the 
electric field in the gate oxide. 


2.3. THE THRESHOLD POTENTIAL 


We next consider the situation when the gate is biased positively with respect to 
the bulk semiconductor. This results in a further increase in the potential 
difference AV between the potential at the semiconductor—oxide interface and 
that in the bulk semiconductor. This is shown in Figure 2.6a. When the increase 
in AV is sufficient to take the mid-band-gap energy E; below (E-¢)s; at the silicon 
surface, then the concentration of free electrons at the surface exceeds the 
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Figure 2.6. The effect of positive gate voltage. (a) A small voltage, less than the threshold 
voltage (Vos < Vr); (0) the threshold voltage, V;, which just brings the silicon surface layer 
to the point of strong inversion; (c) a voltage greater than V;, causing additional charge to 
build up on either side of the gate oxide. For clarity, the = charges shown are those that 
are not locally neutralized. 
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concentration of holes. The surface layer starts to take on the characteristics of 
n-type material. It is said to have inverted. 

Further increase in the positive gate voltage Vz may take E; at the surface to 
a level as far below (£¢)s; as it is above (£g)g; in the bulk material. This condition 
is illustrated in Figure 2.6b. Note that now AV = AVy, = 2(—V,)soay- What this 
means is that the concentration of free electrons in the surface layer now equals 
the concentration of holes in the bulk material. It represents the onset of what is 
known as strong inversion. At this point the applied gate voltage Vg, which is 
the potential difference between the Fermi levels in the poly-Si gate and in the 
bulk silicon, is Vgg = Vr, and is known as the threshold voltage. Because the 
source and the bulk semiconductor are shorted by the source contact in power 
Mos devices, Vop = Ves, under static conditions. It should be understood that we 
are discussing a theoretical definition of threshold. The relationship between V; 
and the threshold voltage defined from measurements on practical devices is 
something we shall consider further in Chapter 3. | 

Any increase of Vgg above V; is dropped almost entirely across the oxide 
layer, as shown in Figure 2.6c. This is because, once threshold is reached, there is 
no significant further increase in the voltage dropped across the depletion layer, 
and AV remains equal to AVp, = 2(—Vi)poay- Likewise, the width of the depletion 
layer, /,, and the quantity of fixed negative charge per unit area, Qp, contained 
within it, also remain sensibly constant. What happens is that negative charge in 
the form of free electrons builds up in the inversion layer, and an equal and 
opposite positive charge builds up on the gate side of the gate oxide. Thus, the 
oxide layer acts just like the dielectric in a parallel-plate capacitor. The charge 
distributions are shown in Figure 2.7. It should be noted that in Figures 2.4 to 2.7 
no attempt has been made to represent the polarization effects caused by the 
different relative permittivities of the oxide (€, = €,, =3.9) and the semiconduc- 
tor (€, = €s; = 11.9). . 

It can be seen in Figure 2.6 that: 


Vos = Vox + AV — Vop (2.7) 


where V,, is the potential difference across the gate oxide, AV is the potential 
difference across the depletion layer in the bulk semiconductor, and Vc is the 
contact potential given by Equation (2.6). In Appendix 2 it is shown that the fixed 
charge stored per unit area in the depletion layer, Qp, is related to AV by 


On = (2e€p€ sin, AV)” (A2.6) 
and that the voltage dropped across the oxide is: 


(Qp — Qss) Qss) 


Vox = -—. 


(A2.7) 


where C,, is the capacitance per unit area of the gate oxide, C., = €9€ox/tox; 
where ¢,, is the gate oxide thickness. 
At threshold and above, 


Qp= 2e€g€sit4AVa,) | (2.8) 
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Figure 2.7. Charge distributions with inversion layer formed. This figure is like Figure 
2.4a, but with the gate biased beyond threshold. An inversion layer forms, and the charge 
distributions from left to right in the figure are @ the positive charge Q of ionized donors 
(not compensated by free electrons) at the surface of the n*-poly-Si; @ the positive 
surface charge Qs, caused by ionized impurities at the Si-SiO, interface; @ the negative 
charge Qy, of the free electrons in the inversion layer; @ the fixed negative charge Qp of 
the filled acceptor levels (not compensated by holes) in the depletion layer in the p-type 
body region. In the region as a whole there must be overall charge neutrality. Thus, 


Q + Qss = Qn. + Qn. 


where 


AV = ~2(V) nosy = —— bn (ra/n) (2.9) 


Substituting Equations (A2.6) and (A2.7) into Equation (2.7), we see that the 
threshold voltage occurs when 


Qp — Qss 


Vas = Vos = Vr= C 


=P ES + AV — Ver (2.10) 
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with Qp determined by Equation (2.8), AVyp, by Equation (2.9), and Vcop by 
Equation (2.6) or (2.6a). 

Typical values of the relevant parameters for a power vDMOS FET at room 
temperature are as follows: 


(4) Body = 1 X 10% m~* (1 x 10”” cm~*) 
(this is the maximum value in the channel region, near to the source end), 
(np)poty = 1 X 10° m~ (1 x 10” cm™~*) 


(this is the same as the source doping concentration and is near to the solid 
solubility limit for phosphorus in silicon), 


tox = 100 nm (1000 A) 
Oss = 2.5 X 10” electrons/m? (2.5 x 10" electrons/cm”) 
= 4.0 x 10-* C/m? (40 nC/cm?) 


These lead to: 


AV, = 0.81 V © | 
Qp = 16.5 X 10~* C/m? (165 nC/cm?) 
Vop = 0.96 V 
Cox = 3.45 X 10~* F/m? (34.5 nF/cm?) 
Vog = 3.62V | 
Vr = 3.47 V 


The threshold voltage may be increased by increasing (7,)poay, by increasing 
tox, and by obtaining a lower value of Qss. For some applications, for example 
when the MOSFET is to be driven directly from a logic output (say TTL), there is a 
need to reduce V-;. This is not easy to achieve because the three principal factors 
that control V; are each determined by other, usually more important, considera- 
tions. Reducing ¢,, makes the transistor more vuinerable to voltage breakdown. 
To try to increase Qsg artificially would be foolish. The doping concentration in 
the channel could be lowered, but this is constrained by the need to avoid the 
channel modulation effects caused by the drain—source voltage. In this respect the 
double-diffusion process does not give the best doping profile along the channel. 
As shown in Figure 2.2, the acceptor concentration is highest at the source end 
where the threshold voltage is determined, and is lower at the drain end where 
the channel length modulation occurs [7]. , 

The room temperature variations of V; with n, and Qss are shown in Figure 
2.8. As the temperature rises, the threshold voltage is found to decrease at the 
rate of approximately 6mV/K. Differentiation of Equation (2.10) confirms this 
value, when account is taken of all the temperature-varying terms, including the 
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Figure 2.8. Threshold-voltage variation with channel sOpIng concentration and interface 
charge (T = 300 K). 


band-gap energy [see Ref. 4, p. 15]. The example just given may be worked 
through for temperatures of —55°C (218K, when kT/e =0.0188 V and n,= 
5x10’ m73, giving Vy =3.64V), and +175°C (448K, when kT/e = 0.0386 V, 

= 5x 10'9m~?, and V; = 2.56 V). For reasons that are discussed in Section 3.3, 
the practical threshold voltages usually quoted for power MOsFETS are rather 
smaller than the theoretical values obtained here. 

In p-channel devices the dopant types and the polarities of the applied 
potentials are reversed. In particular, the channel has to be formed in n-type 
material. The contact potential and any positive interface charge both then tend 
to increase the threshold voltage required for strong inversion, as discussed in the 
next section. As a result V; is expected to be higher in a p-channel device than in 
an otherwise similar n-channel device. 

Finally we should examine the effect on the threshold voltage of the use of a 
metal gate. The change of gate material affects Vop. The contact potential 
between two materials is normally expressed as the difference between their work 
functions. (The work function @ is the energy difference between the Fermi level 
and the vacuum just outside the material.) Because aluminum and heavily doped 
silicon both have work functions in the region of 4.1 eV, this change alone is not 
expected to cause a significant change to the threshold voltage. Deliberate 
changes to the doping level of the substrate, and inadvertent variations of Qss, 
each alter V; in the usual way predicted by Equation (2.10). Energy-level 
diagrams for a system with an aluminum gate, under equilibrium conditions and 
at threshold, are shown in Figure 2.9. | | 
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Figure 2.9. Energy-level diagrams for an n-channel mosreT with an aluminum gate. (a) 
Equilibrium; (b) At threshold. 
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In Appendix 2, the mobile electronic charge per unit area in the inversion layer, 
Qr, is shown to increase linearly with Vg, above the threshold voltage. Thus: 


Qn = C.x(Von — Vr) (A2.13) 


Because, in a power MosFeT; the source and bulk semiconductor. are always 
shorted together, we may write this as | 


On=Co(Veis—Vz) (2.11) 


In Equation (2.10), the final two terms. almost cancel. It is interesting to 
consider the implication of neglecting them. When Voz = Vr = (Qp — Qss)/ Cus 
the free-electron concentration at the silicon surface equals that in the n*-gate. 
Under these conditions, therefore, there is a well-established: conducting channel 
at the surface. However, Vy is only a few tenths of a volt more than Vy. This 
sensitivity of the channel conductance to small changes in surface potential 
justifies our earlier assertion that almost all of any applied gate voltage in excess: 
~ of Vy is dropped across the gate oxide. A more rigorous one-dimensional analysis 
of the interface region is presented in Appendix 3. 


. Now consider region () of Figure 2.1. Here, the silicon epilayer is lightly doped 
n-type. As a result, the effects of the contact potential, Vep, the positive interface 
charge, Qss, and any positive gate bias voltage, Vg», all help to create an 
accumulation layer at the surface of the n™ epilayer. This is illustrated in Figure 
2.104 to c. This means that the surface layer now has a higher concentration of 
free electrons than does the bulk material. In consequence the resistivity at the 
surface is lower. The effects of negative gate bias are shown in Figure 2.10d and 
e. It tends to offset the combined effect of the contact potential and the positive 
interface charge. If sufficiently large, it causes first a depletion layer to form at the 
surface and then, given a ore of holes adequate to maintain equilibrium, an 
inversion layer. 

With the vertical pmos transistor, we shall find that the surface layers in the 
p-type body region and the n-type drain drift region form accumulation, 
depletion, and inversion layers depending on the state of bias of the device. It 
must be remembered that the relevant bias voltage is that between the gate and 
the /ocal value of potential in the bulk material immediately under the gate oxide. 
When there is a lateral voltage drop along the surface layer, this bias voltage 
changes from point to point. 

It will be clear from what has been said that the ac capacitance between the 
gate and the substrate is much greater when an inversion or accumulation layer is 
present at the semiconductor surface than when there is a depletion layer. With 
the inversion or accumulation layer the capacitance per unit area approximates to 
C.x. With the depletion layer alone it is reduced because the capacitance per unit 
area of the depletion layer is effectively in series with that of the oxide. In vpmos 
devices an accumulation layer forms at the surface of the n~ drain drift region 
whenever Vas is greater than Vps. At that point a significant increase in the 
differential gate—drain capacitance can be observed. This is illustrated in Figure 
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Figure 2.10. Energy-level diagrams across the n*-Gate—Gate-Oxide—n-epilayer region. 
(a) Effect of contact potential with no interface charge or applied bias; (b) change caused 
by positive interface charge; (c) further change caused by positive gate bias; (d) effect of 
negative gate bias; (e) formation of inversion layer with larger negative gate bias voltage 
applied, assuming a local source of holes. Note that in a, b, and c an accumulation layer 
forms at the surface of the n-type bulk silicon. The contact potential, the positive interface 
charge, and any positive applied gate voltage all assist this. Application of a negative gate 
potential offsets the effect of both contact potential and interface charge. It leads first to 
the formation of a depletion layer. Eventually an inversion layer would form, if holes 


could be supplied at the rate needed to maintain carrier equilibrium at the surface. 
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Figure 2.10. (Continued) 


2.11. It is theoretically possible for an inversion layer to form under the gate 
oxide when Vpg = Vos — Ves exceeds the threshold voltage of the drain material. 
In practice this rarely happens, because there is no ready source of holes to 
supply the inversion layer. This would require the body—drain diode to be 
forward biased. So we should need Vps <0 at the same time as Vpg was greater 
than the inversion threshold voltage. 


Ec 


(Er) poy 


£\——» « . “ 


Ey ——>- 


eVean < 0 





| Depletion | 





layer | 
l 
n* poly-Si - —s | SiOz f n~ epilayer 
Possible 
inversion 
(e) layer 


Figure 2.10. (Continued) 
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Figure 2.11. Variation of the gate—drain capacitance (Cys = =C,,,) with the drain—gate 
voltage (Voc). The graph shows the abrupt increase in C,, for Vog<0, as the 
accumulation layer forms, and the steady decrease as the depletion layer under the gate 
oxide expands with increasingly positive values of Vong. When Vp, exceeds the threshold 
voltage Vy, an inversion layer can in theory be formed, causing C,, to increase again. In 
practice, the body—drain diode would have to be forward biased to supply the holes 
reauired. so this condition does not normallv arise. 
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2.5. ELECTRON ENERGY LEVELS ALONG THE CHANNEL 


So far, in Section 2.2, we have examined the electron energy levels in the 
semiconductor as a function of the vertical depth below the semiconductor—oxide 
interface. Now, we shall briefly consider the potential variation along the 
channel, from the source to the drain driit region, just beneath the semiconductor 
surface. We shail do this for the three possible operating conditions illustrated in 
Figure 2.12. Figure 2.12a shows a simple circuit that can be used to obtain the 
typical output characteristics shown in Figure 2.12b. These are similar to those 
shown in Figure 1.4a and refer to the normal type of enhancement-mode device. 
For each curve, Vgs = constant. Point A on the characteristics represents the fully 
turned-on state, with Vas biased well above V; and a good conduction channel 
linking drain and source. At point B, Vqs< Vy and no channel is formed. At 
point C, the channel is pinched off. This is a bias condition that may be used for 
linear amplification. 
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Figure 2.12. Device operating regions. (a2) Simple bias circuit; (b) typical operating points 
on the load line that represents Rp. At A the device is fully on. At B it is orr. The bias 
condition C is one suitable for linear amplification. | 
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There has been much confusion over the names given to the three mos 
operating points identified on Figure 2.12b. We would prefer to describe the 
transistor at point A as saturated. This is the name given to the corresponding 
condition in a bipolar junction transistor. However, in order to avoid confusion, 
we shall use the terms turned on or fully turned on to describe this state. We shall 
refer to point B as the forward blocking or turned orF state, and to point C as the 
constant-current or linear condition. The reader should be aware that the region 
to the left of the locus of points linking the start of the constant-current condition 
has in the past been called the “linear” region. A less appropriate name could 
scarcely be imagined, but it derives from the fact that here the drain current Ip 
changes linearly with Vas. Likewise, the constant-current region has been called 
the “triode” region, and also the “saturation” region, because the carriers often 
reach their saturation drift velocity. To reiterate, we prefer: 


point A = turned-on, 
point B = blocking or turned-orF, 
point C = constant current. 


Electron-energy diagrams along the channel are shown in Figure 2.13 for each 
of the three cases. Also shown is the diagram for the equilibrium situation when 
no bias voltages are applied and no current flows. Then, Ep is uniform 
throughout. It can be seen that electron flow along the channel is essentially 
regulated by the height of the potential barrier seen by the electrons in the source 
as they enter the channel. The height of this barrier is in turn controlled by the 
gate potential. The flow of channel current requires an ohmic voltage gradient in 
the channel. This is represented on the diagram as a slope of the whole band 
structure. The model for device behavior that we are using here might be termed 
a “hydraulic” model, in which the electrons are thought of as a fluid whose flow 
can be controlled by the raising and lowering of a weir, as shown in Figure 2.14. 
Similar models may be constructed [8] to represent the behavior of bipolar 
junction transistors (the potential barrier at the emitter—base junction regulates 
the flow of carriers from the emitter through the base to the collector) and the 
behavior of thermionic vacuum tubes (the potential barrier between the grid 
wires regulates the flow of electron current from cathode to anode). The model 
does not clearly represent the thermal energy distribution of the carriers, unless, 
perhaps, we think of the source as a cauldron of boiling liquid. In bipolar devices 
the potential barrier regulates the flow of majority carriers, which maintain a 
quasi-equilibrium. Further conditions have to be satisfied by the minority carriers. 

In Figure 2.13a the equilibrium case for a MosFET with a uniformly doped 
channel is shown. This is repeated in the other figures for reference. Figure 2.135 
corresponds to point A on the characteristics and shows a fully developed 
inversion layer connecting the n* source to the accumulation layer at the surface 
of the n~ epilayer. The ohmic voltage drop in the channel and epilayer regions is 
shown by the gradient of the Fermi level. Figure 2.13c corresponds to point B and 
shows the channel and epilayer regions to be fully depleted. The gate voltage is 
negative with respect to the surface potential of the epilayer. Note that in this 
situation, an inversion layer at the n™ surface does not form because there is no 
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source of holes to supply the necessary charge and so maintain thermodynamic 
equilibrium. Any holes generated leak rapidly away to the source. In cases A and 
C the free electrons in the inversion layer that forms in the channel are supplied 
from the source across the intervening potential barrier. At low values of the 
source current, approximate thermodynamic equilibrium is maintained with the 
source electrons. But as soon as a drain voltage of any magnitude is applied and 
significant drain current flows, this equilibrium is lost at points beyond the 
potential minimum. Then, the charge in the channel has to satisfy two physical 
laws. The first is charge continuity. The second is Poisson’s equation. It is these 
laws that determine the device characteristics as described in Chapter 3. 
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Figure 2.13. Energy-band diagrams along the channel. (a) Equilibrium. (b) Device turned 
on, point A. (The slope of the “quasi Fermi level” indicates the ohmic voltage gradient. 
Electrons in the channel are unable to maintain thermodynamic equilibrium with those in 
bulk semiconductor regions. Note the formation of the accumulation layer at the surface of 
the drain drift region, shown by the raising of the Fermi level within the band gap.) (c) 
Device orF, point B. (d) Device in the constant-current condition, C. 
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Figure 2.13. (Continued) 
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Figure 2.14. A hydraulic analogy to the operation of electronic amplifying devices. 
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2.15. Three-dimensional representation of the potential distribution. (a) Equil- 
ibrium; (b) on (A); (c) oFF (B); (d) point C in the constant-current region. 
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(d) 
Figure 2.15. (Continued) - 


Figure 2.13d represents point C on the characteristics. At the source end of the 
channel, Voz > Vr and an inversion layer forms. However, the voltage drop along 
the channel is such that at the drain end Vgg<V,;, so the surface region is 
depleted, but not inverted. The lateral component of the depletion layer electric 
field picks up the electrons and sweeps them into the depleted epilayer surface 
region. They are then accelerated on through the depleted drain drift region to 
the drain. Changes in Vp, merely change the voltage dropped across the 
depletion layer, and have only a marginal effect on the conduction in the cheane 
in so far as they modulate the length of the inversion layer. 

Figure 2.15 is an attempt at a three-dimensional representation of the potential 
distribution in the bulk semiconductor between source and drain under the 
different bias conditions shown in Figure 2.13. It is important to recognize that 
when source, channel, and drain are at the same potential, equilibrium obtains 

Potential Zero gate voltage 
barrier Ves < Vr 
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Figure 2.16. Energy-level diagram along the channel with nonuniform doping profile. The 
built-in potential in the channel results from the doping profile. The potential barrier 
prevents electrons leaving the source unless Vas > V;, when the channel becomes inverted 
at the source end. At the drain end, a small applied gate voltage may cause Ves to exceed 
the local threshold potential, but there is no supply of electrons to maintain equilibrium 
and form an inversion layer. This is the situation illustrated. 
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throughout this region and the Fermi energy is at a uniform level. With drain bias 
applied this is no longer true. As a result, applying a positive drain bias voltage 
reverse-biases the drain-channel pn junction and sets up a depietion layer in the 
usual way. This is shown particularly in Figures 2.13d and 2.15d, where the 
surface layer in the channel remains inverted only in the regions outside the 
influence of the drain potential. Even where inversion-layer charge is present in 
the channel, it is not in thermodynamic equilibrium with the source electrons at 
points beyond the source potential barrier. | | 

One of the complications caused by the double-diffusion technique is that it 
produces the impurity concentration gradient along the channel shown in Figure 
2.2. This means that there is a built-in potential in the semiconductor and that the 
local threshold voltage decreases with increasing distance from the source. It is 
the region of highest doping, next to the source, that determines the actual device 
threshold voltage, V;. Until this region has inverted, the device will not turn ON, 
as electrons from the source cannot surmount the potential barrier. This is shown 
in Figure 2.16. Even though points further along the channel may have exceeded 
the local value of threshold voltage, an inversion layer does not form, because 
there is no ready supply of electrons to fill it. The few electrons generated 
thermally are accelerated away to the drain. 


SUMMARY 


For purposes of discussion we consider the active region of the vDMos FET to be 
made up of four parts: 


(4), the surface layer of the p diffusion; © 

@), the surface layer of the n epilayer; 

(©), the n regions under the gate oxide, between the p diffusions; 

(D), the main part of the n epilayer, below the level of the p diffusions. 


Application of a positive gate voltage greater than a certain threshold value, 
Vy, gives rise to strong inversion in region @), and leads to the formation of a 
conducting channel between the source and the drain. The theoretical value of 
the threshold voltage is determined by the doping concentration at the source end 
of region G), by the thickness of the gate oxide, and by the presence of any 
interface charge at the silicon surface. At room temperature, typical values are in 
the region of 3.5 V, decreasing at about 6mV/K as the temperature rises. The 
threshold voltage normally defined on device data sheets is somewhat lower than 
this theoretical value. The application of gate voltages above Vz causes a build-up 
of free electrons in the inversion layer in region (4), in direct proportion to the 
excess of the voltage above Vr. 

Three device operating regimes can be usefully identified. They are: 


A, the conducting, or turned-on, state; 
B, the blocking, or turned-orr, state; 
C, the constant-current condition. 
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These are shown in Figure 2.12. A physical understanding of the device 
characteristics can be obtained by considering the electron energy-band distribu- 
tion along the channel between the source and drain. The flow of current into the 
channel is essentially controlled by the height of the potential barrier faced by the 
electrons in the source. Analogy may be made with the fluid model shown in 
Figure 2.14. 
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ME CHAPTER 3 


Principles of Operation 2: Static 
Characteristics 





3.1. INTRODUCTION 


Figures 1.4 and 2.12 are schematic illustrations of typical mosFer output 
characteristics. These may be compared with the sets of characteristics of an 
actual device shown in Figure 3.1. The purpose of the present chapter is to 
explain these characteristics in terms of the physical properties of the devices. To 
aid this discussion we divide the total measured drain-source voltage at any 
instant, Vps, into four separate components. These are: 


1. The voltage resulting from the parasitic ohmic resistance of the following 
parts: the bulk semiconductor regions of the source and substrate; the 
contacts and the die bonds; the leads and the package pins. We call the 
total resistance of these parts Rp. The corresponding voltage, [)Rp, is 
proportional to the drain current. | 

2. The voltage resulting from the ohmic resistance of the drain drift region in 

the n™ epitaxial layer. We call this resistance Ryp;. A detailed discussion of 

_ the steps that may be taken to minimize its value is given in Section 3.5. For 
convenience we may combine these two ohmic voltages by putting 


3. The voltage dropped along the channel inversion layer, Voy. This is a 
function of Vas as well as Jp and lies at the heart of the device operation. In 
particular, Vq, becomes small for large values of Vas. A detailed discussion 
is given in Section 3.2. We may, if we wish, refer to a “channel resistance”, 
Ra, = Veu/Jp. It is then important to recognise that Rq, is highly nonlinear 
and depends on both Vgg and Vpsg (or Jp). 

4. The voltage Vsc., dropped across the space-charge layer (the depletion 
layer) that may form around the junction between the channel and the 
drain drift region. This becomes particularly significant when the transistor 
is biased into the constant-current part of the characteristics. Note that Veg. 
may absorb some of the voltage dropped across Rxpy. 


Provided that we make allowance for any possible interaction between Vgc, and 
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Figure 3.1. Characteristics of drain current versus drain—source voltage for an IRF 540. 
This is a 100-V, 27-A device with a typical Rosa) of 0.069. In the upper set of 
characteristics, the vertical and horizontal scales are 1 A and 0.5 V per division, and the 
Vos increments are 0.5 V. In the lower set, the scales are 5 A and 1 V per division, and the 
increments are 1 V. 


Rep, We may thus write 


Vos = Ip(Rp + Reps) + Von + Vser 
= Vet Van + Voc (3.2) 


In Figure 3.2, these components of Vps are identified on a typical device 
characteristic. 

The parameter Rpgjon) iS a Most important guide to the efficiency of a power 
switching transistor. It is simply the ratio Vps/Jp when the device is turned fully 
ON, as at point A on the characteristics of Figure 3.2. Under these conditions 
Vsc. = 0, and, provided that the gate drive is adequate, VQ, is small too. Thus, 
Rpsion) reduces. to the sum Rp+ Rep; and so becomes independent of Jp. The 
curves of Figure 3.1 show this and enable an estimate of Rp + Rep, to be made. 
This can be seen to be consistent with the value quoted as “typical” in the data 
sheet, that is, 0.0682. The value of Rpson) increases rapidly with the required 
device voltage rating for reasons that are discussed in detail in Section 3.5. It 
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Figure 3.2. An [p-versus-Vps characteristic showing the various contributions to Vps at an 
operating point in the constant-current region. 


varies inversely with chip area and hence with current rating. Typical values are: 


B Voss (V) Ip(on) (A) Rpscon) (2) 





1000 1 10 

500 1 8 

500 8 0.8 

100 8 0.3 

100 32 0.06 
50 30 0.04 
50. 31 0.028 
50 70 0.018 


For reasons discussed in Section 3.6, Rpsony increases at high current levels. 


3.2. CONTROL OF THE DRAIN CURRENT 


In this section we deal with the relationship between the drain current Jp, the 
channel voltage Vq,, and the gate voltage Vgg when the gate is. biased above 
threshold. A simple charge-control model is used. This has the merit of giving a 
clear insight into the basic physical processes which control device operation, 
something that can easily become obscured in the analytical complexities of more 
complete theories [1,2]. The characteristics derived in the simple theory 
approximate quite well to those observed experimentally, provided that some 
adjustment is made to the device parameters. They are often quite adequate for 
device modeling. 
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When examined in detail, the simple theory reveals some internal inconsis- 
tencies. A fuller theory is presented in Appendix 4. This helps to clarify some of 
the more detailed physical processes involved in the device behavior, but it has to 
be said that neither theory enables the full range of device characteristics to be 
predicted accurately from a known structure. Transistor action in a MOSFET is just 
too complicated for this. Nothing less than a full numerical analysis will do, and 
even though device-modeling packages are becoming increasingly ema 
(see Ref. 1 of Chapter 2), this still remains a formidable problem. 

We need to consider the distributions of the electric field and the carrier 
concentration along the channel. For this purpose, we define the set of cartesian 
coordinates illustrated in Figure 3.3a, in which the x-direction is normal to the 
semiconductor surface, the y-direction lies along the channel from source to 
drain, and the z-direction is that of the channel width. 

Consider first the case illustrated in Figure 3.3b, where the gate is biased well 
above threshold, so that a full inversion layer is formed, but where, also, the 
drain current and hence the channel voltage are small: Vq,=0. Then, the 
free-electron charge density Oy, is approximately uniform along the whole length 
of the channel: 


On = Cox(Vas — Vr) (3.3) 
with V; given by Equation (2.10). 
The small electric field along the channel, E, = Vo,/ l, gives rise to a carrier 
drift velocity: 


Va= UeEy = He Ven/t (3.4) 





(a) 


Figure 3.3. The inversion layer. (a) Coordinate system; (b) very low drain currents; (c) 
before pinchoff; (d) after pinchoff. 
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Figure 3.3. (Continued) 
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Figure 3.3. (Continued) 


Here, , is the surface mobility of the electrons. This is lower than the mobility of 
electrons in the bulk material. Like the bulk mobility it decreases with increasing 
temperature and varies with crystal orientation. In addition, however, it 
decreases with increasing normal field E,. This is not surprising, since E, forces 
the electrons into frequent collisions with the surface of the semiconductor. As a 
typical value, we shall take 4, = 0.05 m’/V s (500 cm’/V s). 

The total free-electron charge in the channel is q,= Qn.wi, where w is the 
channel width. The average electron transit time along the channel from source to 

l [? 


i.=—= 
Va Be Von 





(3.5) 


The current of free electrons through the channel is thus 


ja 


te te 


w 
= Be 7 Cox( Ves a Vr) Von (3.6) 
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Note that under these conditions, in which V., and Jp are small, the channel 
behavior is ohmic and Ra, = dVq/dIp « (Ves — Vz)". 

At higher values of Vj, and Jp the free-electron surface charge density Qy, and 
the electric field E, both vary along the channel, as shown in de al 3.3c. At 
y =0, the source end, Qy, is unchanged: 


Qn(0) = C.x(Ves — Vr) (3.7) 


But at the drain end, it is reduced as a consequence of the voltage dropped along 
the channel: 


Onl!) = Cox(Vos — Vr — Ven) (3.8) 


If we take C,,(Vas — Vr —-4Ven) to be the average surface charge density, the 
total free-electron charge in the channel is } reduced to 


qe = Cogwl(Vog = Vy ite 4Vocn) (3.9) 


The average drift velocity remains Uy = 4-Vq,/1, so the transit time is still given 
by Equation (3.5). The drain current is thus 


Ip = res ae = bet Coxl (Vas - — Vz~)Von - 5VGul 
= k[(Vas — Vr) Ven — 3VEx] (3.10) 


The coefficient k = u.(w/1)C,,, is often referred to as the device transconductance 
parameter. 


When V, is increased to the value Vgs— Vr, Qn(l) becomes zero. The 
channel then pinches off, and the inversion layer no longer continues through to 
the drain end. There a depletion layer forms. The situation is illustrated 
schematically in Figure 3.3d. Further increases in Vpg do not change Vq, or Jp but 
merely serve to expand the depletion layer at the pn junction. The increased 
voltage appears as the voltage Vgc, shown in Figure 3.2, which is dropped across 
this depletion layer. We discussed in Appendix 1 how heavier doping of the p 
region than the n™ region minimizes any reduction of the channel length caused by 
the expansion of the depletion layer. As a result, the conditions in the channel 
are little affected by increases in Vps. The drain current and channel voltage 
remain sensibly constant. eee Ven = Ves — Vr into Equation (3.10) gives 


In = = Tpcsat) = = due Cox(Vas — Vz) 


= ba Sty Vr)? (3.11) 


The characteristics shown in Figure 3.1 make it clear that for vDMos FETS, Tp sat) 
remains quite independent of Vps beyond pinch-off. In other types of MOSFET, 
where a small increase in [psa does occur, this can best be represented by 
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Figure 3.4. A plot of the square root of the saturated drain current versus the gate-source 
voltage. The data are taken from characteristics like those of Figure 3.1. They show that 
the behavior of this IRF 540 sample can be represented by V; =3.5 V, and k =5 A/V* for 
a range of drain currents between 0.2 and 16A. Deviations occur at higher and lower 
currents. 


introducing a channel-length modulation parameter, i. Then 
Ip = Fpsaty(1 + AVps) (3. 12) 


where Ipysaty is given by Equation (3.11). For vpmos devices A ~ 0. 

In Figure 3.4 a plot of ViIncsat) versus Vas, taken in part from the curves of 
Figure 3.1, demonstrates the applicability of Equation (3.11) over a limited range. 
of values. The measured value of k for this device, the IRF 540, is 5 A/V7. If we 
assume that ¢,,= 100 nm, so that C,, =3.45 x 10~* F/m’, that the gate width is 
about 1m, and that the electron mobility is 0.05 m?/V s, this value of k implies a 
channel length in the region of 3.5 um. This is several times longer than we would 
expect. Furthermore, the characteristics shown in Figure 3.1 are much steeper 
near the origin than Equation (3.10) predicts, and etiey approach the constant- 
current condition more sharply. _ 

Differentiation of Equation (3.10) with respect to Vgs shows that in the linear 
region, the transconductance 9]p/dOVc¢s (with Vo, kept constant) should be kVq,. 
Differentiating with respect to Vo, (with Vgs kept constant) shows that the slope 
of the J, versus Vq, characteristics at the origin should be k(Vgs — V;). When 
allowance is made for Rpsony, the curves of Figure 3.1 indicate a value of k, on 
this basis, of: approximately 24 A/V. This implies that the effective channel 
length is less than 1 um, which is rather shorter than we would expect. 

These discrepancies are not surprising, because there are several assumptions 
in the simple theory that do not bear close examination. These are discussed in 
Appendix 4. There it is shown that a physically more self-consistent theory 
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predicts values for J, and Inset) that fit the measured device characteristics over a 
much wider range of values of Vos and Vps. We return to these results shortly, 
but first we consider what happens when higher gate voltages are applied. 

The predicted square-law relationship between [psa and Vgs— Vr comes 
about because first the total quantity of free-electron charge in the pinched-off 
channel is proportional to Vgs— Vy, and secondly the average longitudinal 
electric field in the channel is proporitional to Va, = Vas — Vr and thus so too is 
the carrier drift velocity. With the very short channels used in vpmos FETs this is 
something that changes at higher values of Vas — Vz and Ipysay). The electric field 
along the channel, whose average value is Vi,/1, becomes so large that it causes 
the electron drift velocity to saturate. This phenomenon is illustrated in Figure 
3.5. Only for electric-field strengths less than about 5 x 10° V/m (0.5 V/ym) is 
there a well-defined, constant electron mobility (v,« EZ). At higher field strengths 
the drift velocity increases more slowly until, for fields exceeding about 
5x10°V/m (5V/um), va becomes constant at the saturated drift velocity, 
uv, ~ 9.2 X 10‘ m/s. Unlike the electron mobility, v, does not appear to depend on 
the normal electric field E, at the semiconductor surface [3], but it is expected to 
decrease with increasing temperature. 

For Ves — Vr > E,l, where E, = v,/u., the carrier drift velocity approaches v, 
over an appreciable proportion of the length of the channel before pinchoff 
occurs. Remember that pinchoff is defined as the point when Q,(/)=0. The 
transit time then approaches the limiting value 


te =l/v, (3.13) 


Drift velocity vg (10* m/s) 





E (10° V/m) 


Figure 3.5. Saturation of the carrier drift velocity. Curve (a) shows experimental data 
based on the results of Ref. 3. Curves (b) and (c) are plots of Equation (A4.22) with 
Ue = 0.05 m?/V s, v, = 92,300 m/s, and a = 2 and 1, respectively. 
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At pinchoff, Va, = Ves — Vr, so that combining Equations (3.9) and (3.13) gives 
Inset) = del te = 3C.,W(Vas — Vz)u, | (3.14) 


At the higher levels of drain current, these effects cause a more even spacing 
of the [p-versus-Vps characteristics. This can be seen in the departure from the 
straight-line relationship in Figure 3.4 at high current levels. When these data are 
extended and plotted as Ipisaty) versus Vas, the linear relationship expected under 
velocity saturation conditions is obtained. This is shown in Figure 3.6. Equation 
(3.14) predicts the gradient of the curve to be g,=4C,,wu,. Putting v,= 
9.2 x 10* m/s, and using the values suggested previously as appropriate for the 
IRF 540 (namely C,, = 3.45 x 107*F/m* and w=1m), we should expect this 
slope to be about 16S. It can be seen in Figure 3.6 that the measured value is 
12S. Thus, once again, the simple theory predicts the general form of the device 
characteristics quite weil, but not the transition to velocity saturation, nor the 
absolute value of g;, once this is established. 

Taking / ~ 1 um, we expect velocity saturation effects to become apparent over 
the range 0.5 V< Vas — V> <5 V. In fact they are seen in Figure 3.6 to be fully 
established at a gate voltage of 6 V and a drain current of 16 A. This corresponds 
to Vos — Vr =2.5 V, and the current is well within the maximum continuous 
current rating of the IRF 540, which is 27 A. 


Ipsay (A) 


Simple velocity 
saturation theory 
with gr = 12 A/V 


Values caiculated 
from the theory 
of Appendix 4 





Vos (V) 


Figure 3.6. A plot of the saturated drain current versus the gate-source voltage. The data 
are taken from characteristics like those of Figure 3.1. They show that the behavior of this 
IRF 540 sample can be represented by g,,= 12S and V+; = 4.7 V over the current range 10 
to 45 A. Deviations occur. at higher and lower currents. 
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It should be noted that the effective value of the threshold voltage in the 
velocity saturation region, which we call V+, is higher than the effective value, 
V,, that applies when the square law [Equation (3.11)] relates J, and Vs. This 
can be seen by projecting back the linear parts of the graphs in Figures 3.4 and 
3.6 to [p(sar) = 0. This type of behavior would be expected in a more detailed 
theory, because of the gradual onset of velocity saturation. For purposes of 
device modelling, V should be used in Equation (3.14), rather than V-. 

Velocity saturation can be a valuable feature of power mosrets, even though it 
causes the drain current to become limited at much lower levels than would 
otherwise occur. It gives rise to a linear transfer characteristic (g;, = constant) that 
is beneficial in linear-amplifier applications. 

It has become customary to refer to velocity saturation in power Mos devices as 
a “short-channel” effect. This is unfortunate because to a visi engineer, who is 
designing small MosFer devices for very large-scale integration, the short-channel 
effect is something quite different and wholly bad. When channel lengths are 
reduced in the quest for smaller devices, basic device characteristics can be 
preserved, as long as all linear dimensions and all voltages are scaled in direct 
proportion and doping densities are varied in inverse proportion [4]. If this is not 
done, Vps may modulate the channel length, making A large. It may even cause 
variations in the height of the potential barrier at the source end of the channel, 
thereby preventing effective cutoff at the threshold voltage. Clearly, velocity 
saturation gives rise to a very different kind of short-channel effect in power Mos 
devices. 

When devices are operated at high current levels, two effects may act to reduce 
the electron mobility and hence the drain current. This may occur either in 
normal use, or when device characteristics like those of Figure 3.1 are being 
measured. The first is simply the rise in junction temperature that results from the 
dissipation. Unless very short pulses at low duty cycle are used, this can cause an 
apparent negative differential resistance, with the drain current falling as Vpg is 
increased. The second is the increased ‘electric field normal to the surface, E,, 
that results from the higher values of Vag required. This is expected to reduce p., 
but not uv,. The average value of E, in the inversion layer may be taken to be 
(Qn +4Qn)/€o€s;- It thus varies from about 15 V/um at threshold to over 
40 V/um when Vos =20V. For device modeling the variation of HB. is usually 
approximated by putting 4. = Meo/[1 + O(Vas — Vr)]. Values of ue and @ may be 
expected to depend on the doping level and the surface conditions. The values 
normally used for a typical power vpmos FET are 0.05m?/Vs and 0.1 V7}, 
respectively. Such a large value for @ includes effects associated with higher gate 
voltages in addition to the direct effect on the mobility through the normal field £,. 


The more complete theory for the drain-current characteristics presented in 
Appendix 4 takes into account several effects neglected in the simple theory. 
These include: 


1. the extra charge contained in the depletion layer at the drain end of the 
channel because of the higher voltage dropped across it; 

2. the reduced electron mobility and eventual velocity saturation at high 
longitudinal field strengths E,. 
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Neither of these alters the predicted drain current at very low levels. Both cause 
fp to increase more slowly as Va, rises and the constant-current condition is 
approached. It is this that gives rise to the discrepancy between the simple theory 
of Equations (3.10) and (3.11) and the device characteristics. 

There remains one more important effect that is neglected in the theory. That 
is the gradual reduction in the doping concentration of the channel towards the 
drain end. This leads to a reduction in the charge density in the depletion layer 
(Qp reduced), and hence to an increase in the inversion-layer charge (Qy,). As a 
result, the longitudinal electric field needed to maintain any given drain current is 
reduced, and the saturation drain current Inset) is increased. It is this that 
accounts for the unexpectedly low effective channel lengths implied’ by the 
characteristics. 

The variation of vg with Ey assumed in the theory of Appendix 4 takes the 


Theory of Appendix 4 


Rpsvon) = 0. 055 2 


Ip (A) 


Theory of Appendix 4 





Vos (V) 


Figure 3.7. Comparison of theoretical and experimental characteristics. Full curves are 
taken from the experimental characteristics for the IRF 540 shown in Figure 3.1. The 
dotted curves are plots of Equation (3.10) for k = 5 and 24 A/V?. The lower value fits the 
constant current region with V,, = 6 V; the higher value fits the observed gradient at the 
origin. The dashed curves are plots of Equation (A4.34), and represent the results of the 
more sophisticated theory set out in Appendix 4. It can be seen that this theory predicts a 
sharper approach to the constant-current condition than occurs in practice. In each case, in 
calculating Vps, a value of 0.055 Q has been assumed for Ryscon). 


3.3 THE SUBTHRESHOLD REGION 65 


form vg = #_Ey/(1 + E,/E,), with 4, being a function of the gate-source voltage, 
as has just been mentioned. Then E, = v,/p., with v, = 9.23 x 10* m/s. The effeci 
on the theoretical characteristics is simply to increase the effective channel length 
by Vo,/E;. Thus k decreases as Vq, and Jp increase. It can be seen in Figure 3.5 
that this assumed form for v4(Z,) underestimates the true drift velocity at any 
given field. 

Results obtained using the theory of Appendix 4 are included in Figures 3.4 
and 3.6. The device parameters used previously are assumed: n, = 1 X 107 m73, 
Np =1X 10% m3, 2,,=100nm, Oss=4%107*C/m?, w=1m. The effective 
channel length is taken to be /=0.7 um, and the mobility parameters used are 
eo = 0.06 m?/V s and 6 =0.02 V7. 

Equation (3.10) predicts a parabolic variation of J, with Va, with the drain 
current remaining constant once it reaches its maximum value. In Figure 3.7, the 
results of this simple theory and the theory developed in Appendix 4 are each 
compared with two of the experimental characteristics taken from Figure 3.1. In 
estimating Vps, a value of 0.055 Q has been assumed for Rpsion). This is a typical 
value for the IRF 540. It is clear that neither theory provides a close fit to the 
experimental curves. The simple theory, with a value of k that matches the 
observed constant current, predicts an initial rise of drain current that is much toc 
low, and a channel length that is much too long. The full theory approaches 
constant current rather too abruptly, but makes no arbitrary assumptions. All the 
input parameters can be related in some way to the construction of the device. 


3.3. THE SUBTHRESHOLD REGION 


Figure 3.4 shows that Ips) departs from the square-law relationship with 
Vas — Vz at low as well as at high currents. It is clear that [ps1 does not fall to 
zero aS Vas approaches the threshold voltage in the way predicted by Equation 
(3.11). The threshold is in fact quite ‘‘soft”, and a significant current flows even 
when Vgs is less than Vy. This is called the subthreshold current. A log-linear plot 
of Ipsaty Versus Vgs shows that in the subthreshold region the drain current varies 
exponentially with Vgs. This can be seen in Figure 3.8, which shows the results of 
measurements made on an IRF 540. The exponential variation is maintained over 
more than five decades. | 

In Section 2.5 we discuss how the drain current in the region of threshold is 
governed by the height of the potential barrier facing the electrons in the source. 
This is illustrated in Figure 2.13. It is therefore only to be expected that the 
transition from the blocking to the conducting state should occur over a range of 
values of Vas, the drain current varying exponentially with the barrier height. In 
Appendix 3, Figure A3.2 shows that the inversion-layer surface charge density 
Qn, does indeed vary exponentially with the surface potential, right through the 
threshold region. | - 2 

Because of the very wide gate used in power mosFeEts, the subthreshold current 
is considerable. On all power-mos data sheets the threshold voltage is specified at 
a saturated drain current (with Vos = Vps) of 0.25 or 1 mA. This puts it well into 
the subthreshold region for most devices. Threshold voltages defined in this way 
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Figure 3.8. A plot of the logarithm of the saturated drain current versus the gate voltage. 
The data are derived from measured IRF 540 characteristics, including those of Figure 3.1. 
They demonstrate the exponential variation of the subthreshold. current with the 
gate-source voltage, with a = 3.8. | 


are thus lower than the theoretical values that we define in Chapter 2 and those 
that are measured from graphs such as Figure 3.4. 

It is interesting to estimate the expected saturation drain current, Ipsa), at 
threshold. In Appendix 3, it is shown that at threshold, Qy ~0.1Q 5, where 
Qo = (na kTé€s,)*”. Following the discussion of the last section, let us assume 
that the average inversion-layer charge density along the channel at pinchoff is 
half this value. Pinchoff occurs at a channel voltage which is sufficient to reduce 
Qn to zero at the drain end of the channel. This requires Vo,= Qn/C..= 
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0.1Qo/Cox- Thus, at threshold, | 


w -,  w(0.1Q,)* 
Ip,sat) aria 0.100" HeVen= the eo (3.15) 


As an example, assume parameter values based on the IRF 540, for com- 
parison with Figure 3.8. Let ng=1x10%m™, so that Qo =2.08 x 10~* C/m?. 
Let w=1m, /=1ym, and C,,=3.45x10-*m™?, and take u,=0.05 m’/Vs. 
Then, at “threshold”, Vo, =0.06 V and Inysaty = 30 mA. It can be seen in Figure 
3.8 that the corresponding gate voltage is 3.25 V. This is a little lower (0.25 V) 
than the value of V; indicated in Figure 3.4. 

With Vos < Vr, we expect an exponential variation of the drain current with 
the barrier height, and hence, as observed, with the gate-source voltage. Thus 


eA ev. 
Tocsan exp( x) . exp( Ss) 


The coefficient a relates Vos to the surface potential AV at the source end of the 
channel, where the potential minimum occurs. Its theoretical value can be 
obtained by applying Equation (2.7): 


Vas = Vos = Vox t AV — Vop (2.5) 


2e ji AV UP a . 
_( Eo€s nas ) Oss AV —Vep (3.16) 


where we have substituted for V,, using Equations (A2.6) and (A2.7). Thus, 


= dVos a5 (e€p€5;n 4/2 Av)? 


~ a(AV) Cu eA 


_ op 


+1 (3.17) 


Here, Cp may be thought of as the depletion-layer capacitance, 


dQpn _ (Seeeata)" 


C= Gav) \ 2AV 


(3.18) 


With nx=1x10"m™°, we have AV~AV;,,~0.81V and Cp=10.2x 
10~* F/m. With ¢,, = 100 nm, C,, = 3.45 x 10-* F/m?. Together these give a= 
4.0. | 

The simplest way of measuring @ is to take the change in Ves required to cause 
a factor-of-ten change in Jpisat). Call this (AVgs)pec- Then, at room temperature, 


ee (A Vas) pec 
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The graph of Figure 3.8 shows that (AVgs)pe, = 0.225 V, so the measured value 
of @ is 3.8. This implies an effective doping concentration at the source end of the 
channel of 0.9 x 10” m~*. However, in some instances the presence of interface 
trapping levels may cause Qc. to be a function of AV. This would modify the 
value of @ slightly, but the measured value justifies our estimate of n, very 
precisely. 

The departure from the exponential variation of Jp with Vos, Shown in Figure 
3.8, starts at 10mA, when Vs=3.05 V. This is the point at which the 
inversion-layer charge density becomes big enough to influence the potential at 
the semiconductor surface significantly. 


3.4. DEVICE TRANSCONDUCTANCE 


A device parameter of area importance is the transconductance g, which is 


defined as: 
Ip ), 
=e | seers 3.20 
al oa) 
This measures the sensitivity of the drain current to changes in the gate-source 
voltage. It determines the current-carrying capacity of the device. 
According to the theory of Section 3.2 we should expect g;, to take on values 
as follows: 


1. Below pinchoff, when Va,<Vogs— Vr, differentiation of Equation (3.6) 
yields | 


w | | _ 
Sts = Ue 1 Cox Von = KVen (3.21) 


2. Above pinchoff but before velocity saturation, that is, for El >Vo,~ 
Vos — Vr, Equation (3.11) leads to 


&ts = Mes Cox(Ves — Vr) = k(Vas ra Va) (3.22) 


3. After velocity saturation, Vc, > E,/, Equation (3.14) applies and | 
Bes = 2WCoxVs (3.23) 


For practical purposes the specification of g,;, for a given device, as on the 
device data sheet, requires that certain prescribed values of Vos and Vps must be 
chosen. Usually, Vps is large enough to ensure that the drain current is in the 
constant-current region, Ipsar. The choice of Vas usually ensures that this value 
of Ipcsaty is about half the maximum current rating of the device. Data sheets also 
display graphs of g;, versus Ip. A typical plot is shown in Figure 6 of the data 
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sheet presented in Appendix 7. These curves demonstrate the increase of g,, with 
Ip at low values, and its independence of 4, once velocity saturation is 
established. 

For a given value of Vos, the three factors that influence g,, are the gate width 
w, the channel length /, and the gate oxide thickness ¢,,. In saying this we are 
presuming that by choosing silicon as the semiconductor and silicon dioxide as the 
gate insulator, the values of u, (or v,) and €,, are prescribed. 

Decreasing ¢,, increases g,, through its effect on C,,. The limit is set by the 
need to preserve the uniformity and integrity of the gate oxide, and for it to 
support the rated voltage Vas, which is usually +20V. The design of the 
transistor has to ensure that no greater voltage appears across the gate oxide in 
any permitted operating condition. With f,,=100nm (1000 A), the breakdown 
voltage of good-quality gate oxide averages about 55 V. Technological improve- 
ments have reduced the spread around this value, thereby increasing the margin 
for reliability. | 

Decreasing / also increases g;,. The minimum value of / is set by the level of 
technology, in this case the ability to control the double-diffusion process that 
determines /. What matters is not what can be achieved in ideal circumstances, 
but the manufacturability of the device with a reasonable yield within the 
parameter tolerances specified. This becomes increasingly difficult with | <2 um. 

There is greater scope for increasing g; by increasing the gate width w, 
because w varies in direct proportion with the active device area. The parameter 
determined by technology is the gate width per unit area, w/A. There is an 
advantage in using a cellular rather than a linear pattern, and several different 
cellular designs have been proposed and used. Some are illustrated in Figure 3.9. 
The quantitative theoretical advantages of one pattern over those of another are 
marginal. They are discussed in Appendix 5. They have been the subject of a 
number of theoretical studies (e.g. [5]) involving a consideration of the on-state 
resistance Rpsion), aS well as the transconductance g;,. It has recently been shown 
[6] that a circular cell geometry offers the best compromise, provided that the full 
bulk breakdown voltage is realized. The hexagonal structure shown in Figure 3.9b 
approximates this optimum design most closely. Again, though, what really 
matters is the manufacturability and robustness of the device made by a particular 
process. : | 


What is clear from theory is that w/A increases as the cell lattice spacing 
decreases. The limit to this is set in two ways: again by the level of technology, 
but also by the need to maintain a minimum spacing b between the channel 
diffusions. This region, (C) in Figure 2.1, acts as a throat which constricts the 
drain current. The limit on 5 results from the need to minimize the contribution 
of this region to Rpgion), bearing in mind that the current density is higher here 
than in the rest of the drain region. This is discussed in the next section. The 
problem is exacerbated by the presence here of a parasitic 1FET, a matter that is 
taken up in Section 3.6. | 

In higher-voltage devices the epitaxial layer is more lightly doped and so has a 
higher resistivity. This not only increases the resistance of the epilayer, but also 
causes the channel depletion layers to expand further into the drain drift region, 
thereby enhancing the JreT action. This can be offset to some extent by increasing 
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the drain doping concentration towards the surface, but the minimum acceptable 
value of b remains higher in high-voltage devices. 

The technological limit is determined by the line width and registration 
tolerances of the photolithographic processing steps. A key factor is the need to 
obtain a low-resistance metal contact to the source. The contact area must be 
sufficient to ensure this after making provision for registration tolerances in the 
masking processes, which may cause the metal contact to be offset from the 
center of the cell. The chip area can most readily be filled by a regularly repeated 
lattice of square or hexagonal cells. Such patterns dominate in commercial 
devices. 

Another limiting factor is the need to radius the channel at each cell apex in 
order to maintain its length / constant. The more acute the angle of the apex, the 
more difficult this is, which confers another benefit on the hexagonal cell. 

The first range of devices to become widely established commercially in the 
early 1980s used a cell lattice spacing of 38 um, giving over 500,000 cells per 
square inch (approximately 800 per mm7). The resulting value of w/A is about 
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Fig . 

latyare 3.9. Examples of gate patterns: (a) Interdigitated. (b) Hexagons on hexagonal 

CORtice. The plan view of the poly-Si layer shows the channel positions and the source 

latytact areas. A section through the active region is also given. (c) Hexagons on a square 

ONtice. (d) Squares on a square lattice. (e) Squares on an offset square lattice. (f) Squares 
a hexagonal lattice. (g) Triangles on a hexagonal lattice. 
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Figure 3.9. (Continued) 
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Figure 3.9. (Continued) 


region of 0.12 and 0.17m/mm7’, respectively. As a result, these devices can 
support a given current rating on a chip of smaller area. Since the silicon area 
required is a major element in the cost of a component, obtaining the maximum 
performance from a given size of chip is extremely important. 

Even so, the proportion of the chip available as active device area A, may be 
less than 50% of the total area Aq,. For reasons of reliability the source and gate 
bonding pads are not often laid over active material. The gate vias that distribute 
the gate current over the area of polysilicon and the field rings used around the 
edge of the chip to prevent peripheral voltage breakdow ° all diminish the area 
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Figure 3.10. Photographs of HEXFET™ chips. (a) Earlier design, HEXFET™ I; (b) 
more recent design, HEXFET™ III. These plan views show the hexagonal cell pattern, 
the peripheral field rings, the gate vias, and the bonding pads. In the earlier design, the 
active area occupies 60% of the total chip area. In the later design, the size of the field 
rings and the gate bonding pad have been reduced, giving better chip utilization. 
(Courtesy International Rectifier Corp.) 


that can be used for transistor action. The plan views of HEXFET™ chips shown 
in Figure 3.10 illustrate the type of layout used. Approximately 60% of the chip 
area is active in the earlier design shown in Figure 3.10a. This is increased in the 
more recent design shown in Figure 3.10b. 


3.5. THE DRAIN DRIFT REGION 


The drain drift region is particularly critical to the design of a power MosFET. Its 
principal function is to block and support the full forward voltage held off by the 
transistor in its turned-oFF state. However, it has also to carry the full forward 
current in the on state. It is thus most important that its contribution Rgp, to the 
total on-state resistance Rpsyon) be kept as small as possible. This minimizes 
dissipation and maximizes the current rating of the device. Thus, the epilayer 
should be no thicker than it has to be in order to support the maximum blocking 
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voltage. Values range from about 5 um for a 50-V device to about 50 um for a 
1000-V device. | 

For purposes of discussion we have subdivided the drain drift region into three 
parts. In Figure 2.1 these are identified as the surface layer (B); the part bordered 
by the source and channel diffusions, (C); and the main part below the diffused 
regions, (). In the on state the current should be evenly distributed all across the 
epilayer. Clearly, this is not possible in the region between the diffusions, where 
the electron current emerges from the channel regions. The area between the 
diffusions is a little less than the gate area. Let it be a fraction g of the total active 
chip area. The even distribution of current here is assisted by the presence of the 
accumulation layer in the epilayer immediately under the gate. oxide, in the 
turned-on state, and indeed as long as Vpg < Vas. Under the gate oxide, then, the 
current density is higher by the factor 1/g. It is further increased by the presence 
of the depletion layers at the pn junctions. These expand as the local potential 
increases at high current levels, and give rise to an effect characteristic of a series 
junction field effect transistor. This has already been mentioned and is discussed 
again in Section 3.6. | 

In high-voltage devices the epilayer is sufficiently thick for the current to be 
able to spread out to cover the whole of the active chip area fairly evenly by the 
time it enters the substrate. This is shown in Figure 3.11a. With low-voltage 
devices the chip area can be fully utilized only by further reducing the lateral cell 
dimensions, as illustrated by Figures 3.116 and c. This gives an additional 
incentive for a reduction in the cell pitch a, over and above the increase in w/A 
that results, as discussed in the last section. 

When Rep, is low, as in low-voltage devices, the effect of the other parasitic 





Electron flow pattern 


Figure 3.11. Current distribution. (2) High-voltage device; (b) low-voltage device with 
same cell pitch; (c) low-voltage device with reduced cell pitch. 
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Figure 3.11. (Continued) 


sources of resistance, Rp, is proportionately greater. A schematic illustration of 
the relative magnitudes of the different factors contributing to Rpsjony is given in 
Figure 3.12. 

A theory specifying the optimum doping profile and thickness of the epilayer i iS 
presented in Appendix 6. It is based on a highly idealized plane-parallel 
geometry, but it does illustrate the principle of the problem, and it does set into 
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Figure 3.12. Relative contributions to Rpsion) in devices of different voltage rating. 
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Figure 3.13. Variation of the doping concentration. (a) Section through the active region; 
(b) variation parallel to the surface along AA’; (c) variation perpendicular to the surface 
along BB’. 
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context the much-quoted relationship between the on resistance and the junction 
breakdown voltage: 


Rpscon) = vz° : (3 .24) 


It is the breakdown voltage Vz that partly determines the voltage rating of the 
device. The resistance calculated in the theory (R in Appendix 6) is the optimum 
value of the component Rep; of the on-state resistance when there is a uniform 
distribution of current. The lateral nonuniformities of the real device mean that 
the proposed doping profile of Equation (A6.26) is not appropriate in practice. 

Ideally [7], the doping level would follow Equation (A6.26) initially, decreas- 
ing from the n*n~ junction into the epilayer. It would then go through a 
minimum and increase progressively towards the surface of the chip between the 
p diffusions. An increase in the epilayer doping concentration in regions and 
©) is desirable for two reasons. It helps to minimize the extra contribution to 
Rgp; caused by the higher current density, and more importantly, it reduces the 
effect of the parasitic sFeT. It is found that the breakdown voltage of a 
well-designed device is not adversely affected. Most benefit is obtained when the 
doping concentration has lateral uniformity [8], as in the profile shown in Figure 
3.13. 

Field enhancement would normally occur at the edges and corners of the 
channel diffusion in the forward-blocking state. But this is reduced if. the 
depletion layers, expanding from the junctions on either side of the throats in the 
drain drift region beneath the gate oxide, eventually overlap. The breakdown 
voltage then approaches that of the plane junction between the epilayer and the 
p* diffusion in the centre of the body region under the source contact. In modern 
devices this junction is designed to withstand avalanche breakdown in a 
controlled way. These matters are discussed further in the next section. 

In Figure 3.14, rated values of Rpsion), normalized against device active area, 
are plotted against Vg (BVpss) for some commercially available power MOSFETs. 
Equations (A6.17) and (A6.28) are also shown. It can be seen that there are 
significant departures from the theory, especially at low values of Vg. From the 
earlier discussion this is not surprising, but the reduction of the cell pitch in the 
more modern designs of low-voltage devices has resulted in their coming nearer 
to the ideal curves. However, even at the higher values of Vg, the value of 
RysconyAa is still several times higher than the predicted optimum value RA. 
One reason is the difficulty of achieving a high fraction of the theoretical value of 
V, at the periphery of the chip. Techniques for achieving this are discussed in 
Chapter 5. ; : | | 

The need to minimize Rpgon) further emphasizes the importance of minimizing 
the silicon “real-estate overheads” discussed at the end of the previous section. 
This inevitably leads to compromises in design. Thus, extending the system of 
field rings at the periphery may help to ensure higher reliability at high voltage, 
but this is bought only at the expense of a reduced current-handling capacity and 
an increase in Rpsjon): If, in a particular application, this causes the device to run 
at a higher temperature, its reliability will be degraded. 

Some manufacturers have not allowed the bonding pads to overlie active parts 
of the device. However, an increasing number now have sufficient confidence in 
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Figure 3.14. Normalized on resistance versus breakdown voltage. Values of Rpsion) for 
commercially available devices are compared with the theoretical curves of Appendix 6. 
Curve (a) shows values typical of standard devices; curve (b) shows values typical of 
modern low-voltage devices having a high cell density. Curves (c) and (d) represent 
Equations (A6.17) and (A6.28). | 


their ability to maintain the integrity of the structure under the bonding pads that 
they are prepared to extend them over active regions. A final way in which most 
manufacturers accept an increase in Rpgsiop) in exchange for extra reliability in the 
breakdown performance arises from the fact that in general the depletion layer is 
not permitted to reach through to the substrate. The epilayer is made thick 
enough to ensure that the field at the nn“ junction is low. Then, for any given 
voltage, the peak field occurring at the p—n junction is lower than it would be, 
were reach-through permitted. | 


3.6. PARASITIC COMPONENTS 


3.6.1. Introduction 


It will be clear from what has been said already that there are a number of 
parasitic components inherently associated with the vDMos FET structure. In 
addition to the normal resistance of the bulk material and the contacts, the 
inductance of the leads, and the capacitance of junctions and connections, these 
parasitic elements include active transistors. Their effects are most pronounced 
under the transient conditions discussed in Chapter 4. They may severely limit 
high-frequency operation. 
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Figure 3.15. The origin of parasitic components within the device. 
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Figure 3.16. Equivalent circuit showing parasitic components. 
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In Figure 3.15 the various internal parasitic components of a vDMOS FET are 
shown, drawn onto the usual section through the active region. An equivalent 
circuit incorporating these and other parasitic elements is shown in Figure 3.16. 
Passive components include the following: 


1. The various resistive elements contributing to Rpscon)- 
2. The inductance of each of the pin connections. 


3. The capacitances between the gate and the source metallization, and 
between the gate and the source diffusion. 

4, The capacitances between the gate and the body region, and between the 
gate and the epilayer. 

5. The capacitances associated with the various pn junctions. 

6. The pn junctions show, in addition, their normal diode behavior. 


The main active components are: 


7. The n-channel junction field-effect transistor (1FET) that forms in the 
epilayer, in between the channel diffusions. 

8. The npn bipolar junction transistor (Bsr) formed between the source, the 
body, and the drain. Under static conditions the base and emitter of the 
BT are shorted, leaving only the body—drain diode effective. However, 
under transient conditions and in avalanche breakdown, the transistor may 
be activated, and this can seriously degrade the overall performance of the 
MOSFET. 


We consider each of these groups of parasitic components in turn. 


3.6.2. Resistance, Inductance and the Parasitic JFET 


The causes of parasitic resistance in the path of the drain current have been 
discussed at length already in this chapter. We will not pursue them further, 
except in so far as they are influenced by the parasitic FET, which we deal with 
next. The potential of this component to affect, adversely, many of the MOSFET 
static characteristics influences a number of design decisions, and has caused us to 
mention it several times already. The JFET action occurs in the region between the 
p diffusions. The p-doped body regions act as the gate, and the throat in the 
n-type drain drift region as the channel. The effect is more severe in high-voltage 
devices, because the epilayer is more lightly doped and the depletion layers that 
form at the body-drain junction extend further into the drain. 

In Figure 3.12 the additional resistance caused by the sFeT can be seen to 
account for 25% of the total Rpsion) of a high voltage device. At high on-state 
currents, the increased voltage in the drain drift region causes an expansion of the 
depletion layers and a further increase in Rpg). This is shown in Figure 3.17. In 
a poorly designed device, it is possible for pinchoff to occur in the JrET rather = 
in the MOSFET, under some conditions. 

The acceptable spacing b between the channel diffusions i is mainly determined 
by the extent, in the on state, of these depletion layers. As a result, the maximum 


82 PRINCIPLES OF OPERATION 2: STATIC CHARACTERISTICS 


Per-unit Rosin 





0 20 40 60 ~ 80 100 
Ip (% of Ipm) 


Figure 3.17. Increase in Rosia) at high drain currents. The current is normalized to Ipm, 
the maximum rated pulse current, which is higher for the lower-voltage device (e.g. 108 A 
compared to 40 A). The increase in Rpgion) at higher currents is mainly the result of sFET 
action in the throat region as Vps increases. It can be seen that the increase is much greater 
in the case of the higher-voltage device, because the epilayer is more lightly doped and the 
depletion regions expand further into it. 
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Figure 3.18. Effect of drain implant in reducing srer action. (a) Depletion layers pinch off 
the channel through the drain neck region in a uniformly doped epilayer. The MosFET is 
fully on. (b) Depletion-layer thickness is reduced when the doping level under the gate 
oxide is increased. (c) Under some conditions the potential at the semiconductor surface in 
the middle of the throat region may exceed Vgs. Then a depletion layer forms there too, 
further constricting the current path. 
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Figure 3.18. (Continued) 


usable cell density is strictly limited, as discussed in Appendix 5. Increasing the 
donor doping concentration in the drain throats, as shown in Figure 3.13, has two 
beneficial effects. The conductivity is improved, and the widths of the depletion 
layers are reduced, so increasing the cross-sectional area available for conduction. 
This is illustrated in Figure 3.18. The consequence is that the cell size can be 
reduced and the resulting benefits of increased g, and lower Rpgon) can be 
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realized. Of course, the level of the donor concentration in the drain immediately 
under the gate oxide has to be finely judged. If it is too high, the avalanche 
breakdown voltage is reduced and channel-length modulation may occur. 

Of the lead inductances, that of the gate is not usually significant, but those of 
the drain, and particularly the source, may have a considerable effect on 
switching behavior and high-frequency performance. This is discussed in Chapter 
4. Values can be minimized by careful encapsulation and design. They lie, 
typically, in the range 5 to 15 nH. 


3.6.3. Capacitance 


The physical capacitances shown in Figure 3.15 each contribute to the equivalent- 
circuit capacitances shown in Figure 3.16. We need to relate them to the terminal 
capacitances, C;,,, Cos,, and C,,,, that are specified on device data sheets. These 
are normally measured at 1 MHz, using the circuits shown in Figures A9.4, A9.5, 
and A9.6 of Appendix 9. Each is a function of the de drain—source voitage, as 
shown in Figure 10 of the data sheet of Appendix 7. Values are usually specified 
for Vps = 25 V and Vas = 0 V. The three capacitances are related as follows: 


1. The input capacitance, C,,,, is the parallel sum of C,a and C,,. Thus, 
C2=C54C., (3.25) 


2. The output capacitance, C,,,, represents the total capacitance between 
drain and source with the gate and source shorted together, that is, 


Cone = Cay + Coss (3.26) 


On many early data sheets, an incorrect relationship is given, implying that 
Coss is the sum of Cy, and the series combination of C,, and C,,4. The 
published curves, however, were always obtained using the circuit of Figure 
A9.5, and are thus correct. 

3. The reverse transfer or Miller capacitance, C,,,, is simply the gate—drain 
capacitance with Vas = 0. That is, : 


oe One (3.27) 


From the discussion in Section 2.4, we can see that C,a is made up of the series 
combination of the gate oxide capacitance and the capacitance of the drain 
depletion layer beneath the gate oxide. This latter component exists only when 
the potential of the drain surface region is more positive than that of the gate. 
When the gate is more positive, an accumulation layer forms at the semiconduc- 
tor surface and C,4~C,,Ag, where C,, = €9€ox/tox, aS before, and Ag is the area 
of the gate. As the drain potential rises above that of the gate, the value of Cua 
falls quite sharply. It continues to fall progressively as the depletion layer extends 
deeper into the epilayer. This is shown in Figure 2.11. Depletion-layer capacit- 
ance is discussed in Appendix 1. Its variation with the dc bias voltage is shown to 
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Figure 3.19. Effect of drain implant on the variation of Ca With Vps. Curve A represents a 
device with a uniformly doped epitaxial layer. Curve B is from one in which the 
conductivity under the gate oxide has been increased by an implant of 10*° phosphorus 
atoms per m? (107 cm~). _ 


be a function of the doping profile. The detailed variation of C,, with Vps, given 
that Vos =0, is therefore a function of the impurity concentration profile in the 
epilayer. This can be seen in Figure 3.19. Really we are applying the well-known 
capacitance—voltage (C—V) profiling technique to the whole device. 

Physically, the gate—source capacitance C,, comprises the overlap capacitance, 
the gate—channel capacitance, and the capacitance through the field oxide of the 
source overlay. It is largely independent of bias. 

The principal component of C,, is the capacitance of the junction between the 
p diffusion and the epilayer. This varies inversely with the square root of the 
drain—source voltage, as indicated by Equation (A1.18). Thus, at low drain 
voltages, particularly when Vos > Vos, Coss = Cas + Cga becomes quite large. 

Because of their considerable variation with the biasing conditions, knowledge 
of Cis, Coss» and C,,, at any one state of bias is of limited value to the circuit 
designer. Graphs of the three capacitances versus Vps are normally provided, but, 
unless these are extended to negative values of Vgp, they do not show the full 
extent of the capacitance variation. To overcome this difficulty, it has become 
normal practice to specify the total amount of charge needed to change the gate 
voltage from 0 to 10 V while the device switches a prescribed current. The current 
chosen is normally somewhat greater than the maximum dc rating. The details 
and implications of this are discussed further in Chapter 4. 


3.6.4. The Body—Drain Diode and the Bipolar Junction Transistor 


Finally, we come to the bipolar junction transistor structure that is formed by the 
n* source, the p body, and the n™ epilayer. Under normal, static conditions the 
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emitter and the base of the srr (the source and the body region) are shorted, 
leaving only the effect of the body—drain diode. 

When the MOSFET is reverse biased, the body—drain diode is set into forward 
conduction. Its current rating is comparable to that of the mosFET itself. So that 
this should not lead to excessive dissipation, or to problems in external circuits, 
its forward voltage (Vspiony) needs to be kept low. Typical values at the full rated 
current are from 2 to 2.5 V. This reverse-conduction property is valuable in a 
power switching device. It is particularly necessary in circuits such as dc-to-ac 
inverters and dc-to-dce choppers, when they are used in applications such as motor 
speed control, as discussed in Chapter 12. | 

As well as a low on-state voltage, the body—drain diode must exhibit a rapid, 
but not too abrupt, recovery waveform, and low reverse recovered charge Orr. 
Occasionally, heavy-metal doping (gold or platinum) or electron bombardment 
have been used to speed up the recovery of the body—drain diode. These are 
normal techniques used with other types of device. They introduce recombination 
centers by creating trapping levels in the middle of the band gap, and so kill the 
carrier lifetime. Unfortunately, this increases both Vgpion) and Rpsion) at room 
temperature. At elevated temperatures, the trapping levels are no longer 
effective, and both the lifetime and the on resistance revert to their normal 
values. This means that the temperature coefficient of Rpsiony is lower than that of 
a normal device. The effect on Orr is discussed i in ae 13; see Figure 13.22, 
in particular. 


It has been shown [9] that a careful adjustment of the energy and dose of 
electron irradiation can give valuable reductions in the recovery time and the 
recovered charge (and so reduce the transient dissipation), without degrading the 
other parameters significantly. In Ref. 9, 8 Mrad at 3 MeV was reported to be 
effective. Another adverse effect is a reduction caused to the threshold voltage by 
the creation of positive charge in the gate oxide. To reduce this charge, it is 
necessary to anneal the device after irradiation for several hours at about 140°C. 
This normally restores the threshold voltage to a reasonable value, but leakage 
currents remain appreciably higher than before irradiation. 

The reverse avalanche-breakdown characteristics of the body—drain diode 
determine the forward voltage rating of the MosFET, BVpss. In modern devices, 
the diode junction is designed to withstand the passage of substantial current 
under conditions of controlled avalanche breakdown. This enables forward 
transients to be quenched, and inductive energy to be dissipated, without the use 
of additional, external clamping and snubber components. To achieve this it is 
necessary for the: breakdown to be very evenly distributed over the p* region of 
the junction and, in particular, to be evenly distributed from cell to cell. This is 
illustrated in Figure 3.20. 

Many devices now have single-shot and repetitive pulsed ratings for the energy 
(charge X BVpss) that they can safely dissipate in this way. An example of a 
device being driven into controlled breakdown by an inductive load is shown in 
Figure 3.21. The device under test is an IRF 460, rated at 500 V, 24A. Once the 
MOSFET is turned on, the current rises approximately linearly with time at a rate 
determined by the voltage across the inductance (17 A/ms, that is, 100 V across 
6mH). When the transistor is turned off, the voltage across it rises to the 
breakdown voltage Vg, which is 550 V. This causes the current in the inductance 
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Figure 3.20. Avalanche breakdown of the body—drain diode. The diagram shows the 
uniform breakdown of the p*n junction required in a good device. The shielding effect of 
adjacent cells mitigates the field concentration at the edges and corners of the p diffusion. 


to fall at the rate (550 V)/(6mH) =90 A/ms. Thus the energy stored in the 
inductance at the moment of turnoff is dissipated in the transistor during the fall 
of current. In this case it amounts to about 1.2 J. 

The body region has a lateral resistance from the contact to the shoulder that is 
known as the “pinch-base’’ resistance, R,,. Current flowing laterally through 
Ry, as shown in Figure 3.22, causes an ohmic voltage drop. If this voltage 
exceeds about 0.6 V, it will initiate transistor action in the parasitic ast. This is 
because it forward-biases the source—body junction and causes the injection of 
electrons from the source into the body region. These then become the emitter 
and base of the parasitic bipolar transistor. 

The value of R,, is minimized by reducing the length of the shoulder linking 
the channel region to the p* diffusion. The depth of the shoulder is determined 
by the relative diffusion depths of the body and the source, which in turn 
determine the channel length. With a channel length of about 1 zm, the depth of 
the p diffusion is rather less than 2 4m. With a maximum boron doping density of 
about 1x 10” m~? (1 x 10'’cm~*), the body-region resistivity has a minimum 
value of about 2 x 107? Q m (0.2 Q cm). The surface resistance of the shoulder is 





Time (0.5 ms/div) 
Figure 3.21. Example of controlled avalanche breakdown immediately following turn-off. 
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Figure 3.22. Current flow through the pinch-base resistance. This creates the danger that 
the parasitic Brr may be activated. 


Figure 3.23. The avalanche-breakdown behavior of a bipolar junction transistor. (a) 
Typical characteristics; (6) common-base configuration (Vcao); (c) common-emitter 
configuration (Vcgo); (d) emitter and base connected (VceR). Avalanche breakdown is a 
regenerative process, because some of the electrons and holes created by impact ionization 
pass back through the high-field region and themselves create more carriers. The 
breakdown voltage of a junction, Vs, is the voltage at which the carrier avalanche 
multiplication factor M =~. As the temperature rises, M decreases, so V, increases. In a 
BiT, the breakdown voltage Vego, is that of the collector—base junction with the emitter 
open-circuited. A similar value is obtained when the base and emitter are shorted, but it is 
then called Voges. The breakdown voltage Vieo is that between the collector and the 
emitter with the base open-circuited. It is significantly lower than Veao, because of a 
further process of regeneration. When holes created in the multiplication process at the 
collector junction pass back across the base and enter the emitter, they may cause the 
injection of further electrons into the base. A proportion of these reach the collector 
junction, where they in turn suffer multiplication. Let a fraction a of the current crossing 
the emitter junction be electrons which reach the collector junction and are multiplied. 
The current in the transistor can increase without limit when 1 — aM = 0, that is, when 
M=1/a. With Vaz<0.6V, a ~0, but the buildup of carriers in the base, once 
avalanche muitiplication becomes appreciable causes the base-emitter junction to become 
forward biased. Transistor action is initiated and a increases rapidly. The minimum value 
of Vcgo corresponds to the maximum value of a, and is known as Vegogusy. When a finite 
resistance connects base and emitter, the breakdown curve (Vczg) lies between these two 
extremes. At low currents a is low and Voge approximates to Vogo. As the current 
increases, @ increases and Veep approaches Vogo. Only if the emitter is open-circuited or 
shorted to. the base can Vogo= Voces be sustained. Further increase in current, if 
maintained, eventually leads to second breakdown and device destruction. 
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thus rather more than 1 kQ/square. With the length of the shoulder about 6 um 
and a gate width of about 1 m, the overall value of R,,,- is in the region of 6 mQ, 
say 6 to 10mQ. It would thus require a uniformly distributed current of 60 to 
100 A to activate the bipolar transistor. However, any mask misalignment that 
causes the p* diffusion to be displaced also increases the length of the shoulder 
on one side and so increases R,,, locally. It is important to understand that it only 
requires the BT to be turned on in one part of one cell for this region to hog all 
the current passing through the device. The rise of temperature caused by the 
resulting dissipation may induce current crowding and lead on to thermal 
runaway and second breakdown failure. It is a comment on their design quality 
and process controllability that manufacturers can now guarantee ratings at which 
such failures do not occur. 


The use of the p* diffusion to connect the body region back to the source 
contact can be seen to be an important part of the vpMos Fer design. It reduces 
Ry» and determines the breakdown voltage of the body—drain diode. Its vertical 
and lateral doping profiles have to be carefully controlled so that no adverse 
effects on the breakdown voltage or the properties of the channel region occur. 

The presence of the parasitic bipolar junction transistor, with its base and 
emitter connected by Ry, lowers the breakdown voltage of the body—source 
junction. This effect is characteristic of bipolar junction transistors in general. It is 
illustrated in Figure 3.23. There it can be seen that electrons injected into the 
base (body) from the emitter (source) give rise to an additional regenerative 
effect. This is serious because field concentration at the edges and corners of the 
shoulder of the body region would normally reduce the breakdown voltage there 
anyway. Fortunately, as was mentioned in the previous section and illustrated in 
Figure 3.20, the proximity of adjacent cells helps to minimize this field 
concentration. If, as a result of current flowing through R,,, the breakdown 
voltage is locally reduced to Vogo, and this is below the supply voltage, the 
MOSFET will be destroyed. 

Under transient conditions, the piace BJT may be activated in two further 
ways. First, changes in the potential difference across the body—drain diode 
require its self-capacitance to be charged and discharged, and the resulting 
capacitative currents flow through R,,,. This could, in principle lead to a forward 
dV /d¢ failure. In practice, even taking C,,= 1 nF, which would be typical for Vos 
small, the-rate of change of Vps would have to be in the region of 60 to 100 V/ns 
for Ruy Ca, dVps/dt to exceed 0.6 V. This is not a problem with the high degree of 
cell uniformity achieved in modern devices. The second way of activating the pyr 
also follows turnoff. Excess carriers left from the previous conduction phase are 
swept out from the regions either side of the body—drain junction, as the 
depletion layers expand. This adds greatly to the normal capacitance current. 
Such carriers are most likely to remain in the region under the gate oxide. From 
there they are swept into the shoulder of the body region and have to pass the 
whole of R,, to reach the source contact. They are, of course, blocked by the 
source—body junction, until this becomes forward biased—the effect we are 
seeking to avoid! Even greater care has to be taken over regions at the periphery 
of the chip and adjacent to the gate vias. Unless special precautions are taken, 
carriers tend to build up in these “dead spaces” and remain there longer than in 
the more confined regions of the active parts of the device. Figure 13.24, in 
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Section 13.13, shows an IRF 530 turning off in an inductive switching circuit. 
Following the recovery of the body—drain diode, the device is subjected to a fast 
forward dV,,/dt transient. This is safely clamped at 130 V by a controlled 
breakdown. More detailed discussions of the origin of the waveforms observed 
during turn-on and turn-off are given in Chapter 4 and in later chapters in the 
context of specific applications. 


3.7. TEMPERATURE EFFECTS 


In Chapter 2 we showed that the threshold voltage would be expected to decrease 
with an increase in temperature. Carrier mobility and saturation velocity also 
decrease as the temperature rises, and in the bulk semiconductor regions the 
resistivity increases. For a given device, in which Vos is kept constant, the net 
consequence of a rise in temperature resulting from these various effects is as 
follows: 


1. In the subthreshold region (V<V,) the drain current after pinchoff 
increases. Before pinchoff the increase in the various parasitic resistances 
tends to reduce the slope of the Jp-versus-Vps characteristic. 

2. In the “normal” operating region described by Equations (3.10) and (3.11) 
in the simple theory, or by their extensions discussed in Appendix 4, the 
decrease of the carrier mobility more than offsets the consequences of the 
lowering of Vr. As a result, [, decreases above and below pinchoff. 

3. In the velocity saturation region [psa again decreases, because of the fall 
iN Ug. 


The combination of all these effects on the static characteristics is shown in Figure 
3.24. In particular, the transfer characteristics like those of Figure 2 in Appendix 
7, which are given in most data sheets, demonstrate how Jyjsat) increases with 
temperature below a certain current level and decreases with increasing tempera- 
ture at higher currents. This is important in the bias stabilization of linear 
amplifiers, and is discussed further in Section 15.2.2. In practice, the normal 
operating currents of LDMOS FETS lie much further above the threshold voltage 
than those of vpMmos FETs. The result is that LDMos FETs are less sensitive to the 
variation of V-, and the crossover current occurs at a lower level. This is shown in 
Figure 15.7, in Section 15.2.2. 

The effect of temperature on g,, is shown by Figure 6 of Appendix 7. The 
reduction in the high-current region, when g,, is constant, is brought about by the 
lowering of v, as the temperature rises. The increase in Rpsion) With temperature 
is shown in Figure 9 of Appendix 7. The effect of this is compounded, because the 
increase in dissipation that results causes a further temperature rise, and so on. 

Operating at elevated temperature increases the junction breakdown voltage, 
by about 1% for each 10°C rise. It also is likely to reduce the expected device 
lifetime, as described in Chapters 5 and 17. The device capacitances discussed in 
the previous section are largely unaffected by changes in temperature. 

At higher temperatures, a lower forward bias voltage is needed to support ¢ 
given current flowing across any of the pn junctions. Thus, Vspion) is lower. 
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Figure 3.24. Effect of temperature on device characteristics. Arrows indicate the shift of 
the different parts of the characteristics with an increase in temperature. 


Observation of Vgpion), Vr, OF Rpscon) permits an indication of the temperature in 
the active parts of the transistor to be obtained, as discussed in Section 17.2.4. 

The parasitic bipolar junction transistor is more easily turned on at high 
temperatures, because the pinch—base resistance R,,’, is increased, and the 
voltage needed to forward-bias the emitter—base junction is reduced. At the same 
time the sur is more rapidly sent into second breakdown failure. 


3.8. pPCHANNEL AND OTHER DEVICES 


Often. considerable advantage in circuit simplicity results when complementary 
p-channel and n-channel devices are both available. This is as true for power 
devices as it is for cmos (in comparison with NMos) integrated circuits. In silicon, 
holes have lower mobility as well as a lower saturation drift velocity. As a result, 
p-channel devices show a higher Rpgion) (about a factor of 2 higher) and a lower 
value of g;, than n-channel devices having the same silicon area. These important 
considerations apart, p-channel devices can be made simply by reversing the 
dopant types, as illustrated in Figure 3.25. Typical characteristics are shown in 
Figure 3.26. 

One advantage of the p-channel device is that the body region is n-type and so 
has a lower resistivity for a given doping concentration. The pinch—base 
resistance, R,,, is lower in consequence, and the avalanche characteristics are 
better because the pnp transistor is less prone to turn on. A further disadvantage, 
though, is the difficulty of. making a good ohmic contact between the source 
metallization and the body diffusion. Because of the constraints on the body 
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Figure 3.25. A p-channel device. 


region doping levels, this contact normally forms a Schottky diode. Its reverse 
breakdown voltage is in series with the forward voltage of the body—drain diode 
when reverse current is conducted, so the drain—source voltage drop under these 
conditions (Vgp;on) is high, typically 5 to 6 V. 

Many variants on the basic vpMos FET have been devised and are more or less 
generally available. These include the icsT mentioned briefly in Section 1.3, and 
several other mos/bipolar devices. They are discussed further in Chapter 20. 
Current-sensing MOSFETs and radiation-hardened devices are discussed in Chapter 
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Figure 3.26. Characteristics of a p-channel device (an IRF 9540). 
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SUMMARY 


The total drain—source voltage of the conducting MosFET comprises the ohmic and 
the nonlinear voltages illustrated in Figure 3.2. For high-voltage devices in the on 
state, the resistance of the epitaxial layer is dominant, and Rpgion) varies 
approximately as V3°. The theory governing these parameters is discussed in 
Appendix 6. Devices benefit from an increase in the doping level in the drain 
under the gate oxide. For low-voltage devices it is most important to minimize the 
contact and lead resistances, and a reduction in the device feature size is 
beneficial. 


_A simple charge-control model predicts the following dependence of J, on Vos 
and Von: 


For Vos > Vr and Veg — Ve > Var, 
ad 1y2 
Ip = He 7 Conl(Vas ~ Vz)Ven — 4V 2a] (3.10) 


For Vas > Vr and Vos — Vr< Ven, 


w 
In = pat) om du. 7 Cox(Ves — Vz)* (3. 11) 


At high levels of drain current, electron velocity saturation effects lead to a 
predicted linear variation of drain current with Vgg, 


Ip sat) = 3CoxW(Vos — Vr)Us (3.14) 
Close to threshold, Vgs ~ Vr, there is an exponential variation of [p,sat) with Ves, 
Tpsat) x exp(eVes/ ak T) (3. 15) 


This simple theory can be fitted quite closely to the experimental characteris- 
tics of devices, but cannot easily be reconciled with their known physical 
characteristics. On closer examination it is seen to contain a number of 
self-contradictions. The more sophisticated theory discussed in Appendix 4 avoids 
these, but without the introduction of a field-dependent mobility, serious 
discrepancies with the experimental results remain. 

Transconductance is maximized by obtaining the maximum gate width from a 
given area of silicon. This is inversely proportional to feature size, and is aided by 
the use of a cellular geometry. A discussion of the implications of some of the 
different cell patterns that have been used or proposed is given in Appendix 5. 

A rise of temperature causes an increase in Rpgiony. In the subthreshold region 
Tnysat) increases with temperature, because of the reduction in the threshold 
voltage. At higher current levels the reduction in the electron mobility with 
temperature offsets this, and above a certain value of Ipsa, where the 
temperature coefficient is zero, it decreases. These effects are illustrated in Figure 3.24. 
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Holes have a lower mobility and a lower saturation drift velocity than 
electrons, so p-channel devices have a lower transconductance and a higher 
Rpswony than otherwise similar n-channel devices. Their voltage drop in reverse 
conduction is higher, but their reverse breakdown performance is better. 

Several parasitic components influence the behaviour of power MOSFETs. As 
well as the normal parasitic resistance, inductance and capacitance associated 
with the semiconductor, the leads, and the packaging, several parasitic active 
components are also inherently present. These include the body—drain diode, the 
source—body—drain bipolar junction transistor, and a series junction field-effect 
transistor in the drain drift region. These are illustrated in Figures 3.15 and 3.16. 
These parasitics limit device performance and set constraints on device design. 
The body—drain diode is forward biased by any inverse voltage that develops 
across the transistor and so provides a reverse conduction path. Modern designs 
of transistors allow the body—drain diode to avalanche safely when reverse biased 
and so provide a means of dissipating energy stored in inductive switching 
circuits. 
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Principles of Operation 3: Transient 
and High-Frequency Behavior 


1.1. INTRODUCTION 


The basic action of the MOSFET lies in the control of the drain current by the gate 
voltage. It may be represented by the very simple equivalent circuit of Figure 
11a. For purposes of transient analysis in this chapter, we make the following 
simplifying assumptions: 


1. Ip = 81s(Vas — Vr), provided that Vas > Vr and Vps > IpRpscon): 

2. For Ves < Vr, Ip = 0, and the MOSFET is OFF. 

3. When g¢(VGs — Vr) > Vos/Rpsony) the MOSFET is fully on and Ih= 
Vps/ R DS(on): 


This transfer characteristic is illustrated in Figure 4.1b. It should be compared 
with the sets of dc characteristics of actual devices presented in Chapter 3, in 
particular, Figure 3.6. The simplification can be justified because of the rapid 
variation of 4, with Vgs below threshold. As a result, the transition between the 
conducting and nonconducting states occurs in a very short time, which can 
normally be neglected. 

Fundamentally, the speed with which Jp can respond to a change in Vgg is 
governed by the time required to establish the corresponding change in the 
number of carriers in the inversion layer and by the transit time of these carriers 
along the length of the channel. Under normal operation the carriers are 
introduced from the source, and removed via the drain. The response time rt thus 
depends on the length of the channel and on either the mobility of the carriers or 
on their saturation drift velocity: . 





t= es E (4.1) 
Va le Von 
or, if Va, /I > E.; 
t=l/v, | (4.2) 


In the latter case, taking / = 1 wm and v, = 9 x 10* m/s, we have t = 11 ps. Then, 
the upper cutoff frequency may be as high as f,, = 1/2mt = 14 GHz. In the fully 
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Figure 4.1. MOSFET model used in transient analysis, (a) Simple equivalent circuit; (b) 
simplified transfer characteristic: 


Ip=0 when Vos< Vr (OFF) 

Ip = 886( Vas — Vr) 

when Vos > Vy and g4(Vas — Vr) < Vos/Roscon) (ACTIVE) 
Ip = Vos/Roscon): 

when Vos> Vz and ga(Vos — Vr) > Vos/Rpscony (ON) 


turned-on state, when VQ, < £,/, the response time is somewhat longer, as it is 
when Vps is high and there is a depletion layer of significant width occupying the 
drain drift region and increasing the transit time proportionally. In either case, 
however, the basic transistor action is so fast that it is always dominated 
completely by circuit effects. 

In general, in dealing with the transient behavior of electronic components, it 
is necessary to solve the physical equations governing the device behavior 
simultaneously with the circuit equations. Under steady-state conditions these are 
represented by the device characteristics and the load line, respectively. Under 
transient conditions it is usually extremely difficult to match the nonlinear device 
characteristics to the terminal characteristics imposed by the circuit. With power 
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MOSFETS this would be necessary only if microwave frequencies were attainable, 
but the circuits used and the device parasitics normally limit the operation to 
much lower frequencies. This greatly simplifies analysis, as we can assume that at 
any moment the value of the drain current is determined by the instantaneous 
values of the gate-source and drain—source voltages. 

What does determine the switching speed or the frequency response in 
practice, then, is the time required to establish voltage changes across capacit- 
ances and current changes in inductances. At the device level these are the 
parasitic capacitances and inductances discussed in Section 3.6. Those most 
relevant to the transient device behavior are shown in the equivalent circuit of 
Figure 4.2. This should be compared with Figure 3.16. It includes the three 
interelectrode capacitances, the inductances of the drain and source leads, and 
the (distributed) resistance of the polycrystalline silicon gate. Of course, each of 
the electrode leads has parasitic resistance and inductance associated with it, 
but the components shown are those that are most critical in determining the 
transient response. Values of the source and drain lead inductances, L, and Lp, 
are typically in the region of 5 to 15 nH. The gate resistance Rg is approximately 
inversely proportional to the active device area A,. With devices having 
polycrystalline silicon gates, values of RGA, are typically around 20 Q mm”. The 
gate resistance and gate capacitance are distributed together over the device. The 
implications of this are discussed in Section 4.5. 

Transients always cause an increase in dissipation. During turn-on the energy 
stored in parasitic capacitance has to be absorbed. During turn-off the energy in 
inductances is dissipated. The circuit-imposed relation between the instantaneous 


Body-drain 
diode 





Figure 4.2. Equivalent circuit showing the MosretT parasitics that have the greatest effect 
on transient behavior. 
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values of the device currents and the terminal voltages causes enhanced 
dissipation during each change of state. Fortunately, as we have just seen, the 
physical processes governing turn-on and turn-off do not, in practice, slow down 
these transitions. If they did, the transient dissipation would be further increased. 

We shall concentrate on transitions between the fully on and the fully orr 
states, and consider in subsequent sections first turn-on and then turn-off. Under 
steady-state conditions the power dissipation is simply I}Rpsion). If the additional 
energy dissipated during turn-on is E,, and during turn-off is E;, and the switching 
frequency is f, the dissipation becomes: 


P= DRRpson + (Er + Edf (4.3) 


The magnitudes of E, and E, depend on the relationsip between the current in 
the device and voltage across it during the transition, and on the overall transition 
time, which, as we have said, is determined by the circuit. 

For purposes of illustration, we next calculate E, and E; using two extreme 
cases. In each case, we neglect for the moment all the MOSFET parasitics, and 
simply assume that the changes in the drain current or the drain—source voltage 
take place linearly, over rise and fall times of t, and t;, respectively. 

In the first example, the drain circuit is taken to be purely resistive, as shown 
in Figure 4.3. The voltage, current and instantaneous power waveforms are 
shown in Figure 4.4. For the turn-on transition, they are 
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Figure 4.3. Resistive drain circuit. 
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Figure 4.4. Turn-on and turn-off waveforms in the ideal resistive circuit. 
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(4.5) 


A similar expression is easily derived for the turn-off transition, so that the total 


switching energy may be expressed as 


E, + Es = eVolo( tT, + T) 


(4.6) 
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Figure 4.5. Circuit with a clamped inductive load. 


The second extreme example is that of the clamped inductive load, as shown in 
Figure 4.5. This is typical of many applications where the load is a machine or 
transformer winding, perhaps one in which the current is being controlled using 
pulse-width modulation. It puts considerably greater stress on the MOSFET switch. 
Consider what happens when the transistor has been off for some time (Vos = 0) 
and the circuit is completely dead, that is, J; =0 and Vp, = Vo. When the MOSFET 
is first switched on, current builds up in the load at a rate governed by W/L, 
where L is the total inductance. When at some later time the MosFET is switched 
off, Jp has reached some value 4. The inductance maintains this current through 
the transistor while the drain voltage rises (we assume linearly over a period t,) 
until it reaches Vj) +0.7V. Only then does the free-wheeling diode become 
conducting and the current divert from the MOsFET to circulate around the diode. 
Assume that the current } is still flowing when the mMosrer is turned on again. (In 
fact it will have decayed to an extent that depends on the losses in the diode 
circuit.) Now, during turn-on, the voltage across the MosFET is clamped to 
Yo + 0.7 V until the drain current has risen to its full value, 4. Only then can the 
diode come out of forward conduction, allowing the drain voltage to fall. 

The voltage, current, and instantaneous-power waveforms during turn-on and 
turn-off are shown in Figure 4.6. They are repeated in subsequent switching 
cycles. A simple calculation shows that E,=4VoJyt, and E,=4Volpt;. Thus, 


E. + E; = 4Yh(t, + Ts) (4.7) 


The clamped inductive load thus increases the transient power dissipation by a 
factor of three over that of the resistive load. | 

When an inductive load is not clamped by a free-wheeling diode, the rate of 
rise of current during each turn-on operation is limited by the inductance and may 
still be very small when the drain—source voltage has collapsed to its on-state 
value. Lhis greatly reduces E,. However, during each turn-off transition, the 
energy in the inductance, 4L/3, has to be dissipated, and this adds to E;. As we 
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Figere 4.6. Turn-on and turn-off waveforms in an ideal circuit with a | clamped inductive 
load. 


shall see in later sections, parasitic drain inductance tends to act in this manner, 
and may throw the MosreET into avalanche breakdown. In earlier devices it was 
necessary to protect against this by means of an external, parallel zener diode 
which absorbed the current. Modern designs of power MosFET are able to 
withstand avalanche breakdown at the body—drain diode junction under these 
conditions, as was mentioned in Section 3.6. 

These simple calculations demonstrate the order of magnitude of the transient 
dissipation to be expected. In general, of course, the voltage ‘and current 
waveforms do not vary in the linear manner that we have assumed. However, the 
actual shape of the controlling voltage or current waveform serves only to modify 
the precise values (4 and 3, respectively) of the constant terms derived in 
Equations (4.6) and (4.7). The essential dependence on Vo, 4, and the period of 
the main transition, Tt, or t;, remains the same. 
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In the next two sections we examine in detail the waveforms to be expected, 
and the factors that determine the switching times, in a particular circuit. Turn-on 
is dealt with in Section 4.2, and turn-off in Section 4.3. The discussion follows 
closely the presentations cited in Refs. 1-3. In each case the transition time is 
divided into a sequence of consecutive intervals during each of which the MOSFET 
and the other active components are assumed to behave as linear circuit 
elements. In the transient circuit analysis, the state at the end of any one interval 
becomes the initial condition for the next. The analysis is carried through for one 
particular circuit configuration. However, the method can easily be applied to 
other circuit arrangements that may be more appropriate in other applications. 

We have not attempted to make the analysis rigorous, and at each stage 
assumptions are made about the relative magnitudes of time constants associated 
with various combinations of circuit elements. The resulting simplifications are 
valid on the time scales of interest to us for a wide range of relevant component 
values. 


4.2. TURN-ON 


4.2.1. The Turn-on Sequence 


The circuit we have chosen to illustate MosFET switching behavior in detail is that 
of the partially clamped inductive load. This is shown in Figure 4.7, together with 
the relevant transistor parasitics. It is a frequently used arrangement, in which the 
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Figure 4.7. Equivalent MOSFET circuit with a partially clamped inductive load. 
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load is likely to be a machine or transformer winding. The inductance Lp includes 
not only the packaging inductance of the MosFer, but also any unclamped portion 
of the load inductance, for example, the unclamped leakage inductance of a 
winding. Its value, therefore, may be as much as 0.1 or 1.0 wH. 

Initially, the transistor is assumed to be turned off, vgs, < Vz. Thus, ip =0, 
and Up:s: = Ups = Vop + 0.7 V. The load current circulates around the free- 
wheeling diode. At time zero, there is a step change in the gate supply voltage, 
Ugg, from Vez, (<Vz) to Vou (>Vz). The subsequent turn-on transition follows at 
least four distinct phases. These are illustrated schematically in Figure 4.8. 

The first period is the delay time tp, during which the gate voltage charges up 
to the threshold voltage V;. This has no effect in the drain circuit. Next comes the 
crucial phase, during which there is both a rise in the drain current ip and a fall in 
the drain—source voltage up-s. This phase occupies a time t,. It ends either when 
Up‘s has fallen to a low value, so that the transistor is fully on, or when ip 
reaches J, so that the free-wheeling diode comes out of conduction and the 
voltage across it can rise. Which of these two possibilities occurs first depends in a 
rather complicated way on the characteristics of the device and the circuit. This is 
discussed in detail in Section 4.2.5. In Figure 4.8 we have illustrated the more 
probable case that the voltage fall is completed before the rise in current. This 
requires a certain minimum value of the inductance Lp. 

In the next phase, which occupies a period 12, the drain current completes its 
rise to J, with the mMosret fully on, or alternatively, the voltage continues its fall 
while the current remains at 4. The final phase sees the gate voltage complete its 
rise towards Vy, but as the MOSFET is already fully on, this has negligible effect in 
the drain circuit. It is assumed throughout the discussion that Vgy— Vr is large 
enough to permit the drain current to rise to its full value of J. 


4.2.2. The Delay Time 


Following the assumed sharp rise in ugg, the resultant gate current, i, charges 
the two gate capacitances, Cg-s and Cqp-, which appear in parallel. The effects 
of Lp and Lg are neglected, and V,, and V,>, are assumed to remain constant. The 
result is that the gate voltage vgs, charges up exponentially towards Voy with a 
time constant Tq given by 


Tg = (Rs + Ra)(Cars: + Cay’) (4.8) 
That is, 
a's = (Vou — Ver)[1 — exp(—t/tg)] + Ver (4.9) 


This initial period, the delay time Tp, lasts until vgs = Vy. The MosFeT then 
starts to turn on. The delay time is given by 


Vou — =ct) 


Tp = 1T;G in( Vou Vr 


(4.10) 


Values of Cgs + Cap: = Ciss typically lie in the range 0.1 to 2.0 nF, as long as 
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Figure 4.8. Schematic illustration of a typical turn-on sequence. (a) Gate supply voltage; 
(b) gate-source voltage; (c) drain current; (d) drain—source voltage. 
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Up's’ remains high. In order to keep tg somewhere in the range of 5 to 20 ns, 
Rs + Rg needs to be between 10 and 100 Q. Larger chips having proportionately 
higher values of C;,, require lower values of gate resistance. A typical gate drive 
circuit might have Vqj,=10V and Vg. =0V. With V,;=4 V, the delay time tp 
would approximately equal t,. 


4.2.3. The Main Transition Period: General Solution 


The MOSFET now enters its ACTIVE state, in which ip = g4(Ugs — Vz). This is rather 
more difficult to analyze, and really any detailed solutions require computer 
methods. However, in order to bring out the underlying effects, we shall work 
through an analytical solution, making simplifying assumptions where necessary. 

The first thing to note is that two components give rise to negative feedback 
from the drain circuit to the gate circuit. These are the source inductance L, and 
the gate—-drain capacitance Cg-p.. The former causes a reduction in ug). by an 
amount that depends on the rate of rise of the drain current. The latter acts as a 
Miller capacitance. The rising drain current causes the drain voltage to fall, and 
this increases dugp-/dt. As a result, a higher proportion of ig flows through 
Cqp:, and the rate of rise of vgs is much reduced. The rate of rise of ip is 
lowered in proportion. | : 

During the main transition period, which occupies the time t,, both the drain 
current and the drain-source voltage vary. However, in most circuits the 
variation of one dominates that of the other. Whether the drain voltage collapses 
before there is any appreciable rise in current, or vice versa, depends on several 
factors which are discussed in detail in Section 4.2.5. Essentially, when Lp is 
small and Rg, + Rg is large, the drain current can reach its maximum value, i, 
before there is any significant fall in the drain-source voltage. This can be 
avoided by increasing Lp, thereby making the drain circuit “slower”, or by 
reducing Rs + Rg, thereby making the gate circuit “faster’’. 

In order to obtain analytical solutions for the period t,, without overcom- 
plicating the algebra and so obscuring the essential argument, we neglect at the 
outset the source lead inductance Ls. During the analysis we also neglect the 
drain—source capacitance Cys. We return later to consider the effects of these 
components, and those of the snubber circuits that are sometimes used to 
suppress the rate of rise of drain voltage during turn-off. The circuit equations 
remain third-order. However, the time constant associated with the third-order 
term is very short, so this term too may be neglected without significantly 
affecting the solutions. 

The simplified equivalent circuit is shown in Figure 4.9. We develop its 
characteristic equation using s to denote the differential operator, and solve by 
inspection so as to match the initial conditions. The circuit equations then take 
the form 


Vou — Vers: 
ia 28CeanVan + sC. sUgG's: = — 


_ (Vou — Va's')/(Rs + Ra) — SCos'Vars 


4.11 
sCow (4.11) 


Uq'p' 


Up's = Vop -0.7V—- SLyip 
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Figure 4.9. Simplified equivalent circuit for the main transition period. 


Vou =e Ug's’ a Vop as 0.7 Vv Tt Ups: 
Rs + Rg S. Lp 
os 8s(Va's' =, Vr) + SCqs'Uq's' + SCosUp rs: . 
yc = VOR T0.7V ~ sLpvers [8 + 1/(Rs + Re) + 8Cos'] 
= 1+slpCow 


igtip= 


(4.12) 
Uqs' = Uap: t Up's: 


Substituting Equations (4.11) and (4.12) and eliminating all the differentiated dec 
terms such as sCgp(Rs + Rg)(Vop — 0.7 V) gives | 


— Vou 
os S°th3 + 8°22 +5tg +1 


where 


Te3 = Ly(Rs + Re)(Co-p' Cars + Cas'Cp's: + Cors'Con’) 
Ta2 = Ly{Cps: + Corp [1 + 82(Rs + Ro) ]} 


and tg is given by Equation (4.8). Neglecting tg3 and the terms involving Cp-s,, 
and assuming g,,(Rs + Rg) >1, this reduces to 


Vou 


: S*T mtg tstg t1 (1) 


vars’ 


where tn=pnlp, To =Cop(Rst+Ro), and as before tg = (Cogs + Cop’) X 
(Rs + Ro). | ? 

We redefine time zero to coincide with the start of this period, at which point 
the initial conditions are Ug's' = Vr and ip =(Q. As t— 0, Ugs Vou: Equation 
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(4.13) then solves to give either sinusoidal or exponential solutions, depending on 
the relative magnitudes of tg and 1,,T,-. Sinusoidal solutions occur when 
T <4tmTq:. They take the form: 





Uq‘s' = Vou — (Vou — Vr) exp(- =) (cos wat + sin w,t) (4.14) 





a av’‘a 
where 
2TmtGg 28%LpCep: 
1 ne = SSB DEG" (4.15) 
Te Cars: + Cap: 
and 








2 
O,= _ 
Tmtg \2T_To 





2 1 a (Ses + cap’) (4.16) 
8sLpCen(Rs + Rg) 28Lp Cep: .v 
The drain current and drain voltage waveforms are 
in =8 a(Vo's’ — Vr) 
| , 1 ? 
= ¢..(Vou — {1 _ exp(— =) (cos @,t + a sin o,1) | (4.17) 





dug-s: 
Up's = Vop +0.7V- 82.Lp 7 S 





. t 2 , 
= Vop +0.7V— 8nLp®@,(Vou = Vr) exp(-—] E + ( : ) sin @,! (4. 18) 


Wala 


When 14> 4t,T, exponential solutions are obtained. Then, the equations 
take the form | 


T, exp(—t/Tp) — tT. exp(—t/ Te) 


Ucs' = Veu — (Vou — Vr ee (4.19) 
T, Exp(—t/T,) — T, exp(—t/T 
lp = 80s( Vou _—n ¥,)(1 aes Seeley ee oepiniite) (4.20) 


exp(—t/t,) — exp(—t/t, 
Ups: = Vpp + 0.7 V — SLp(Vou — Vr) SS) (4.21) 


Th — Te 
In these equations, 
2TmtG 
en plante tree ics ee oe ee 4.22 
To (a stato) 
2TmtoG 
Tb. — to (4.23) 


7 tat (t% a 4T mT)” 
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Although these equations look very different from the sinusoidal ones, the 
waveforms can be very similar, as we shall see when we examine specific 
examples. 

None of these analytical expressions takes any account of the nonlinearity of 
the device capacitances. This becomes quite important as the drain voltage falls 
below the gate voltage. Then, Cg-p, increases sharply, as shown in Figure 2.11 in 
Section 2.4. This slows the rate of fall of up-s. in the final stages of its collapse, 
ONCE Up's: < Ugqs. AS a result there can be a significant increase in dissipation, 
because during this period there is usually a substantial drain current flowing. 


4.2.4. Device and Circuit Time Constants 


The relative magnitudes of the time constants t,,, Tg, and tT, play a crucial role 
in determining the analytical form of the turn-on waveforms. We have seen that 
whether tT, is greater than or less than 2(t,,tg-)"* determines whether the 
solutions during the period 1, are exponential or sinusoidal. Perhaps surprisingly, 
this has little bearing on the waveforms themselves. The reason is that the time 
intervals are usually of quite short duration in comparison with the time constants 
Ta, Tp, T., and 1/@,. What is much more important is that these parameters help 
to determine whether it is the current or the voltage transition that is completed 
first. 
The condition for sinusoidal solutions is 


tm 12,/4t (4.24) 
This may be expanded in terms of the equivalent circuit parameters as 


(Cos: + Corp:)*(Rs + Ro) 


> 4. 
Sabb 1Can, ( 25) 
It can be further rearranged to give 
L C ree C "Ty 2 
D sss a's + G'p’) (4.26) 


Rs+Ro 48%3Co'p' 
The term on the left-hand side is a time constant associated with the circuit: 


Lp 


Ton = Rs+Ro (4.27) 


The term on the right-hand side is a time constant associated with the device: 


_ (Ces + Con)” 7 Cin 


Tt ev 4.28 
: 8Con: BtsCrss ( ) 


Because the capacitances and the transconductance are all expected to scale to 
first order with the active area of the MOSFET, we might think of T,,, as a process 
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parameter. It depends on factors such as the oxide thickness, the overlaps, the 
doping concentrations, and the gate width per unit area. With higher-voltage 
devices we expect Cg-p: to decrease and hence t,,, to increase. For 100-V chips it 
is typically in the region of 1 ns, whereas for 500-V chips it is more like 3 ns. 


4.2.5. The Main Transition Period: Approximate Solutions 


The solutions can be simplified under the conditions that Lp is very small or very 
large. In the first case, to < Taey/4. As a result, 1,~1t 4>>T,, and Equations 
(4.19) to (4.21) approximate to 


vos = Vou (Vou— ¥s) exp(-=) (4.29) 
in = 8u(Vou ¥s)[1~exp(-+)] (4.30) 

Ups: = Von + 0.7 V — gehen Oe exp(- =) 
= Vop + 0.7V— as (Voss — Vz) exp(- =) (4.31) 


When Ly is very large, to. >> Taev/4, the second term on the right-hand side of 
Equation (4.16) is negligible in comparison with the first term. As a result, 
W%~1/TmTG', Ta>> Tg, and w,T,>>1. Thus, Equations (4.14), (4.17), and (4.18) 
approximate to | 


va's' = Vou — (Van — Vr) cos wat (4.32) 
ip = 8s( Vou — Vr)(1 — cos w,t) (4.33) 

Up's: = Vop + 0.7 V — gL p@a(Vou — Vr) sin wat 
= Vpp + 0.7 V — watm(Vou — Vr) sin wt (4.34) 


A much more important approximation can be made, provided that g;,(Vou — 
Vz) >> h. Then, t, is sufficiently short to permit the expansion of the exponential, 
sine, and cosine terms of both the sinusoidal and the exponential solutions. 
Under these conditions (which are not compatible with Lp very small) both sets 
of equations (4.14), (4.17), (4.18) and (4.19) to (4.21) reduce, to first order, to 


Ugs' = Vr + (Von = Vy) t?/2tmT (4.35) 
in = 88(Vou — Vr) /2tmto 
= (Vou — Vr)2/2Lp to: (4.36) 


Ups: = Vop + 0.7 V —- (Vou a Vy)t/to (4.37) 
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Note that the time t, taken for the drain voltage to fall from Vpp to zero is 
then 
Voo _ Vopta 


ty = = ————— 
dups/d¢ Vou— Vr 


(4.38) 


In the final stage of the voltage collapse, when vg-p: <0, the rate of fall of ups. 
can decrease by as much as a factor of 10, because of the increase in Cg-p and 
hence of Tq. 

Substitution into Equation (4.36) shows that the time 1; required for the drain 
current to rise from zero to Jy is 


= (Zetote\" (4.39) 


Vou == Vr 


Thus the condition that the voltage should complete its fall before the current has 
risen to J, is 


k = (t,/t,)? > 1 


where 
2(Vou— Vr) Lob 
Vop Vppta: 
_2(Vou- Vr) Lp 
Vop Rote 
_ 2(Vou ~ Vr) Tor 
Vop ~~ Ta 


k= 
(4.40) 


(4.41) 


We have substituted Rp = Vpp/h, and put tp, = Lp/Ro, representing respectively 
an effective drain-circuit impedance and an effective drain-circuit time constant. 

Early in the analysis, in Section 4.2.3, we neglected the drain—source 
capacitance Cp-s-. It can be seen from Equation (4.37) that the rate of fall of the 
drain voltage is (Vou — Vr)/Tg:. If we take as typical values Vqy—V;=SV, 
Tg = Ins, and Cp = 0.2 nF, the current required to discharge this capacitance is 
1 A. The capacitative current in the MosFET is thus quite significant in comparison 
with the external current ip. As a result we must expect the rate of fall of the 
drain voltage to be reduced below the values predicted by the simplified theory. 
The energy stored in Cys, $Cp-s: ‘Vip, is dissipated i in the transistor during the 
turn-on period. 

We have also left the source inductance L, out of the analysis so far. This is 
justifiable when the drain inductance is large and k >> 1. But with reduced drain 
inductance its effect can be considerable. According to Equation (4.36), the 
maximum rate of rise of drain current occurs at the end of t,. Differentiating this 
equation and substituting ¢ = t, = t, from Equation (4.38) gives a peak value of 
Vop/Lp for dip/dt. This would introduce a voltage VppLs/Lp into the gate drive 
circuit. Only when Ls/Lp « Voy/Vpp can this be discounted. 
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Bal Vers: — Vr) 





Figure 4.10. A simple equivalent circuit taking account of the source inductance. 


When k <1, an approximate analysis which takes account of L, can be made, 
on the assumption that there is very little change in vp, during the rise of 
current. We are therefore neglecting the effects of Lp and Cp-s,, and can put 
dvg-p/dt = dvg-s/dt. The equivalent circuit that then applies is shown in Figure 
4.10. The circuit equations become 


Usis = SLs (SCqis:'Vqis: + 8tsVaG's') 


and 
Vou = Usis + Uqrs: + (Rs + Rg)(SCgs-Vaq's: + SCg-p VED‘) 
= Ug's[S*LsCog: + 5{(Rs + Ra)(Cas: + Carp’) + Sales} + 1] 
= Ugis'(s7t2 + ST¢ + 1) (4.42) 
where 
t= VLs5Ce's' (4.43) 
and | 
T= (Rs + Ro)(Cors + Cow’) + gals = ta + Sals (4.44) 


- Usually t,>>1,, so that the term s?*r2 in Equation (4.42) can be neglected on 
the time scale of interest to us. Solutions then take the form given in Equations 
(4.29)—(4.31), where Ls was neglected, except that now t; replaces tg as the time 
constant in the exponential function. The presence of source inductance ‘‘slows 
down’’ the gate circuit. Another way of looking at its effect is to say that it 
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appears to introduce a further resistance R,, into the gate circuit, given by 


8s 


Rs => 
| Cars: + Carp: 


(4.45) 


A proper analysis becomes very complicated, but the addition of R,s to 
Rs; + Ro, when evaluating the solutions given in Section 4.2.3 and earlier in this 
section, represents a reasonable first approximation. In Equations (4.19)—(4.23), 
t, should be substituted for tg, and t; for t,t. Certainly we cannot expect 
dip/dt to exceed the maximum value predicted by this analysis, namely, 
(Vou — Vz)/Ls, at ¢=0. With Vou = Vy= 5 V and Ls = 10 nH, this is 0.5 A/ns. 


4.2.6. The Periods Following the Main Transition 


At the end of the main transition period, t,, one of two situations obtains. Either 
Up's’ =() and ip = Ip*, or ip = A and Up's’ = Vp-. ‘We discuss each case in turn. 
The more common situation is for Lp to be large enough and Rg + Rg to be 
small enough to allow the drain voltage to complete its fall, at least to vg-s, while 
ip is still rising. During the subsequent period, t,, the drain voltage remains low 
while the drain current rises from [p+ to 4. AS UVp-s is then relatively constant, 
the Miller effect no longer operates, and the input circuit reverts to that of the 
initial switch-on period tp. The gate current supplies Cg-s and Cp; in parallel, 
and vgs, resumes its exponential approach towards Voy. However, the time 
constant is now substantially longer than it was during the delay period, because 
Cap: is now much larger. To distinguish it from tg, we shall write it as tq. Thus, 


Ves = (Vou — Vo-)[1 - exp(—t/ Ta) + Vee (4.46) 


with Vo- = Vr + Tp+/ 2 ts- 

Because the MOSFET is now fully on, the drain current rises at a rate determined 
only by the drain inductance, that is, as long as ipn<g,(Ugs5 — Vr). With 
Ups = 0, Vpp is entirely dropped across Lp and dip/dt ~ Vpp/Lp. Thus, 


ip Foe +t (4.47) 
Lp 


The current rises linearly until it reaches 4, which marks the end of t,. Thus, 


ly— Ip 
Von 





TT, >= Lp (4.48) 


An equivalent circuit which includes the source inductance and applies in 
period t2 is shown in Figure 4.11a. It can be further reduced to the circuit of 
Figure 4.115 on the assumption that Rpgon) is negligibly small. As long as 
Ls<(Vou/Vpp)Lp, the approximation of Equation (4.47) remains valid. If this 
condition is not satisfied, it is clear from the figure that the gate supply voltage 
cannot maintain the transistor in its ON state. It then remains in the AcTIvVE 
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Vopo + 0.7 V 








Figure 4.11. Equivalent circuits, including the source inductance, for the period of the rise 
of current following the collapse of the drain voltage. (a) Including ene (b) reduced 
equivalent circuit neglecting Rpscon)- 


condition until the rise of current is complete. This could be thought of as the 
result of the effective resistance R,, in the gate circuit. 

We next deal with the situation that applies when k <1, and the drain current 
reaches l, before vp-s, becomes small. Having already reached J, the drain 
current ip and the gate-source voltage vgs, remain constant. As a result, Cg-5-, 
Ls, and Lp can be disregarded during the remainder of the transition period, 1). 
The corresponding equivalent circuit is shown in Figure 4.12. The gate current 
serves to discharge Cg p-. It is constant, so the drain voltage falls at a constant 
rate. Summing currents at the node D’', we obtain 


dup 
dt 





8a(Vars: — Vy) =htig— Cos: 
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Vopo 





Cis: 


5',5 


Figure 4.12. Equivalent circuit for the fall of the drain voltage after the drain current has 
reached J. | 
But 


dug'p: 
dt 





ig =Corp: 


and 
vas: = Vou — (Rs + Radia 


du Ty’ du oP ‘ du Ty 
ve PS: = g6( (Vou — Va) — (Rs + Ra)Con: aa 











Ih+ Cen: 


Also, d¥g-p'/dt = —dup-s-/dt, so that 


_ dup:s: = 8:(Vou — Vr) — b 
dt Cos + [1+ 8(Rs + Ra) |Co-: 
Up's = Vp- — Kt (4, 49) 


where 


8( Vou — Vr) - bo 


CSET ET aa ae 4.50 
Cos: + [1+ gu(Rs + RaICov: (4.50) 


The duration of period t, is thus V>-/K. Note, however, that the increase in 
Cgp' a Ugp: goes through zero causes the value of K to be sharply reduced at 
the end of this phase. It is sensible, then, to seperate tT, into two parts. Period T2, 
ends when Up-s: = Ug’s. There is then a further period, 122, during which up-s: 
falls more slowly from vgs: = V_ + Ip/g;, to zero. We can denote the values of K 
in periods t2; and T22 by K, and K2, respectively. 

Of course, the observed value of ups falls not to zero but to bRopsion). 
However, for the purposes of the transient analysis we regard this as a 
steady-state voltage which has to be superimposed onto any additional transient 
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voltages. We therefore neglect it here. Inside the Mosret the voltage loRpscony is 
dropped mainly in the drain drift region, regions (C) and () of Figure 2.1. When 
the transistor approaches its turned-on state, any additional component of vps: is 
dropped in the channel region, G) in Figure 2.1. In particular, before an 
accumulation layer can form in region (@), the potential there must be less than 
the gate potential. It is thus reasonable to decouple these two contributors to the 
observed value of ups. : 7 


4.2.7. Worked Examples 


At this point it is worthwhile working through some numerical examples, to 
illustrate the different forms taken by the analytical functions that we have 
derived. We start with a set of parameters, representing a typical low-voltage 
circuit of moderate drain current. It uses a “fast” gate circuit having a total 
resistance of 10. We examine the effect of changing drain inductance, starting 
with a relatively high value. The chosen parameters are: 


Vop=50V,  b=10A, ge=5S, Lp =1yH 
Vor=0V,  Von=10V, Vr=5V, RetRg=10Q 
Cos =0.60F, Cop =0.1nF, Cys =0.2nF 
when Upg <0, Cop 1 nF, Ls = 10 nH 


The various time constants are 


Tor = 100 nS, Tyey = 1 ns (.. sinusoidal solutions) 
k = 40 (.. voltage collapses first) 
Tm=5MS, To=7ns, tq=l1ns, tg=16ns 
T.=1.4us, @,=1.4x10' rad/s, ,t,=20 


T, = 57 ns, T, = 2.45 ns 


The waveforms drawn in Figure 4.13 with a solid line have been derived from 
these parameters using Equations (4.14), (4.17), and (4.18) for the period t,, and 
Equation (4.47) for rt. 

The delay time tp =Sns, the drain voltage fall time t,=10ns (19 ns if the 
reduced rate of fall at low values is included), and the current rise time 
tT, = 195 ns. The overall transition time, Tt, = T, + T2, is therefore some 215 ns. 

At the end of the main voltage collapse period, the gate voltage is 5.05 V, that 
is, 0.05 V above threshold, and the drain current is 0.25 A. The period during 
which the drain voltage falls from 5 V to zero may be a further 10 ns, as a result 
of the increased value of Cg-p:. It thus overlaps the rise of current in a rather 
complicated way and significantly increases the dissipation. On the basis of the 
waveforms shown, the dissipation is about 20 nJ. However, the energy stored in 
C'ps has to be added, and with the values given this represents a further 250 nJ. 
We have not included the dissipation in Rpgion) in the analysis, on the grounds 
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that it is a steady-state loss and adds to the transient losses that we have 
calculated. 

Decreasing Ly from 1 wH to 0.1 uH causes only the drain-current waveform to 
be modified to any significant extent. This is shown by the dashed curves in 
Figure 4.13. The time constants now are 


Toct = 10S, Taey = 1 ns (.. sinusoidal solutions) 
k=4  (-. voltage collapses first) 
Tm = 500 ns, Tq =7 ns, Tq = Ins, Tg = 16 ns 
t,=143ns, w,=4.4x 10’rad/s, ,T,=6.3 — 


t]=S57ns, 1,=2.45ns 


The current now climbs to 2.5 A during the voltage collapse, and the transient 
dissipation increases to about 180nJ, in addition to the 250nJ of Cys. The 
transition times become tp=5ns, t,=10ns, t2=15 ns. Thus, t,= 25ns. The 
source inductance has been neglected. A value of 10 nH would have a significant 
effect on these waveforms, extending the transition times and thereby increasing 
the dissipation. 

The effect of a further decrease in Lp, to 10 nH, is also shown in Figure 4.13, 
by the dotted waveforms. Again Ls has been neglected. Although the solutions 
are still sinusoidal, the current rise is now completed while the drain voltage is 
still falling. The time constants are | 


Toor = 1MS, Taey = 1 ns (.. sinusoidal solutions) 
k=0.4 = (-. current completes rise during voltage collapse) 
Tm = 50 ns, TG = 70s, Tg = 1 ns, Tg = 16ns_ 
t,=14ns, @,=1.2x10%rad/s, at, = 1.75 


t=57ns, t,=2.45ns 


The transient dissipation is about 2000 nJ, and the transition times are tp = 5 ns, 
t,=8ns, tT2=4+24=28ns, giving t= 36 ns. However, the rate of rise of 
current, 5A/ns at the end of 1, is incompatible with a typical stray source 
inductance of 10 nH. 

An indication of how the waveforms might be modified by 10nH of source 
inductance is given in Figure 4.14, using the approximate theory set out at the 
end of Section 4.2.5. The rise of current is slowed, but more significantly, the 
drain voltage scarcely falls at all during this period. The transition times are 
increased to T, = 29 ns, T,=15+23 = 38 ns, -. t= 67 ns. The dissipation rises to 
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Figure 4.13. Calculated turn-on waveforms for a MOSFET switching 10A at SOV. (a) 
Ua's(t); (b) ip(t); (c) Ups (t); (ad) p(t). Rs + Ro =10 Q, 8a = 5 S, Coes: = 0.6 nF, Cen: = 
0.1nF. Ly = 1 uH (solid line), 100 nH (dashed line), 10 nH (dotted line). 
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nearly 12,000 nJ. The importance of keeping the source inductance to an absolute 
minimum in a fast circuit is brought out very clearly. 

We next examine some examples of a higher-voltage circuit, in which a higher 
gate resistance of 50 Q is also used. The gate circuit is thus rather “slow”. As a 
result, the drain current rises before the drain voltage has completed its fall, even 
in the presence of considerable drain inductance. Again we start with Lp = 1 wH: 


Vpp = 400 FV, b=4A, 85=35S, Lp = 1 nH. 
Vo. =0V, Vou = 10 V, Ve=5V, RstRg=50Q2 
Cos =0.6nF, Cop =40pF, Cops =0.1nF 
when Upg <0, Cgp—i1nF, Ls=10nH 


Hence 


Tor = 20S, Tiey=3ns.  (.. sinusoidal solutions) 
k=0.125 (.. voltage collapses after the rise of current) 
Tm = 3 US, TG = 32 ns, Tq =2 ns, Tq = 80 ns 
tT, = 375 ns, @, = 1.3 x 10’ rad/s, WT, = 4.7 

= 62 ns, Tt, = 2.45 ns 


These parameters lead to the waveforms shown as solid curves in Figure 4.15. 
mee delay time remains tp = Sns, but the transition times are much increased: 

= 61 ns, tT. = 146 + 86 = 232 ns, giving a total t, of almost 300 ns. The dissipa- 
fa is correspondingly high at 100 uJ. 

Reducing Lp to 0.1 4H speeds up the rise of current, reducing tT, to 22ns. 
However, the rate of fall of drain voltage is virtually unchanged, and so is t,. The 
dissipation increases to 140 uJ. Further reduction of Lp continues this trend. At 
Lp =10nH we have t,=11ns, and the ron is 160 uJ. The key time 
constants are 


| Ly = 100 nH 
Tet =2NS, Taey=3ns  (.. sinusoidal solutions, just!) 
k == (.. voltage collapses after the rise of current) 


T,=37.5ns, @,=3.1X10’ rad/s, w,t,=1.16 


4.14, The effect on the turn-on waveforms of 10-nH source inductance. (a) vg-s-(t); 
(b) ip(t); (c) Ups(t); (2) p(t). The circuit parameters are the same as those used in Figure 
4.13, with Lp = 10 nH, and L, = 0 (solid line), 10 nH (dashed line). 
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and 
Toe =O.2 NS, Tay =3 nS (.. exponential solutions) 
1 , | 
k= 300 (.. voltage collapses after the rise of the current) 
Tm = 30 ns, T, = 30 ns, tT =2ns 


Both current waveforms are shown in Figure 4.15. The effect of 10-nH source 
inductance is shown in Figure 4.16, using the same approximation as before. Its 
significance is now much less. 

With such a slow gate circuit, a very large unclamped drain inductance is 
needed if the current is not to rise to its full value while the drain voltage is still 
high. The final illustration in this sequence shows the effect of ores drain 
inductance: | 


| Toot = 200 nS, Tay =3 0S (.. sinusoidal solutions) 
| k=1.25 
T=30us, 1,=3.75 us, w,=4.1x10%rad/s, w,1,=15.3 


The drain current now rises to 3.5 A during the initial fall of voltage. Overall this 
takes 175+ 85=260ns. Dissipation is reduced to 204J. The waveforms are 
shown in Figure 4.17. 

These examples demonstrate clearly that turn-on dissipation is greatly reduced 
by ensuring that T,., is large. But, as we shall find in the next section, making t., 
large by increasing Lp merely transfers the dissipation from the turn-on transition 
to the turn-off period. The key to ensuring low transient power consumption is to 
achieve a fast gate circuit by using a low value of Rs. It is then important to be 
sure that source inductance is minimal. 


4.3. TURN-OFF 


4.3.1. The Turn-off Sequence 


In order to illustrate the turn-off process we once again use the circuit in which 
an inductive load is partially clamped by means of a free-wheeling diode. The 
equivalent circuit of Figure 4.7 still applies. But now the starting conditions are 
that the load current J) flows through the fully on transistor, with ugg = Ug's: = 
Venu. At some point the gate supply voltage ugg drops instantaneously to Vg. 





Figure 4.15. Calculated turn-on waveforms for a MOSFET switching 4A at 400 V with a 
“slow” gate circuit. (2) Ug-s(t); (5) in(t); (c) Ups(t); (a) p(t). Rs + Ra =50Q, g,=38, 
Cos: = 0.6nF, Cop =0.04nF. Lp=14H (solid line), 100nH (dashed line), 10nH 
(dotted line). 
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Figure 4.16. Effect of 10-nH source inductance on the turn-on waveforms of Figure 4.15. 
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Figure 4.18. Schematic illustration of a typical turn-off sequence. (@) Uag; (5) va-s-(t); (c) 
ip(t); (d) Up-s-(¢). 
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The gate voltage then starts to fall, thereby discharging the device capacitances 
Ces: and Cgp:. As long as Ugs 2 Vr + fh/g;,, the load current J, continues to 
flow through the MosFET unchanged, and the drain circuit is unaffected. The time 
taken for vgs: to fall to V; + 4o/g¢, is the turn-off delay time Tp. It is the first of 
four stages of the turn-off sequence, which is illustrated by the typical set of 
waveforms shown in Figure 4.18. 

During the next phase of turn-off, the drain voltage rises up to Vpp + 0.7 V and 
continues beyond this value. While ups is below Vo,+0.7 V, the full load 
current continues to flow into the MosFET, because the free-wheeling diode 
remains in reverse bias and therefore nonconducting. The drain current ip stays 
sensibly constant, and with it so does vgs. This assumes that we can neglect the 
small currents required to charge up the capacitances Cgs, and Cp-s. This phase 
of turn-off occupies the period 1. | 

When vps reaches and rises above Vpp + 0.7 V, we enter the third phase of 
turn-off. There is then a voltage across Lp which opposes 4 and enables an 
increasing fraction of this current to be diverted through the free-wheeling diode. 
The MOSFET current thus starts to decrease. To reduce it to zero requires a 
voltage—time integral across Lp equal to Lph. That is, 


| [Ups — (Vpp + 0.7 V)] dt = Loh (4.51) 


In practice, the zener diode which connects the drain and the source, as shown 
in Figure 4.7, effectively clamps Ups at some value Vz. Many modern power 
MOSFETS are designed so that the body—drain diode junction provides a controlled 
avalanche capability within the device itself, as described in Section 3.6.4. 
Otherwise it is important that an external zener diode be connected as closely as 
possible to the transistor, to prevent it from suffering an overvoltage. The third 
phase of turn-off may therefore subdivide into two parts. In the first part, the 
drain current and the drain voltage both vary. In the second part, should it occur, 
the drain voltage is clamped while the drain current continues to fall. In either 
case, this phase of turn-off ends when the drain current reaches zero, that is, after 
a time T>. 

In the final phase the drain and gate circuits are to some extent decoupled. The 
gate capacitance discharges, and Ug, exponentially approaches V,,; with a time 
constant tg. At that same time, a “ring” is set up in the drain circuit. At the start 
of this period Up's: > (Vpp + 0.7 V) and the transistor is orF. An oscillation is set 
up between the total drain capacitance Cp.5+ Cpq and the drain inductance 
Lp. This “ring” decays with a time constant that depends on the total resistance 
in the circuit—a factor we have hitherto neglected. The oscillation may be 
observed in the gate circuit by virtue of the ac current that flows through Cg-p.. 


4.3.2. The Delay Time 


During the first phase of turn-off, the equivalent circuit shown in Figure 4.19 
applies. Only the gate-source voltage varies, diminishing as 


Vas: = (Vou — Vor) exp(—t/T a) + Var (4.52) 
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| Voo 





Figure 4.19. Equivalent circuit for the first phase of turn-off. 


where tg = (Cg:s' + Carp: )(Rs + Ra), and the value of Cg.5: + Cop = C;,, is the 
enhanced value that applies when ug-p- > 0. 
This phase ends when vgs: = Vz + Jp/g¢. It thus takes a time tp given by 


Vou — Vor 


Tp = Tg la 
eds Vr + Io/8ts —- Vor 


(4.53) 


Typically, tp = Tg. 


4.3.3. The Rise of the Drain Voltage 


Once vgs reaches the value V,;+ 1,/g,, it is held there by the demands of the 
transistor and the circuit, while the drain voltage rises to Vpp + 0.7 V. During this 
period the equivalent circuit is the same as that shown in Figure 4.10, but with the 
gate supply voltage equal to Vg,. An analysis similar to that given in Section 4.2.6 
predicts a linear rise of drain voltage: 


Up's: = Kt (4. 54) 
where 


hy + 85(Vr — Vor) 


= 4.55) 
Cos + [1+ ga(Rs + Ro)lCoo Se 

This phase of turn-off ends when up.s: = Vpp. Thus, 
71 = Vop/K (4. 56) 


However, it must be remembered that Cp. decreases as Ups rises. We should 
therefore expect K to increase sharply as ups. exceeds vgs, and to continue 
rising aS Up's gets bigger. A better approximation to t, is obtained by subdividing 
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the period into two parts, in which K takes the constant values K, and K,, 
respectively. Then, 


_Vrth/gs | Von — (Vr + L/81s) 
(2 ee ee 


K, ra (4.57) 


4.3.4. The Fall of the Drain Current 


The drain voltage continues to rise above Vpp + 0.7 V. Usually it is clamped at 
some higher value Vz. For the moment we neglect this possibility and assume that 
Up’s can rise as the circuit dictates. The equivalent circuit is then that of Figure 
4.9, except that the gate supply voltage is now Vg, (<V;) rather than Voy. 
Analysis similar to that given in Section 4.2.3 leads to a differential equation 
equivalent to that of Equation (4.13). With the new boundary conditions, the 
solutions are as follows. If 


Veet > Tdev 


then 





ala 


| | 
Ug's' = (2 + Vr—- Vou) exp(- =) (cos o,t +——— sin w,t) +Vor (4.58) 
fs a 


where Tt, and w, are defined, as before, by Equations (4.15) and (4.16). Then 


ip = 8¢(Ua's: — Vr) 








t a 
= {ge(Vr — Var) + bl exp(- =} (cos @,t + a. sin w,t) — 85(Vr — Vor) 
(4.59) 
dva's: 
Ups = Vop +0.7V—- 8rLp 
t 1 \*7. 
= Vpp + 0.7 V + [4 (Vr — Var) + b|Lowa exp( - =\h1 + (— z ) sin wat 
(4.60) 
If 
Tot < Tdev 
then 
—t/T,) — Te —t/t. 
ee (2 + Ve—Vou) ie PC ee OS) Vo (4.61 
fs b” %e 
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and 


io = [aa Ve— Vo) +f] 2a) — Be Pe — (Ve Vou) (4.62) 


exp(—t/t,) — exp(—t/T, 
Up's: = Vop + 0.7 V + [gn(Vr— vot) + blLp Smet) OPT (4.63) 
b c 


For small arguments the sine, cosine, and exponential terms can be expanded, 
as in Section 4.2.5. This is usually valid. Then, both the sinusoidal and the 
exponential solutions approximate to 


2 





L 
ei 
lp = [g2(Vr ~ Vo.) + bl(1 a ——| — 8¢.(Vr — Var) (4.65) 
Tmtg: 
Iy t | 
Up's = Vop +0.7V+ (= + Vr a Vox) ad (4.66) 
Sts Tq 


This phase ends when ip = 0. Its duration is thus given by 


ee =( 2TmtG' lo )" 
> \ge(Vr - Vor) + Lo 


= (= Corn (Rs + Rad" 


4.67 
Iy/ 85 + Vr — Vor oro 
Att= T2; 
h T> 
Up's: = Vo+ = Vop +0.7V+ a Vr — Vou) = 
fs G’ 
2 + Vz — Ver)\'” 
=Vpp + 0.7V+ (Apel * Ve Yaw)) (4.68) 
G' 


If Up's: is clamped to a voltage Vz less than Vp-, this phase of the turn-off also 
divides into two parts. The rise to Vz takes a time rz given by 


Vz —(Vpp + 0.7 V) 


Tz = Te 
OES Ih 8%.+ Ve - Var 


(4.69) 


The drain current at this time, /p-, is obtained by substituting tz into Equation 
(4.65). Once ups is clamped, the equivalent circuit takes the form shown in 
Figure 4.20. With the voltage across Lp constant, the MosFET current falls to zero 
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Figure 4.20. Equivalent circuit for the period after V5, becomes clamped. 


at a constant rate: 


Vz-V, 
imos = ip- - +2 L ae t (4.70) 
D 


The current divides between that flowing normally through the device, ip, and 
that flowing in parallel through the zener diode, iz: 


imos = in + lz (4.71) 


The normal drain current follows the decay of vgs. towards Vg, as the gate 
capacitance discharges. This is exponential: 


Vas: = [Uq's(0) — Var] exp(—t/tg) + Vor (4.72) 


and it continues through into the final stage of turn-off. When up, is clamped, 
t=0 and vg s(0) = Vr + Ip-/g;, at the moment that vp, = Vz. The drain current 
is thus given by 


ip = [ge(Vr — Vor) + Joe] exp(—t/ To) — 868(Vr — Vor) (4.73) 


and it falls to zero in the time 


Tyo 
tz =T in(1 + 4.74 
_ 8ts(Vr ~ Vor) om) 


When vp,s; is not clamped, Equation (4.72) applies from the end of the period T2, 
with Ugis'(0) > Vr. 
The effect of any source inductance Lg is to force the potential of the source 
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itself (S’) to go negative during this phase of turn-off. There are several 
possibilities here, depending on whether the drain voltage is clamped, and if so, 
whether the zener diode is internal to the mMosreT or external. We examine just 
one case which gives a particularly simple analytical result. This is with an 
internal zener, where we assume that all the current, inos=iz+tip, passes 
through Ls. The rate of fall of inos can be seen from Equation (4.70) to be 
simply (Vz- Vop)/ Lo, so that 


Ugs = (Vz — Vop)Ls/Lp (4.75) 


It is most important that this voltage should not cause the absolute maximum 
gate-source voltage rating to be exceeded. 


4.3.5. The Turn-off Ring 


During the final stage of turn-off, as the gate voltage returns to Vg, in the way just 
described, an oscillation of the drain voltage usually occurs. We put ups: = Vp., 
at the start of this period. If the drain voltage has been clamped, Vp. = Vz. 
Otherwise, Vp- is given by Equation (4.68). The equivalent circuit is shown in 
Figure 4.21. We have included the component Rp to represent the resistive losses 
in the drain circuit. This is a simple LCR circuit, in which the drain voltage 
oscillates as 


Up's: = (Vop + 0.7 V) + [Vp« — (Vop + 0.7 V)] exp(—t/Ta) cos Wat (4.76) 


where 
Tq>= 2Lp/Rp . | (4.77) 
and 
1 Rp a 
== | ———— — | —— (4. 
oe le Crm _ ae) 





Figure 4.21. Equivalent circuit for the final phase of turn-off. 
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Figure 4.22. Turn-off waveforms for “fast” gate circuit. (a) vgs(t); (b) imos(t); (c) 
Up's-(t); (d) p(t). Lp = 1 4H (solid line), 100 nH (dashed line), 10 nH, (dotted line). 
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4.23. Turn-off waveforms for “slow” gate circuit. (@) Ugs(t); (6) imos(t); (c) 
Up:s-(t); (d) p(t). Lo = 100 nH (dashed line), 1 4H (solid line), 10 #H (dotted line). 
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with 


Cp La Cops: i Ce'p: | (4.79) 


4.3.6. Worked Examples 


Waveforms corresponding to the first three examples given in Section 4.2.7 are 
plotted in Figure 4.22. It is assumed that the drain voltage is clamped at 80 V. 
The value of Lp has no effect on the delay time (tp =5 ns) or on the rise of the 
drain voltage to Vpp (t,=10ns+6ns=16ns). Its effect on the fall of the 
current, on the other hand, is considerable. 

With Lp = 1 wH, we have t, ~340 ns, and the total energy dissipated is about 
140 uJ. Of this dissipation, 50 uJ represents the energy stored in the drain 
inductance (4L.p/@). Note that this compares with 25 nJ dissipated during turn-on 
(275 nJ when the energy in Cp,s, is included). 

With Lp = 0.1 uH, we have t. ~ 35 ns, and the dissipation is reduced to about 
14 uJ, of which some 5 yJ is the energy initially in Lp. Note that the turn-on 
energy in this case is 180nJ plus the 250nJ of Cp... Turn-off dissipation still 
dominates. 

With Lp = 10nH, ups, does not reach the zener breakdown voltage of 80 V, 
and there is a marked difference in its waveform above Vpp. The current now 
falls in some 6 ns, giving rise to about 4 uJ of dissipation, of which 0.5 uJ derives 
from Lp. The turn-on dissipation was estimated to be 2 uJ. In this case the “‘ring”’ 
on the drain voltage following the end of the conduction period is illustrated. In 
practice, we must expect the waveforms to be modified by source inductance 
during turn-off as well as during turn-on. 

Results of similar calculations, based on the higher-voltage circuit of Section 
4.2.7 with the slower gate drive supply, are shown in Figure 4.23. Now, 
Tp =37ns and t,=50+125=175ns. With Lp =10nH there is only a 5-V 
overshoot of Vpp and no ring. The current falls in 9ns, and the dissipation is 
90 uJ. With Lp = 100 nH there is a small ring, the current falls in 19 ns, and the 
dissipation is 110 uJ. With Lp =1u4H the drain voltage reaches the clamping 
voltage of 500 V in 34ns when the current is 2.3 A. It falls to zero in a further 
23 ns. The dissipation is about 160 uJ. With Lp = 10 wH, the total turn-off time 
extends to nearly 600 ns, and the dissipation increases to some 560 uJ. Of this, 
4.5/2 = 80 uJ. These and the earlier results are summarized in Table 4.1. 


4.4. GATE CHARGE 


The nonlinearity of the parasitic capacitances, and the often incomplete data on 
their variation over the full range of relevant voltages, make gate circuit design by 
conventional methods exceedingly difficult. To overcome this problem it has 
become standard practice to specify the total gate charge Q, that has to be 
supplied in order to establish a particular drain current under given test 
conditions. Data sheets normally divide the total charge into that required to 
charge the gate-source capacitance, Q,,, and that required to supply the 
gate—drain or Miller capacitance, Q,g. The merit of the gate-charge parameter is 
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TABLE 4.1. Turn-on and Turn-off Parameters 





50-V, 10-A Circuit with Fast Gate, Rs +Rg=10Q 











Turn-on Turn-off | 
_—  - COFSéTT tcl 
Ly Ls Time Energy’ Time Energy’ Energy 
1 uH 0 215 ns 270 nJ 356 ns 90 + 50 uJ 140 uJ 
0.1 nH 0. 25 ns 430 nJ 52 ns 9+SuJ 14.5 pI 
10 nH 0 (36 ns 2.2 pJ) 22 ns 4+0.5uJ (6.7 uJ) 
10 nH 10 nH 67 ns 12 pJ 22 ns 4+0.5uJ 16.5 uJ 
De Oe ee re, Vee ee aR Ae es 
Turn-on Turn-off | 
oe Total 
Lp Time Energy* Time Energy’ Energy 
10 nH 293 ns 36 ps 600 ns 480 + 80 wJ 596 uJ 
1 uH 293 ns 116 pI 232 ns 152 +8 uJ 276 pS 
0.1 wH 293 ns 156 uJ 194 ns 109 + 0.8 uJ 266 uJ 
10 nH 293 ns 176 uJ 184 ns 90 + 0.08 uJ 266 pS 





* Includes 250 nJ stored in Cp.g, at the start of turn-on. 
’ The second term is the energy stored in Ly at the start of turn-off. 
© Includes 16 uJ stored in Cy... at the start of turn-on. 


that it is relatively insensitive to the drain current and the precise circuit 
conditions used, and quite independent of temperature. It permits a very simple 
design methodology for obtaining any desired switching time, and it enables the 
total charge and the total energy required to be estimated easily. The resulting 
mean current and mean power needed from the gate circuit can then be obtained 
simply by multiplying by the operating frequency. 


A schematic representation of the test circuit is given in Figure 16 of Appendix 
7. The use of effectively constant-current sources for the supplies to the gate and 
drain greatly simplifies the turn-on transition, as can be seen in Figure 11 of 
Appendix 7 and Figure 4.24. In particular, the inductances Lp and Lg in the 
equivalent circuit for the device under test can be neglected. Initially the device 
under test is OFF with the full line voltage applied across drain and source. At 
time zero, the gate current is switched into the device. With J, maintained 
constant, Cgs and Cgp are charged at a constant rate, 


dves _ Ig 
dt Cos+ Cop =) 


Since Ups is high, usually 80% of its maximum rated value, Cen « Cgs, and this 
initial period is essentially characteristic of Cgs. 
When uggs reaches Vy, the MosFET under test -enters its active region and its 
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Figure 4.24. Waveforms during gate-charge test. (a) constant gate current; (b) gate— 
source voltage; (c) drain current; (d) drain—source voltage. 


drain current starts to rise, with vgs, and therefore also at a constant rate: 
ip = 8,(UGs — Vr) | (4.81) 


The rise of vgs is unaffected and continues until ip = h, the value set by the 
control MosFET. At this point the drain voltage of the device under test starts to 
fall. With ip = J= constant, vgs = Vr + b/g, = constant. So the constant gate 
current discharges the Miller capacitance Cgp at a rate given by: 


dups ae ta_ 
dt Cop | Ce) 
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AS Ups falls, Cgp increases and dup,/dt decreases. This can be seen in Figure 
4.24. 

Once the drain voltage has fallen to its on-state value, the gate voltage 
resumes its constant upward rise for as long as the gate current continues. The 
rate of rise is lower than it was at first, because of the higher value of Cgp. 

Because J, is constant, the plot of gate voltage against time shown in Figure 
4.246 is identical to a plot of gate voltage against gate charge, Q, =Igt. This is 
indicated along the horizontal axis. If .,=1mA, each microsecond corresponds 
to 1nC of gate charge. The period +t, represents the gate-source charge, 
Q,, =1qt,, and tz the gate—drain charge, Q,4 = Ig. 

Of course, in real gate-drive circuits the current is not constant, but this has 
only a second-order effect on the overall gate charge Q, needed in any particular 
case to raise Vas from Vo, to Voy. This normally includes a margin over the 
minimum charge Q, needed to switch on the transistor. Likewise, Q, and Q, are 
only slightly sensitive to the initial value of vps. The effects of different, constant 
drain currents and initial voltages are shown in Figure 4.25, where it can be seen 
that changes in J, affect Q,, and changes in Vpp influence Qua: 

The circuit designer can develop a drive circuit that deposits the total charge 
Q, onto the gate within the required switching time. The total energy delivered 
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Figure 4.25. Variation of gate voltage with gate charge (time). (a) Effect of drain current; 
(b) effect of initial drain—source voltage. 
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by the gate drive supply is VoyQr, sO the gate power consumption is VouOr f, 
where f is the switching frequency. 


4.5. LIMITATIONS OF THE POLYCRYSTALLINE SILICON GATE AT HIGH 
FREQUENCY 


Rapid voltage transients applied to the gate contact have to charge and discharge 
the gate capacitance. The charging and discharging currents have to flow through 
the significant sheet resistance of the polycrystalline silicon layer. As a result, 
they are subject to propagation delays and degradation as they travel to the more 
remote regions of the gate. This means that some care has to be taken over the 
layout of the gate vias, in order to ensure that no part of the gate is more than 
some minimum distance from the nearest via. Otherwise the turn-on of the more 
remote cells would be delayed significantly. 

The complex shape of the gate web makes precise calculation difficult, but it is 
instructive to consider what happens in a long, rectangular length of poly-Si, 
having a low-impedance contact along one end. The situation is illustrated in 
Figure 4.26. The resistance per unit length of the poly-Si is given by r= p/td = 
R,/d, where p is the bulk resistivity, d the width, and ¢ the thickness of the layer. 
A typical value of the sheet resistance, R,=/t, is 30 Q/square. The capacit- 
ance of the gate is assumed to be dominated by the capacitance through the gate 
oxide to the silicon. The capacitance per unit length, c, is given by c= 
Ep€ox4/tox = Coxd, where €o€,, is the permittivity of the gate oxide and £,, is its 
thickness. Thus, for f,, = 100 nm (1000 A), C,, = 3.45 x 10~* F/m? and 


rc = R,Cox = 30 X 3.45 X 107* = 0.01 s/m? (4.83) 


For a length /=1mm, the time. constant /?7c=10ns. Note that this is 
independent of the width d. It is not, however, the characteristic charging and 
discharging time constant of that length of gate. That would imply that all the 
capacitance charging current had to flow through all the resistance, an overpes- 
simistic assumption. 

A fluctuating voltage, applied to the end of the poly-Si, propagates along it 
according to the diffusion equation. The situation is identical to the variation of 
temperature along an insulated rod, heated at one end. Consider an elementary 
section of the poly-Si, of length 6x, at position x, as shown in Figure 4.26. It may 
be modeled by the equivalent circuit shown in Figure 4.26c. The relationships 
between the voltages and the currents are: 


ou ee 
re bx = —i(x)r dx (4.84) 
di au | | 
3, = aS Ox (4.85) 
Therefore, ‘32 _ 
st (4.86) 
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and dv 1 ov 
=F = a ae (4.87) 


For an infinite length of poly-Si, excited from one end, the solutions are 
straightforward. With the voltage initially zero everywhere, a step change from 
zero to Vo at x = 0 at t = 0 leads to a subsequent distribution given by 


x 
2(t/rc)? 





u(x, t) = Vo erfc (4.88) 


where erfc(y) = (2/Vz) S » exp(—¢’) dt is the complementary error function. This 
step response is shown in Figure 4.26d. There is an initial delay, a relatively rapid 
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Figure 4.26. Propagation of voltage along a polycrystalline silicon gate finger. (a) Plan 
view of gate finger; (b) section; (c) equivalent circuit; (d) step propagation; (e) sine-wave 
attenuation. 
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Figure 4.26. (Continued). 


rise during which the gate voltage normally crosses the threshold voltage, and 
lastly, a very gradual approach to the final value Vo. 

When a sinusoidal voltage of amplitude V(0) and frequency f is applied to the 
end at x =0, the voltage fluctuations decay with distance as 


V(x) 


V(0) 





= exp[—x(arcf)"7] (4.89) 
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The amplitude is reduced by a factor of V2 when x(arcf)"? =0.35. With the 
values quoted in Equation (4.83), this corresponds to a distance of 1mm at a 
frequency of 11 MHz. 

In practice, in most cases, the polysilicon is excited from both ends. This can 
be seen in the plan view of the HEXFET™, shown in Figure 3.10. The gate vias 
are rather less than 1mm apart. The actual spacing ought to be multiplied by 
2/3 to allow for the angled path between the hexagons, so an effective value of 
1 mm for the spacing / between the ends is reasonable. Solutions are rather more 
complicated [4], but the ratio of the amplitude at the midpoint to that at the ends 
when a sinusoidal voltage of frequency f is applied is 


VQ@b 


V0) = V2 (cosh £ + cos £)~¥ (4.90) 


A= 





where 


§ =I(arcf)? (4.91) 


This frequency response is shown in pee 4.26f. The voltage at the centre is 
less than the applied voltage by the factor 1/ V2 when € =2.2. For small 6, A 
varies as 1 — (£*/48). Thus, the points furthest from the gate vias rapidly cease to 
be effective as £ exceeds 2, that is, as f exceeds 4/z/?rc. With the values / = 1 mm, 
R, = 30 Q/square, and C,,=3.45 x 10~* F/m’, this i to frequencies 
exceeding about 100 MHz. 


SUMMARY 


The transit-time-limited switching speed of vpMos Frets is less than 0.1 ns. In 
practice, switching is limited by circuit and parasitic capacitance and inductance. 
During the turn-on and turn-off transitions, the transistor may be assumed to be 
in one of three states: ACTIVE, ON, Or OFF, and can be modeled by the very simple 
transfer characteristic shown in Figure 4.1. Additional energy, proportional to the 
transition time, is dissipated in each turn-on and turn-off operation. The additional 
power dissipated is proportional to the switching frequency. 

Each turn-on and turn-off transition may be divided into four periods. They are 
illustrated in Figures 4.8 and 4.18. For turn-on there is an initial delay while the 
gate voltage rises to V;. This is followed by periods when the drain current rises 
and the drain—source voltage falls, when either J, completes its rise or Vps its fall, 
and when Vgs completes its rise to Vgy. During turn-off there is a delay while Vos 
falls to the level needed to maintain the drain current. In a clamped inductive 
circuit the drain voltage then rises above the supply voltage. Next Jp falls while 
Vos remains above Vpp, possibly clamped by avalanche breakdown in the 
body—drain diode or by an external zener diode. Finally, there is usually a 
damped drain-circuit oscillation while the gate voltage decays back to its lower value. 
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Turn-on and turn-off are both speeded by the use of a “‘fast’’ gate circuit that 
is, one in which the gate supply impedance has a low value. A “slow” drain 
circuit, in which Lp is increased, reduces the turn-on time, but increases the 
energy dissipated during turn-off. | 

Analysis of the transitions is complicated by the nonlinearities of Cg and 
Cog‘p aS Ups varies. However, the gate charge needed to turn on the transistor is 
insensitive to the current being switched and to the precise waveforms. This 
parameter is given on data sheets and makes gate-drive circuit design quite 
straightforward. 

A layout of the gate vias that minimizes the polysilicon path lengths is crucial if 
the whole transistor is to be activated in high-frequency operation. For efficient 
operation above 50 MHz, the gate vias must be less than 1 mm apart. 
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ME CHAPTER 5 





Fabrication and Reliability 


5.1. FABRICATION 


5.1.1. A Standard Process for n-Channel Devices: — 


Most vpMos FETs are fabricated in processes involving several deposition, 
implantation, and diffusion stages, and some five or six separate masking steps. 
The photolithography should permit a 2- to 3-4m minimum line width to be 
defined. This means that whole-wafer proximity printing may be used, together 
with chemical (wet) etching methods. A number of more modern device designs 
utilize a smaller cell size, and so demand a finer geometry. This is particularly 
true for devices intended for low-voltage applications. For these, the difficulty of 
maintaining the required definition and registration tolerances over the whole 
slice is overcome by the use of a step-and-repeat masking process. A mask 
covering a single device or a few devices only, is projected onto the photoresist, 
usually with a X10 reduction, and progressively stepped across the whole wafer. 
This technique has to be used when larger diameter slices (6 in. rather than 4 in.) 
are used to increase throughput. Likewise, plasma (dry) etching techniques are 
then needed in order to avoid undercutting and lateral spread during etching. For 
a comprehensive review of all aspects of fabrication technology, the reader is 
referred to Ref. 1. | 

As was made clear in Chapter 1, vpmas Fets are fabricated on (100)-oriented 
slices. The slice thickness has to be chosen with some care. Heat dissipated in the 
active parts of the device has to be removed through the full thickness of the 
substrate. The thicker the slice, the greater is the thermal resistance of the final 
device. However, too thin a slice will lead to breakages during manufacture and a 
lower yield, particularly with larger-diameter slices. Typically, slice thicknesses 
between 250 and 500 um (10-20 mils) are used. The slice thickness also adds to 
Rpscony- However, heavy doping with phosphorus ensures that the resistivity is 
low. Typical values exceed 10% atoms/m? (10'*cm~), giving 2x 10-4 Qm 
(0.02 22 cm), or less. 

After the normal cleaning and polishing routines, the first step is to grow the 
n-type epitaxial layer in which the device will be formed. Ideally this should be 
defect-free. Its thickness and doping level are determined by the intended voltage 
rating of the transistors. For 50-V devices, as little as 10 um of material may be 
deposited. The resistivity would then typically be about 0.01Qm (1Qcm), 
corresponding to a phosphorus doping level of about 5 x 107? m= (5 x 105 cm’). 
The thickness and resistivity of the epitaxial layer increase as the voltage rating 
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increases. For 500-V devices, the thickness is more likely to be 50 um and the 
resistivity 0.2@m (20cm). The corresponding phosphorus concentration is 
2x 10% m7? (2 x 10* cm~’). 

The surface is oxidized for the first masking process. This defines the p-type 
wells that in the final device connect the channel regions back to the source 
contacts. It also defines the p-type regions that will underlie the gate vias and the 
bonding pads. Similar p-type regions form the guard rings for the high-voltage 
structure around the periphery of the chip. Windows are etched through the 
oxide, and some 10" boron atoms per square meter (10'* cm~’) are implanted at 
low energy (<10 kV) and then diffused in to form a junction at a depth of about 
5 zm. In an optimized process, some compensation has to be made for the doping 
level of the epilayer. The sheet resistance is typically about 200 Q/square. During 
the high-temperature treatment, some outdiffusion of dopant from the substrate 
into the epilayer occurs. 

The surface is left oxidized for the second masking sequence, which is the 
reverse of the first. All the oxide, except that covering the p-type wells, is 
removed. The slice is then ready for a high-energy (>100kV) implant of 
phosphorus, everywhere except into the p-type wells. The situation is illustrated 
in Figure 5.1(a). Some 10°° to 10’” atoms per square meter are implanted (10' to 
10? cm~*). This gives enhanced conductivity to what will become the drain drift 
regions under the gate oxide. 

Growth of the gate oxide is the next stage. The surface is cleaned, except for 
the thicker layer of oxide that covers the p-type wells. It is then subjected to a dry 
thermal oxidation, giving a uniform film of high-integrity silicon dioxide, some 50 
to 100 nm thick. Onto this, some 0.5 um of polycrystalline silicon, heavily doped 
with phosphorus, is deposited. This will form the gate web. Its sheet resistance 
is usually in the region of 30 Q/square. Next, a layer of oxide is deposited over 
the whole surface by low-pressure chemical vapor deposition. This will form the 
mask for the subsequent, self-aligned diffusions. A cross-section through the 
device at this stage is shown in Figure 5.1b. 


The third masking process defines the pattern of cells, hexagonal or square, 
that covers the active area of the device. The cells are centered on the 
previously formed p-type wells, which still carry their caps of oxide. The regions 
within the cell areas are etched down to the silicon surface, except for the thicker 
oxide covering the p-type wells. At the same time, fingers of the polycrystalline 
silicon layer are defined for the gate vias, as are annular rings around the 
periphery of the chip which will form part of the guard ring structure. This stage 
is shown in Figure 5.1c. 

The slice is now ready for an implant of about 10° boron atoms per square 
meter (10'* cm~’). This is normally carried out at about 50 kV, and is followed by 
a drive-in diffusion for up to 1 or 2 hours at around 1200°C. This forms a pn 
junction with the n-type epitaxial layer at a depth of some 2 to 3m. The 
junction extends about 24m under the edge of the mask, because of lateral 
diffusion. It is this region immediately under the gate oxide that forms the 
channel region of the ret. Note that the high-temperature treatment drives the 
earlier phosphorus implant deeper into the epitaxial layer, and causes further 
outdiffusion of the substrate dopant. 

Any thin coating of oxide formed on the exposed silicon surface is cleaned off, 
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Figure 5.1. A typical processing sequence for a power MOSFET. (a) Section through the 
device after epitaxial growth and p and n implants; (b) following the growth of the gate 
oxide and the deposition of the poly-Si gate; (c) following the etching of the cells and the 
definition of the gate web; (d) after two self-aligned diffusions have defined the channel 
region; (e) following the etching of the contact windows; (f) the finished device. 
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and the slice is exposed to a short phosphorus diffusion, typically for about 
30 minutes at about 950°C, through the same windows. This forms what will 
become the source regions. The surface concentration is high, and a relatively 
abrupt junction is formed at a depth of about lum. The junction extends rather 
less than 1 wm under the edge of the oxide mask. 

We have now formed the basic transistor. The channel is defined by the two 
pn junctions, each following the edge of the mask. The fact that both ends of the 
channel are defined using the gate structure as a mask ensures precise alignment 
of gate and channel and accurate control of the channel length. This is the 
essence of the self-aligned process. The situation at this stage is shown in Figure 
5.1d. 

All the oxide formed during the previous processing (except the gate oxide, 
which is masked by the poly-Si) is removed using hydrofluoric acid, and a new, 
thin layer of oxide is grown over the whole surface. Onto this a thicker layer of 
phosphorus-doped silicon dioxide is deposited. This can easily be made to reflow 
and so form smooth glassy contours over the edges of the polycrystalline silicon. 
This aids the continuity of the subsequent metallization stages. 

The fourth mask defines windows for the source contacts. These windows are 
etched down to the silicon surface, as shown in Figure 5.le, and aluminum is 
evaporated over the entire top surface of the wafer. At the same time windows 
are etched down to the polycrystalline silicon layer over the gate vias, so the 
aluminum contacts there as well. The fifth mask enables the aluminum to be 
etched, so as to separate the main source contact from the gate contact and also 
from the field rings at the chip periphery. After removal of the photoresist, a final 
layer of phosphosilicate glass is deposited over the whole wafer for protective 
purposes. A section through the device at this stage is shown in Figure 5.1f. A 
sixth mask is used to define windows which are etched through the glassy layer 
down to the aluminum of the source and gate bonding pads. 

The individual MosFETs are now fully formed. A drain contact is made, for 
example by evaporating chromium, nickel, and silver layers onto the rear of the 
wafer. The individual chips are then each probe-tested. The wafer is scribed and 
broken, and the chips separated, cleaned, die-bonded, and connected. 


5.1.2. Process Variations 


In the previous section, we have described what may be thought of as a standard 
process for the fabrication of vpMos FETs. Each manufacturer has proprietary 
variations. Some processes are more complex than the one described, making use 
of the full range of techniques developed for visi, in particular, plasma etching 
and step-and-repeat photolithography. They may employ as many as eight masks. 
Others aim at greater simplicity and lower cost. One manufacturer has introduced 
[2] a four-mask process with an interdigitated (noncellular), aluminum-on- 
polysilicon gate. This has been optimized for high-voltage (500 V), high- 
frequency applications. Another manufacturer has described [3] a very different 
interdigitated design, intended to maximize gate width and minimize oN 
resistance in a low-voltage device. This process applies the technology of visi to a 
development of the vvmos device. We give a brief account, next, of each of these 
very different designs. 
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Figure 5.2. Cross-section through the active region of a metal gate device. 


The first process aims at achieving a high yield from a simple process with low 
masking tolerances and a reduced sensitivity to defects. It achieves the required 
ratings by employing a larger chip area. While this is more costly in raw material, 
it brings the immediate benefits of lower on resistance, lower thermal resistance, 
and lower current density. A cross-section through the active region is shown in 
Figure 5.2. The two main novel features can be clearly seen. The source—body 
contact fingers lie at the bottom of trenches etched through the source. diffusion 
and into the body region. This removes the need for the p~ diffusion, while 
minimizing the effect of the parasitic bipolar transistor. Because the source metal 
does not overlie the gate, Cgs, and therefore C;,,, are reduced. The polycrystalline 
silicon gate fingers are overlaid with aluminum metallization. This reduces the 
gate turn-on propagation delay, and ensures that at high frequency all parts of the 
transistor are fully activated. Only one of the masking steps is critically aligned, 
compared with the conventional process where the first four masks are each 
critical in their alignment. The electrical characteristics of the device ‘are: 
BVopss = 500 V, lb = 16 A, Rpscon) = 0-3 Q, Ciss =2 to 2.5 nF, Q, = 55 to 75 nC. 

The second design is shown in plan and cross-section in Figure 5.3, and an 
outline of the process sequence is illustrated by Figure 5.4. The devices are 
formed in an 8-um-thick, phosphorus-doped epilayer of resistivity 0.006 Qm 
(0.6 22cm). This is grown on an antimony-doped substrate of resistivity less than 
6x 107° Qm (6mQcm). A boron implant and diffusion forms the body region, 
with the junction at a depth of about 4 um. This is followed by an implant and 
diffusion of arsenic to form the source with a junction depth of 0.4 um. Thin films 
of silicon dioxide and silicon nitride are deposited, then a thicker layer of oxide, 
as shown in Figure 5.4a. Rectangular grooves are then cut to a depth of 2.5 um, 
by reactive-ion etching, and after cleaning the surface, the 50-nm-thick gate oxide 
is grown, as in Figure 5.4b. A polycrystalline silicon layer 0.5 um thick and 
heavily doped with phosphorus is deposited next, and its surface is oxidized. This 
is followed by a deposition of a second layer of poly-Si, this time undoped, which 
fills the grooves and leaves a planar surface, as seen in Figure 5.4c. This is etched 
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Figure 5.3. A very high-packing-density device. (a) Plan view; (b) cross-section. 
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Figure 5.4. Processing sequence for the device shown in Figure 5.3. (a) After epitaxial 
growth, p and n diffusions, and the deposition of insulating layers; (b) etched rectangular 
grooves; (c) poly-Si infilling; (d) poly-Si etch; (e) local oxidation; (f) the final device. 


back to the nitride layers, again using a reactive-ion etch. These then act as a 
mask for a local oxidation of the poly-Si of the gate fingers, as in Figure 5.4d and 
e. The nitride and gate oxide are removed from the surface of the source, and an 
aluminum contact layer is evaporated everywhere, as shown in Figure 5.4f. The 
entire gate and channel structure is self-aligned with a single mask. As a result it 
is possible to fabricate the gate grooves on a pitch of 4m. This gives a gate 
width per unit area of 0.5 m/mm’ and a value of 0.14 Q mm? for RpgconyA. The 
electrical characteristics of a device of total area 3.8 xX 4.0mm are BVpgss = 32 V, 
Rypscon) =9 mQ, &ts = 62 S, Ciss = 6.4 nF, = 50 ns, (= 200 ns. 


§.2. QUALITY AND RELIABILITY 


5.2.1. Introduction 


The vpMos FET has been designed from the outset as a highly reliable component 
with a high manufacturing yield. We distinguish the terms quality and reliability as 
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follows: 


Quality is imversely related to the proportion of defective or out-of- 
specification parts at the time of shipment. Statistical sampling methods are 
used to enable the supplier to monitor the outgoing quality level (oaz). 
Power MOSFETs can achieve an assured electrical outgoing quality level with 
fewer than 40 defective parts per million (aoat < 40 ppm). This is obtained 
by rigorous monitoring and control of the incoming materials and the 
process and assembly at every stage, and by the careful screening of 
individual components. At this level of AoaL, individual device inspection 
by the purchaser is likely to be counterproductive, in that the extra handling 
involved may well introduce more defective components than it finds. 

Reliability measures the capability of the device to perform as specified over an 
extended operational lifetime. In common with suppliers of other semicon- 
ductor components, power-MosFET manufacturers have attempted to quan- 
tify the reliability of their products under the conditions likely to be 
experienced in normal operation. For this to be of use to the design 
engineer, reliable data on failure rates have to be presented in such a way 
that they can readily be related to a wide range of possible operating 
conditions. In order to achieve this, the most likely modes of failure have to 
be identified, and a precise definition of what constitutes a failure has to be 
made. This is usually quite straightforward, and involves a particular 
parameter such as leakage current or Rysion) going outside specification. To 
obtain these data on a reasonable time scale and at reasonable cost, some 
means has to be found to accelerate the degradation and failure processes. 
Otherwise, the information would take so long to acquire that, before it was 
available, the device would likely to be obsolete. For this information to be 
reliably extrapolated to normal operating conditions, the physical causes of 
each mode of failure have to be understood. This enables one or more 
significant stress parameters, such as temperature or electric field, to be 
isolated. Next, a physical law relating the failure rate to a particular stress 
parameter has to be established. Finally, the validity of the law is tested, 
and the data required by the user obtained in accelerated life tests carried 
out under overstressed conditions. For the results to be statistically 
meaningful, tests have to be made on a large number of devices. Then 
confidence levels can be assigned to each predicted lifetime. _ 


In the next section we give a brief review of the terms used in assessing 
reliability. Later we go on to examine the principal causes of vpmos failure. 
Practical aspects of the reliability of power MOsFETs are discussed further in 
Chapter 17. | | 


5.2.2. Basic Reliability theory 


A plot of the failure rate against time, for many components, follows the classic 
bathtub curve. This is shown in Figure 5.5. The instantaneous failure rate is the 
sum of three components. At early times the failure rate is high. This is caused by 
devices that are slightly defective in some way, but which still meet the device 
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Figure 5.5. The “bathtub” curve. 


specification initially. They are thus sent out as good devices, but the defect 
causes a rapid change in some parameters, so that they are soon out of 
specification. They are known as infant mortalities. They can often be isolated by 
subjecting all components to a period of burn-in, that is, a short test at high 
temperature and sometimes with other imposed stresses such as high voltage or 
high current. It is, of course, important that the burn-in should not itself induce 
new defects and significantly accelerate the ultimate failure of good devices. One 
of the great benefits of having readily available and reliable life-test data on 
components is that the equipment manufacturer is relieved of the trouble and cost 
of running a burn-in schedule, with all its attendant risks. | 

Throughout the life of the component, failures may occur randomly, for no 
correlated or clearly ascribable reasons. It is often assumed that during the main 
period of the life of many components this is the dominant failure mode. The 
failure rate is taken to be constant and to depend on the level of stress imposed. 
Under conditions of low stress it may be very low indeed, and then, this period 
may last for many millions of hours. Really, a random failure phase is most likely 
to be observed in a complex system in which failures result from many 
independent and individually unlikely causes. Most causes of failure in a single 
component, after infant mortalities have been screened out, are associated with a 
wearout mechanism. Any observed period of apparently constant failure rate is 
likely to be at best an approximation, and coincidental. 

Following any period of random failure comes the final period of wearout 
failure. The failure rate rises as physical and chemical degradation processes 
accelerate, until finally no good components remain. | 
. It is necessary to define some terms which can be applied to a population of 
components subjected to life test. The reliability R(t) represents the probability 
that a component survives to the time ¢. The probability that the component fails 
sometime during the period ¢ to ¢ + dt is f(t) dt, where f(t) is known as the failure 
probability density function. The probability that the component fails sometime 
during the period ¢ to t+ dt, given that it survives to the time t, is A(t) dt, where 
A(t) is known as the failure rate. It is A(t) that.is plotted in Figure 5.5. Clearly, 
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Other relationships between these parameters may easily be derived. The 
probability of failure during the whole of the period from the start of life to time ¢ 
is given by 


{ ‘Ff dt=1-R}=F() (5.2) 


where F(t) is known as the cumulative failure probability function. Note that 
F(0)=0, R(O)=1, F(~)=1, and R(~)=0. Differentiation of Equation (5.2) 
shows that 


~—dR 
16 eas | (5.3) 
And substituting Equation (5.3) into Equation (5.1) gives 


—dR/dt 
R(t) 





A(t) = (5.4) 


Integration of Equation (5.4) gives: 


R() = exp (-[ 4@ at) _ (55) 


The relationship between these parameters for a component that follows the 
“bathtub” curve is illustrated in Figure 5.6. 

During any random failure period, when the failure rate A is constant, 
R(t)=e"™, F(t)=1—e™™, and f(t) =Ae~™. It is only during a period when A is 
constant that it is helpful to the user for the failure rate of a component to be 
specified. When this is possible, the failure rate is usually measured in units 
representing one failure per 10° device hours. These are known as failure units, 
or Fits. Sometimes percentage failures per 1000 hours are quoted. Note that a 
failure rate of 1% per 1000 hours corresponds to 10* rrrs 

The lifetime (t), or the mean time to failure mrrr, is defined as 


(t) = | if (t) det 6.6) 
and the standard deviation o about the mean lifetime, is given by 
=| eC @ ars | Af at (ey? 6.7) 


It is easily shown that when A is constant, (t) =a@=1/A. The term mean time 
between failures (MrsF) is often used for (t), although really this is best applied to 
a system containing many suey ee. or components that are repaired or 
replaced on failure. 
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5.6. Variation of the failure parameters during life when failure follows the 
“bathtub” curve. (a) Failure rate A(t); (b) failure probability density function f 
(c) cumulative failure probability function F(t); (d) eine function R(t). 


In many instances, the cumulative failure function for semiconductor devices 
follows a lognormal distribution. The implication of this is that failure is the 
random consequence of the product of a number of independent factors. It is 
perhaps better to think of it as occurring with a probability proportional to the 
exponential function of the sum of many independent events. As these events 
result from the operation of the component, this is essentially a wearout 
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mechanism. The failure probability distribution function takes the form 


F(t) = (220)%(08)-* exp(—EewIT ) (5.8) 


In Equation (5.8), t, is the geometrical mean of the failure times and is also the 
median lifetime, that is, the time at which 50% of the components will have 
failed. The factor s is sometimes called the dispersion. It represents the range of 
lifetimes about their mean value (t), which is given by: | 


(t) = ty exp(s*/2) | (5.9) 


In Figure 5.7, we have plotted the various failure functions for a typical 
lognormal failure distribution. In Figure 5.7c, it can be seen that a graph of 
f(t) versus Int gives a normal or Gaussian distribution. The integral of this 
distribution, shown in Figure 5.7d, can be transformed into a straight line by the 
use of the so-called probability scale for the ordinate, as shown in Figure 5.7e. 
The validity of the lognormal distribution function can be established by 
recording the times of successive failures in this way. The fraction of the total 
population of devices under test that have failed is recorded on a normal 
probability scale, against time plotted on a logarithmic scale. Once the straight 
line is established, the median lifetime and the dispersion can easily be 
determined. 

When the life test is carried out on a small sample from the total population of 
components, the supposition is that the distribution of the samples is repre- 
sentative of that of the whole population. However, let us say that we test a very 
small sample of ten components. When the first one fails, we might at first sight 
presume that this time is representative of the time to failure of 10% of the 
population. This is unduly pessimistic, because it is most unlikely that all 10% of 
the population would have failed by this time, had they all been put on test. 
There are methods available to correct for this. One that is quite accurate and 
easy to apply is known as Bernard’s method. The ith failure out of a sample of n 
is regarded as representing the fraction (i — 0.3)/(m + 0.4), rather than i/n, of the 
total population. This is what should be plotted on the ordinate scale of Figure 
5.7e. 

In general, knowledge of the median lifetime of a component is of little value 
to an equipment designer. Much more important is to know the likely time to the 
first failure among the many components used in a given system. When a 
lognormal failure distribution is established for a sample of these components, an 
estimate can be made of the likely time to failure of, say, the first 0.1% of 
components. Furthermore, depending on the sample size used, confidence limits, 
expressing the probability that such an estimate is representative of the whole 
population, can be calculated. 

Many of the degradation processes in semiconductors involve the formation of 
dislocations and other crystal defects, or the diffusion and aggregation of 
impurities. All of these are thermally activated processes, having a characteristic 
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Figure 5.7. Variation of the failure parameters during life when failure follows the 
lognormal distribution. (a) Failure rate A(t); (b) failure probability density function f(t); 
(c) f(t) versus time plotted on a logarithmic scale; (d) cumulative failure probability 
function F(t) versus time plotted on a logarithmic scale; (e) F(t) podes on a normal 
probability scale, versus time plotted on a logarithmic scale. 
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activation energy, E,. They are enhanced by an increase in temperature, 
according to the law of Arrhenius [4]: 


rate of activation « exp(—E,/kT) (5.10) 


The time required for a sufficient number of such events to produce a condition of 
failure is thus proportional to exp(£,/kT), and it follows the lognormal distribution 
function. This can be established by plotting the median lifetime (or some other 
characteristic time) on a logarithmic scale versus the reciprocal of the absolute 
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Figure 5.8. An Arrhenius plot: a graph of the median time to failure, plotted on a 
logarithmic scale, against the reciprocal of the absolute temperature. The graph shown 
corresponds to the example given in the text, namely, the activation energy is 1 eV and the 
median life at 227°C is 1000 hours. 
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temperature, as shown in Figure 5.8. The slope of the line is governed by the 
activation energy, which in some instances can be determined independently. 

Establishing the value of E, with a degree of confidence is the basis of the use 
of high temperatures to accelerate life testing. To give an example, if E, is 1 eV, 
the lifetime is proportional to exp(e/kKT) = exp[(11,602 K)/T]. The expected life 
of a device run at 500 K (227°C) is shorter than that of one run at 400 K (127°C) 
by a factor of exp[11,602(1/400 — 1/500)], that is, by a factor of exp(5.8) = 330. 
Provided that the same failure mechanism is dominant at both temperatures, a 
median lifetime of 1000 hours measured at the higher temperature leads to a 
predicted median lifetime of 330,000 hours (37% years) for a device run at the 
lower temperature. 


5.2.3. The Main Causes of vpmos Failure 


Device failure, as with most semiconductor devices, is usually the result of faulty 
circuit design causing one or more of the device operating limits to be exceeded. 
Particularly vulnerable periods occur during the switching of inductive circuits, 
when overvoltage or overrapid reapplication of voltage (excessdV/dt during 
diode recovery) may occur. The most common causes of failure resulting from 
such misuse are: 


1. Gate short, usually caused by excessive voltage applied to the gate, either in 
circuit or during handling (electrostatic discharge). 

2. Safe-operating-area failure, caused by one or more excessive thermal 
transients, or by poor heat-sinking. 

3. Avalanche failure, when excessive avalanche current is drawn during 
unclamped inductive switching. 


4. Fused leads, following excessive transient overload current. 


Failures that may develop during long periods of normal use at or near to the 
specified limits of the device operating conditions usually take one of the 
following forms: 


1. Gate failure. The gate leakage current increases, and eventually the 
transistor becomes stuck in the On state, leading to a catastrophic circuit 
failure. 


2. Drain-source leakage increase. The transistor becomes overheated and 
thermal runaway ensues. : 

3. Connection failure. Thermomechanical fatigue or corrosion at a wire bond, 
or at the die bond, leads to a rise in the thermal impedance Rp, or in 
Rpscony, and hence in dissipation. 


In each case the most likely symptom of approaching failure is a gradual increase 
in the device temperature, with the attendant risk of thermal runaway during 
onerous operating conditions. 

The underlying physical causes of these progressive failures mechanisms are 
conveniently divided into those associated with the die and those associated with 
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the packaging. Two die defects are the most common. The first is the electric field 
distortion brought about by the accumulation of polar molecules and ionic 
contaminants in the passivation of the high-field region, in particular the field 
rings around the periphery of the chip. The second is the growth of defects in the 
gate oxide. These usually take the form of voids or inclusions. Several 
mechanisms that cause failure in other types of semiconductor devices do not 
arise in practice in properly constructed vpMos FETs. These include the develop- 
ment of slow trapping levels in the active region, microcracking of the aluminum 
metallization, and electromigration of the metallization (which can occur at high 
current densities). Packaging failures include thermal fatigue of the die bond 
brought about by differential expansion between the silicon and the header, 
wire-bond fatigue, and corrosion, usually caused by adsorbtion of water (OH-) 
onto the chip surface. We deal with each of these failure mechanisms in turn, 
examining how they may be enhanced for the purposes of accelerated life-testing. 


Field Distortion. This manifests itself as a gradual increase in the drain—source 
leakage current [pss. Allowed to progress far enough, it can lead to thermal 
runaway. Accelerated life tests are carried out at 150 and 175°C, with 80% of the 
rated drain—source breakdown voltage (BVpss) applied, and Vos =0 V. These are 
known as high-temperature reverse-bias (HTRB) tests. Tests carried out at 
different temperatures and different bias levels have established that temperature 
acceleration follows the Arrhenius law with an activation energy of 1 eV, and that 
bias acceleration increases the failure rate by the factor e”/G"'™), Published data 
have usually been treated as though a constant failure rate were to be expected, 
and the results are quoted with an upper confidence level of 60% in equivalent 
FiTs at a temperature of 90°C. See for example Figure 19 of Appendix 7. Note 
that as this failure mechanism is essentially one of wearout, burn-in is not capable 
of reducing the failure rate. 


Oxide Defects. The accumulation of oxide defects causes a gradual increase in 
the gate-source leakage current Igss, leading eventually to a possible rupture of 
the gate oxide and a gate-source short circuit. Accelerated gate stress life tests 
are carried out at 150 and 175°C with Vps;=0V and Vos = 20 V, the maximum 
rated value. Again, even though this is essentially a wearout mechanism, it is 
usually assumed that a constant failure rate occurs. Thermal acceleration 
follows the Arrhenius law, with E,=0.4 eV. The electric field in the gate oxide, 
E.., Which is proportional to Vos, enhances the failure rate by the factor 
exp(—E,,/E.), where E,=10.8V/um. Again, burn-in is not effective. The 
estimated time to 1% failure probability is shown in Figure 18 of Appendix 7. 


Die-Bond and Wire-Bond Fatigue. Differential thermal expansion between the 
silicon die and the header, and thermomechanical and current pulsing stresses, 
cause fatigue and degradation of the die bond. The thermal impedance is very 
sensitive to this effect and soon increases, leading to an increase in the junction 
temperature. The wire bonds may degrade in a similar manner, causing Rpsion) to 
rise and become unstable. The vulnerability of devices to these effects is tested in 
two ways. In the power cycling test the device is switched on for some two or 
three minutes, during which time heat generated by the dissipation in the die 
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raises the case temperature from an ambient of 30°C to 100 or 130°C. The 
transistor is then switched off and forced-air-cooled back to 30°C. These cycles 
are continued to failure. In the temperature cycling test the devices are taken 
from —55 to +150°C and back over a period of about 30 minutes. No bias is 
applied. Lifetests usually extend for at least 10,000 cycles. In this case 
degradation results from differential thermal expansion. Plastic encapsulated 
(TO-220) devices, which have to use hard-soldered bonds, are likely to be more 
vulnerable than those that are hermetically sealed (TO-3), which can use 
soft-soldered connections. Transient temperature gradients created in the power 
cycling test give rise to further stresses. In each case failure times have been 
found to vary according to the Arrhenius law, with an activation energy of about 
0.3 eV. 


Surface Corrosion. The ingress of water molecules into non-hermetically-sealed 
packages leads to device deterioration in two ways. First, ingress into the field 
termination region distorts the electric field distribution and degrades the voltage 
breakdown characteristics, causing leakage currents, as described previously. 
Secondly, hydroxyl ions penetrating to the regions of the bonding pads stimulate 
cathodic corrosion of the aluminum contact. This leads to an increase in the 
values Of Rpsjon) and Vsp, both of which become unstable. Drain bias accelerates 
this effect. However, the increased working temperature of an operating device 
helps to exclude the water vapor. Samples of non-hermetically-sealed devices are 
subjected to a temperature—humidity—bias test of at least 1000 hours at 85°C and 
85% relative humidity with Vgg=0V and Vps=10V or at the full rating 
(BVpss). A variant on the test that is sometimes used is the highly accelerated 
temperature and humidity stress test (Hast). This is a high-pressure (0—40 psig), 
high-humidity (S0O—80% relative humidity) test normally carried out for several 
tens or hundreds of hours with Vp, = 8 V. Similar failure mechanisms occur. 


Avalanche Failure. A test has been introduced recently to detect any degrada- 
tion brought about by subjecting devices to repetitive avalanche breakdown. The 
test circuit is similar to that shown in Figure 14 of Appendix 7. 


SUMMARY 


Power MosFETs are fabricated by different manufacturers using a range of 
processes of differing sophistication and complexity. The processes use all the 
techniques normally associated with mos integrated-circuit fabrication. 

A particularly important part of the design is that of the field rings around the 
periphery. These are formed at the same time as the main device. They are 
critical for the achievement of the voltage rating, especially when the body—drain 
diode is required to sustain controlled avalanche breakdown. 

Power MOsFETs have been designed from the outset as high-quality and highly 
reliable components. Device failures that are not the result of faulty circuit design 
usually follow a lognormal distribution function. This indicates wearout, rather 
than random failures, and means that burn-in is of limited benefit. The 
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degradation processes are accelerated by increased temperature. The rate of 
degradation often follows the law of Arrhenius, indicating an activation-energy- 
controlled process. Humidity and applied electric field also act as accelerating 
stress factors for many of the degradation mechanisms. 
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Ma CHAPTER 6 


Dissipation and Heatsink Design 





6.1. INTRODUCTION 


For the purposes of sizing the heatsink, or calculating the junction temperature if 
the heatsink size is already fixed, a knowledge of the dissipation in the power 
MOSFET is essential. The total power dissipation Py is the sum of the switching 
losses P;, conduction losses Pc, internal gate losses Pg, and leakage current losses 
P, [1]. 


6.2. SWITCHING LOSSES 


Power-MOSFET switching is analyzed in detail in Chapter 4. Switching losses can 
generally be estimated to sufficient accuracy for the purposes of heatsink design 
by using simplified voltage and current waveforms. The switching waveforms for a 
clamped inductive load and a resistive load may be represented by the 
straight-line approximations shown in Figures 4.6 and 4.4 respectively. The power 
loss resulting from turn-on and turn-off for a clamped inductive load will then be 
given by 


V, max max 
P; = —Betuan Beene tf, (6.1) 


where ¢, is the average switching time and f, is the switching frequency. 
Alternatively the switching loss per cycle may be calculated from Equation (4.7). 
For a resistive load the power loss will be 


V, max max 
Py = =a Pie, f (6.2) 


For a resistive load the energy loss per cycle is given in Equation (4.6). If the 
waveforms are not reasonably close to either of these approximations, the energy 
loss during switching will have to be determined by piecewise multiplication and 
integration of the current and voltage waveforms. 

In practice the drain voltage waveform may be substantially modified by the 
drain~source capacitance and case-—sink capacitance as shown in Figure 6.1. As 
well as crossover losses there are losses associated with the discharge of 
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Drain Voltage (50 V/div) 





Time (200 ns/div) 


Figure 6.1. Drain—source capacitance slows the rise of drain voltage at turn-off. Compare 
this with the rate of fall at turn-on. 


drain-source parasitic capacitance during turn-on. At high frequencies these 
losses may not be negligible. At turn-off the rise in drain voltage may be regulated 
by the charging of the drain—source capacitance by the load current. If losses are 
being calculated using an estimated switching time based on data-sheet para- 
meters and the gate-drive design, a rough value of the energy loss per cycle can 
be obtained by adding to the calculated switching losses the losses associated with 
discharging this capacitance. The power dissipated in discharging the drain 
capacitance is given by 


Psc = 3CpsVish | (6.3) 


where Cps includes the case~sink capacitance and Vpg is the drain voltage at 
turn-on. 

To enhance MOSFET reliability a snubber may be used to reduce dissipation in 
the device and allow the MosFET to operate at a lower junction temperature. 
Clearly, the procedure followed to calculate the switching losses will then depend 
on the type of snubber circuit used [2]. 


6.3. LEAKAGE-CURRENT LOSSES 


The losses due to drain—source leakage current can usually be discounted even in 
high-voltage MOSFETs. However, the leakage current may not be insignificant 
when the off-state gate-drive voltage approaches the threshold voltage. Such a 
situation can arise if the gate drive is derived from a logic integrated circuit with a 
pullup resistor on the output and if the MosFET has a low threshold voltage. 
Losses due to leakage currents are given by 


P, = IpssVps(1 — 6) (6.4) 


where 6 is the on-time duty cycle. 


6.5. CONDUCTION POWER LOSS 165 


6.4. GATE DISSIPATION 


A proportion of the gate drive power will be dissipated in the internal resistance 
of the gate. At frequencies of the order of 100 kHz these losses will be negligible, 
but they become significant, at least for polysilicon gate devices, when fre- 
quencies in the 10-MHz range are considered. The internal gate losses are given 
by 


R G(int) 


Pointy = VasQchs R (6.5) 


s + Recns 


where Qa is the gate charge transfer during switching, Rony is the internal gate 
resistance, and Rg is the external gate resistance. Rant is typically 0.5 to 2Q. 


6.5. CONDUCTION POWER LOSS 


The conduction power loss is given by 


P, om I Dims) Ds(on) (6.6) 


The rms value of a waveform is given by 
ft Per ae ie 
I= (= UPA) 6.7) 


If the waveform can be approximated by a combination of waveforms of known 
rms value, then the rms value of the whole is given by 


Tims = V IRus(1) + Fasasc2) +--+ + IRmscy (6.8) 


The rms values of a selection of common waveforms are given in Figure 6.2 [3]. 

Next the appropriate value of Rpsjon) must be found. The difficulty with this 
step is that Rpgion) increases significantly with temperature, thereby increasing the 
dissipation and the junction temperature. Therefore the solution has to be found 
either by a series of iterations or by a graphical method. | 

In the iterative approach, a junction temperature is assumed and Rpgon) 
calculated from the data-sheet graph of normalized Rpgon) versus temperature 
(see Appendix 7). The losses are then calculated and, using the appropriate value 
of thermal resistance, a new junction temperature is calculated. The process is 
repeated until the junction-temperature calculations have converged sufficiently. 
The initial value of Rpgcony is usually based on the maximum guaranteed value, 
since the usual object of the calculation is to obtain the peak possible junction 
temperature within the allowed manufacturing spread of the characteristics. Some 
devices show a significant increase in Rpgion) With drain current, and this may also 
need to be incorporated into the calculation of the operating value of Rpsioa). A 
low value of Vqgs can also result in an increase in Rpsion). However, if the device 
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Figure 6.2. RMS values of common waveforms. 


is not fully turned on, conduction losses are best calculated using the transfer 
characteristics and multiplying Vps by Jp. 

The graphical solution is illustrated in Figure 6.3. A graph is plotted of total 
dissipation of the MOSFET against junction temperature. The total dissipation can 
be expressed as 


Pr = Pi + bees scon) (6.9) 
where 
P, = P; + Po + Pg 
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Pr = P, + bpRosion) 
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Figure 6.3. Graphical method of selecting a heatsink and avoiding thermal runaway. 


A line representing the thermal characteristics of the case and the heatsink is 
added to the graph. The intersection of these two lines gives the junction 
operating temperature. Three different heatsink arrangements are illustrated in 
Figure 6.3, represented by the three lines, Rinyai, Renyaz and Rinza3- 

Stable equilibrium can only exist if the heat input P; from the MOSFET equals 
the heat dissipated by the heatsink. The heatsink represented by R,i;43 has too 
high a thermal resistance for thermal equilibrium to be established. The curves do 
not cross and thermal runaway will occur. The heatsink represented by Ris; has 
a low enough thermal impedance for the curves to cross, and the temperature will 
stabilize at temperature 7;,. The heatsink represented by Riyaz is conditionally 
stable at temperature 7;,. However, should the temperature ever exceed Tj, the 
system enters an unstable region and thermal runaway results. The heatsink must 
therefore have a sufficiently low thermal resistance that an unstable condition is 
never reached. 


6.6. STEADY-STATE THERMAL RESISTANCE 


Heat flows from the silicon die to the cooling medium through a series of thermal 
resistances. In the usual situation in which a heatsink is attached to the power 
semiconductor device and the cooling medium is air, a number of thermal 
resistances are involved: junction-to-case (Ripsc), case-to-sink (Rics), and sink- 
to-ambient (Riy,s4). Thermal circuits may be treated in a manner analogous to 
electrical circuits, with thermal resistance the equivalent of electrical resistance, 
temperature the equivalent of voltage, and power transfer (Pd) the equivalent 
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of current flow. Thus 


T, — T, 
P, el (6.10) 
thi A 
and 
T; = Ta a PaRusa (6.11) 


The total thermal resistance is found by summing the individual resistances 
through which the heat flows, so that 


Rusa = Ruaysc + Rincs + Risa (6.12) 


Parallel paths for heat flow may be treated in the same manner as parallel paths 
for current flow in electric circuits. The commonly used units of thermal 
resistance are degrees centigrade per watt (°C/W) or degrees Kelvin per watt 
(K/W). These units are generally used interchangeably. In steady-state calcula- 
tions P,; is the average power dissipation and the thermal resistances are 
steady-state values. 

The designer should be prepared for a broad spread in the values of Rijc, 
Runcs, and Riyysa- The semiconductor device manufacturer will specify a maximum 
(worst-case) value for Rinyc which has to take into account variation in the quality 
of the die mounting and variation in silicon wafer thickness. Rycs is very 
dependent on the manner in which the device is attached to the heat sink. The 
use of an insulating washer, the use of heat-sink compound, the presence of dirt 
in the interface, and the pressure used in mounting can all have very large effects 
on the thermal resistance. Furthermore, allowance may need to be made for an 
increase in thermal resistance with the elapse of time as the quality of the 
interface deteriorates due to corrosion, the evaporation of heat-sink compound, 
changes in mounting pressure, etc. In the interests of reliability it is desirable to 
assign a high value to Rincs, but a larger heatsink will then be required to give a 
low value of Rys4 in compensation. The heatsink manufacturer will specify a 
maximum value for Riy»s4, but it should be borne in mind that Rusa is very 
dependent on the ability of air to circulate around the heatsink and the 
orientation of the heatsink. Very often the junction temperature which any 
particular cooling arrangement produces will not be known accurately until a 
prototype has been built and tested. 


6.7. TRANSIENT THERMAL IMPEDANCE 


When a transistor is carrying a pulsed current waveform, the power dissipation in 
the junction will also occur in pulses. The junction temperature will therefore 
fluctuate during the cycle. If the pulse frequency is sufficiently high, it may be 
possible to ignore fluctuations in the die temperature and to use only steady-state 
calculations to assess the die temperature. If, however, the interval between 
pulses is long with respect to the thermal time constant of the die, then an 
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Figure 6.4. Transient thermal-impedance curves. 
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alternative means of calculating the die temperature must be used. To meet this 
need, device manufacturers generally supply transient thermal-impedance charac- 
teristics for a rectangular current waveform. Figure 6.4 shows an example of such 
a characteristic. The transient thermal impedance Z,,;c is. normalized with respect 
to the thermal resistance Ryc, so that | 


Zusc = T(D, ty) Rue (6.13) 


Zmyc can be obtained from the graph using the appropriate values of the case 
temperature 7., conduction time ¢,, and duty cycle D. The peak junction 
temperature can then be calculated from To, Zujc, and the peak power 
dissipation P,,, as follows: 


For nonrectangular pulse waveforms, an estimate of the peak temperature can be 
obtained by equating the pulses with rectangular pulses that produce the same 
dissipation in the junction. 


6.8. FORCED COOLING 


In situations where forced air cooling is available, the effective thermal resistance 
of the heatsink is reduced. The heatsink manufacturers’ data are usually available 
to enable the new thermal resistance to be found. Some manufacturers’ data may 
also be available on the effect of forced cooling on the thermal resistance of 
power MosFeT packages, particularly where the device is not commonly used with 
a heatsink. For example, Figure 6.5 shows the relationship between air velocity 
and thermal resistance of a power MOSFET in a dual in-line package (pir) [4]. 
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Figure 6.5. Effect of forced cooling on the thermal resistance of a pip-packaged MOSFET. 
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ME CHAPTER 7 


Parallel and Series Operation 





7.1. PARALLEL OPERATION 


7.1.1. introduction 


There are a number of reasons for paralleling power MOSFETs: 


¢ Higher Ip rating. To obtain the necessary current rating when a single 
device of adequate rating is not available. 

¢ Lower Rpson). TO reduce Rpsiony SO that the forward voltage drop is below 
a certain value. | 

¢ Improved thermal performance. Distributing the sites of dissipation over a 
heatsink or a header reduces the effective thermal resistance. 

¢ Lower cost. The cost of manufacturing a die increases rapidly as its size goes 
up, due to a reduction in yield. Two smaller dice in parallel may be cheaper 
than one single die with the same total silicon area. 


Power MOSFETs have a distinct advantage over bipolar transistors in the ease 
with which they can be paralleled. The temperature coefficient of the forward 
voltage drop of a saturated bipolar transistor is usually negative. This makes the 
bipolar transistor susceptible to thermal runaway in parallel operation, since the 
hottest device tends to attract more load current. The MosFeT has a positive 
temperature coefficient of on-state voltage, since Vos = Ip X Rpson), aNd Rosen) 
increases with temperature due to a reduction in carrier mobility. The problem of 
thermal runaway does not arise when power MOSFETs are operated in parallel in 
the switching mode on an adequately sized heat sink. However, thermal runaway 
is a possibility during operation in the linear regime. For this reason it is 
necessary to consider parallel connection for the switching mode and linear 
modes of operation separately since different considerations apply. Paralleling for 
switched operation is dealt with in Sections 7.1.2 to 7.1.7, and paralleling for 
linear operation in Section 7.1.8. oe 

Equalization of the currents flowing through the individual devices, in both 
static and dynamic conditions, is often seen as the criterion for successful parallel 
operation. However, equalization of device heating, and even more important, 
equalization of junction temperatures, can be more appropriate objectives. In the 
steady state all these aims are served by matching the Rygsiony of the devices where 
this is possible and by ensuring good thermal coupling of the paralleled devices. 
A mismatch in Rpson) is the dominant cause of a static temperature differential. 
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Threshold voltage and transconductance mismatch will have only a very minor 
effect, since the gate voltage is usually well above the minimum value required to 
fully enhance the device. 

Good dynamic current sharing is less easily achieved. The switching perfor- 
mance of a MOSFET depends on a number of device parameters, such as the 
threshold voltage, the transconductance, and the various parasitic capacitances. 
Variations in these device parameters can cause paralleled devices to switch at 
different times and at different rates. This leads to poor dynamic current sharing 
and a momentary overload of some of the transistors. Fortunately the MOSFET has 
a good overload capability, so that the consequence of poor dynamic current 
sharing is usually a disparity in junction temperatures rather than the immediate 
destruction of a device. 


7.1.2. Static Conditions 


At one time it was a commonly held belief that the prescription for successful 
paralleling of power MOSFETs under static conditions was to thermally isolate the 
devices from each other. The mosret that carries the most current dissipates the 
most heat and therefore has the highest junction temperature. The rise in 
junction temperature increases the Rpgon) Of the device, thereby limiting the 
share of the load current that it carries. However, thermal isolation of the 
MOSFETS does not give the best result when the total current rating of the parallel 
combination is considered. The criterion by which a parallel arrangement should 
be judged is the disparity in junction temperature for a given load current. The 
total current must not be greater than that value which produces the maximum 
allowable temperature in the hottest junction. Keeping all junctions at approxi- 
mately the same temperature allows all devices to be operated close to the chosen 
Timax and gives a minimum value of total resistance. If some junctions are cooler 
than others, the cooler transistors are not being utilized to the full. In order to 
keep temperature variations between junctions to a minimum, the MosFetTs should 
be as closely coupled thermally as possible. Usually this means mounting the 
devices on the same heatsink. 

The value of Rpsion) for a particular device increases with increasing drain 
current. The effect is most prevalent in high-voltage devices (Figure 7.1). This is 
due to the lighter doping of the epitaxial drain region in high-voltage devices, 
which causes the body—drain depletion region to be broader for a given value of 
channel current. The broader depletion region produces greater ‘‘throttling”’ of 
the drain current as it passes through the sFeT region between cells (see Section 
3.5). Since Rpsony increases with drain current, the resistance of the MoOsFET that 
carries the greatest current will increase the most, thereby reducing the disparity 
between the Rpgjon)-values of the transistors. However the nonlinearity in Rpsion) 
is not generally sufficient to produce a significant improvement in the current 
imbalance. For example, the current imbalance resulting from the paralleling oi 
two dissimilar devices of the type illustrated in Figure 7.1b would be reduced by 
approximately 6% by the nonlinearity of Rpsion)- 
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Figure 7.1. Variation of Rosoa) With drain current. (a) 100-V device (IRF 540); (b) 500-V 
device (IRF 840). The steep rise in Rpsjony Of the IRF 540 for Vos = 10 V is due to the 
device entering the constant current region. 


7.1.3. Thermal Model for Static Conditions 


Figure 7.2 shows the thermal model for two similar MOSFETs mounted on a 
common heatsink. (In this section thermal resistances are identified by an 
alphabetic subscript and electrical resistances are denoted by a numeric sub- 
script.) The location of the thermal resistance between the transistors depends on 
whether they are mounted on the same heatsink or on the same header. In both 
cases the diagram can be simplified as shown in Figure 7.3, where R, equals the 
thermal impedance before the coupling path and R, equals the thermal 
impedance after the coupling path. An analysis of this model [1] with two MosFETs 
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Figure 7.2. Static thermal model for two mosrers in parallel. From Kassakian [1]. By 
permission of the Institute of Electrical Engineers of Japan. 


with ambient temperature values Of Rosion) Of 0.12 Q and 0.16 Q gave the results 
shown in Figure 7.4. 

These results show that the least temperature difference between the two 
junctions is obtained when R,=0, that is, with the closest possible thermal 
coupling of the two transistors. It can be seen from Figure 7.4 that the imbalance 
in drain currents due to the mismatch in the Rpgioq) of the devices is corrected 
only a small amount by the variation of Rpgjony With temperature, whatever the 
degree of thermal coupling between the two devices. 

An alternative method of analysis is to compute the individual junction 
temperatures in an iterative fashion. Junction temperatures are assumed for the 
first iteration to enable the power dissipation in each of the devices to be 
calculated. From these results a new value of the die temperature is calculated 
and the cycle repeated until the algorithm converges on a solution. Results 
obtained by this method [2] corroborate the finding that close thermal coupling 
between devices gives lowest junction temperatures. 


7.1.4. Dynamic Current Sharing 


During the switching process power MOSFETs pass through the linear region. 
Current sharing in this regime is influenced by factors such as threshold voltage 
and transconductance which have little effect on static current sharing in the fully 
conducting state. The effect of a 2-V mismatch in threshold voltage is illustrated 
in the spice-model results shown in Figure 7.5. The effect of a 20% mismatch in 
transconductance is shown in Figure 7.6. Other device parameters which 
influence switching speed, and therefore dynamic current balance, include 





Figure 7.3. Generalized static thermal model. From Kassakian [1]. By permission of the 
Institute of Electrical Engineers of Japan. 
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Figure 7.4. Effect of thermal coupling on steady-state conditions of two paralleled 
MOSFETs. (2) Junction temperature; (b) drain current; (c) Rosgiony. From Kassakian [1]. 
By permission of the Institute of Electrical Engineers of Japan. 


gate-source capacitance, drain—source capacitance, and source inductance. Since 
many factors are involved in shaping the switching waveforms of power MOSFETS, 
it is a practical impossibility to match devices in all respects. However, a number 
of measures can be taken to improve dynamic current sharing [2-6]: 


1. Source inductances should be as equal as possible. At high switching speeds 
the source inductance becomes a crucial factor in determining the switching speed 
of a MOSFET and therefore in determining the division of the load current. The 
layout of paralleled devices should therefore be as symmetrical as possible to 
equalize source inductances. Providing these are equal, current sharing is aided 
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Figure 7.5. Dynamic imbalance due to a 2V mismatch in threshold voltage of two 
MOSFETS connected in parallel. Solid line, V;= 2 V; dashed line, V; =4 V. 


by large values of source inductances, since their effect swamps the effect of other 
mismatched parameters. 


2. Devices may be selected to match threshold and transconductance charac- 
teristics. An appropriate but simple way of doing this is to measure the value of 
Ip produced by a given value of Vgs (in the constant current region). — 


3. Decoupling of the gates with series gate resistors assists dynamic current 
sharing, so that the gate resistors included to suppress parasitic oscillations will 
also have a beneficial effect on the dynamic current balance. 


Fortunately power MOSFETs have a high transient overload capability, so that 
unequal die heating in high-frequency applications is likely to be the only effect of 
dynamic imbalance. However, it is conceivable that in situations where many 
devices are paralleled to carry a very high current, the current carried by the first 
device to turn on or the last device to turn off could be of sufficient magnitude to 
cause damage. 
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Figure 7.6. Dynamic imbalance due to a 20% mismatch in transconductance. 


7.1.5. Oscillations During the Switching of Paralleled MOSFETs 


When MOsFETs are paralleled, there is a possibility of oscillation during switching 
as the MOSFETs pass through the linear region. The oscillations that occur in 
parallel operation are generally attributed to differential-mode instability [7, 8]. 
This means that a circuit with perfect dynamic balance may be unstable. A pair of 
MOSFETS can operate as a local oscillator in the push—pull mode, the tuned circuit 
being composed of the parasitic inductance of the interconnecting wire and the 
parasitic capacitances of the MosFETs. Feedback is provided by the parasitic 
capacitances of the MosFeTs. Parasitic oscillations may cause paralleled power 
MOSFETS to fail for no apparent reason. The frequency of the oscillations is often 
in the range of 100 to 250 MHz, and an appreciation of the extent of the problem 
can only be gained using an oscilloscope with a bandwidth of this order. The peak 
gate voltage generated by such oscillations can be sufficiently large to break down 
the gate oxide. 
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Oscillation can usually be prevented by the inclusion of resistors in series with 
the individual gate connections. The resistors provide differential-mode damping 
and ensure the stability of any loops formed as a result of paralleling transistors. 
The gate resistors slow down the switching of the MosFets, and a conflict may 
arise in applications where fast switching is required. Good component layout 
then becomes critical. 

The stability of two mosFeEts in parallel has been analyzed by Kassakian and 
Lau [7]. In the linear region the circuit is represented by the incremental model 
shown in Figure 7.7. The analysis assumes that the devices are identical. Since all 
nodes on the plane of symmetry of the incremental model are at incremental 
ground potential, the model can be simplified as shown in Figure 7.8. The gain 
provided by the current generator g,,V and the feedback provided by C, make 
this circuit potentially unstable. The stability of the circuit can be determined by 
analyzing the roots of its characteristic equation. To simplify the analysis, two 
separate situations were considered. In the first case Ls; was zero, while in the 
second Ly was zero. This gives rise to the models shown in Figure 7.9a and b. 

The stability of the circuits may be determined by applying the Routh—Hurwitz 
criterion, the essence of which is that the circuit will be unstable if there are any 
right—half-plane (RHP) zeros. Kassakian and Lau used this method to analyze the 
behavior of two 100-V, 10-A MosFeTs in parallel. The values of the parasitic 





Figure 7.7. Incremental model, including parasitic elements, for the linear-region opera: 
tion of paralleled MosFets. From Kassakian and Lau [7]. ©) IEEE 1984. 
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Figure 7.8. Differential-mode equivalent circuit for paralleled MosFets. From Kassakian 
and Lau [7]. © IEEE 1984. 


capacitances used were 700 pF for C,, 100pF for C,, and 300 pF for C3. The 
Routh—Hurwitz criterion was used to determine the stability of the circuit for 
values of g,, between 0.1 and 10S, for parasitic inductance values between 0.5 
and 50 nH, and for parasitic differential gate resistance (parasitic plus external) 
between 0.01 and 100 Q. This range of parameters is adequate to cover values 
typically encountered when discrete eevies are paralleled and when chips are 
paralleled on a common header. 

The results are shown in Figures 7.10 and 7.11. These graphs show the 
minimum value of Rg necessary for stability for various values of Lp and Lg in 





(a) 





(b) 


Figure 7.9. Differential-mode equivalent circuits for paralleled MosFeTs. (a) With Ls =0. 
(b) with Lp = 0. From Kassakian and Lau [7]. © DEEE 1984. 
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Figure 7.10. Minimum value of Rg necessary for stability of the model (Figure 7.9a) with 
Rp = 0 as a function of g,, for various values of Lp and Lg. a, Lp =S nH, Lg =5 nH; b, 
Lp =20nH, Lg=5nH; c, Lp =S5nH, Le=20nH; d, Lp =20nH, Lg=20nH. From 
Kassakian and Lau [7]. © IEEE 1984. , 


Figure 7.10 and various values of Ls and Lg in Figure 7.11. The area below the 
curves represents a region of unstable operation. It is clear from these results that 
instability is a possibility in a wide range of practical situations. These results 
support the popular rule of thumb that a resistor of 10 Q in series with each gate 
will prevent parasitic oscillation in most situations where MosFETs are paralleled. 
Furthermore, Kassakian and Lau found that no RHP roots existed when L,/Ls 
was greater than approximately 2.6. This lends justification to the practice of 
putting ferrite beads on the individual gate leads to suppress oscillation. 

The results shown in Figures 7.10 and 7.11 were obtained with Rp equal to 
zero. The effect of Rp on stability can be gauged from Figure 7.12, which shows 
the minimum value of Rg required for stability for the case in which L, = Ls = 
20 nH and Lp =0. Rp clearly has a damping effect on the circuit, and there is, in 
fact, a value of Rp above which no RHP roots exist when Rg = 0. The danger of 
instability is therefore greatest when low-resistance devices are paralleled. 


7.1.6. Effect of Gate-Driver Source Impedance 


If paralleled mosrets oscillate due to instability in the linear region of the 
switching cycle, the oscillations will grow at a rate determined by the Q of the 
circuit. If the time spent in the linear regime during switching is short compared 
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Figure 7.11. Minimum value of Rg necessary to assure stability of the model (Fig. 7.9b) 
with Rp = 0 as a function of g,, for various values of Lg and Ls. a, Lg =5 nH, L; =5 nH; 
b, Lg=S5nH, L,=20nH; c, Lg=20nH, L,=20nH. From Kassakian and Lau [7]. 
© IEEE 1984. 


with the time constant governing the buildup of oscillations, then the oscillations 
may not attain a significant amplitude and the fact that the system is unstable will 
be of no consequence. In this case, Rs, the gate-driver source impedance, should 
be kept as low as possible so that the MosFETs pass through the linear region as 
quickly as possible. In the case of chip-paralleled devices in which the parasitic 
inductances will be low, the oscillation could grow very quickly even for very fast 
switching times. These oscillations may not be observable outside the package, 
since all elements of the oscillatory circuit are contained within the package. It 
would therefore seem advisable when paralleling MosFets at chip level to include 
resistors in series with the gates or by some other means to ensure that the series 
gate resistance is sufficiently large for stability. 

Kassakian and Lau found some discrepancy between the predictions of the 
model and the experimental results, particularly in the range of g,, over which 
oscillations occur. The range of instability found in practice is somewhat less than 
predicted. They suggest a variety of possible causes for these discrepancies, 
including the damping effect of parasitic loss mechanisms within the MOSFETs, 
variation in the value of parasitic capacitances due to drain—source voltage 
variations, and a difference between the data-sheet values of parasitic capacit- 
ance, measured at 1 MHz, and the actual values at the frequency of oscillation, 
which could be in excess of 100 MHz. 
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Figure 7.12. Minimum value of Rg necessary to assure stability of the model (Fig. 7.9b) as 
a function of g,, for various values of Rp. From Kassakian and Lau [7]. © IEEE 1984. 


7.1.7. Stability of Parallel Packaged Devices 


Because of the differential nature of the oscillations produced by instability in 
paralleled MOSFET dice, it is possible for these oscillations to occur inside a 
multiple-die package without clear indications at the device terminals of what is 
occurring within the package. This could have been the cause of mysterious 
failures said to have occurred when some MosFET manufacturers first introduced 
multiple-die devices [1]. It has now become standard practice in the manufacture 
of parallel-die power mMosFETs either to include individual gate resistors for each 
die or to make the sheet resistance of the polysilicon gate high enough to provide 
the required degree of differential mode damping. A resistance of an ohm or two 
is usually adequate to ensure stability. 

Verification of the absence of differential-mode oscillation in parallel packaged 
devices is difficult, since there may be no evidence of the oscillation in the 
common mode signals. Inserting current-measuring instruments in the wiring of 
the device is not possible without substantially altering the prevailing conditions. 
One method of detecting oscillations which causes minimum alteration of the 
operating conditions is to open the package, locate a search coil near the wire 
bonds, and look for evidence of oscillation using a high-frequency spectrum 
analyser [8]. 
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7.1.8. Paralleling for Linear Operation 


Although paralleled power MOsFETs are not subject to current hogging when 
operated in the switching mode, this is not necessarily the case when operating in 
the linear mode. This is because in the linear region the temperature coefficient of 
forward voltage drop may be negative below a certain value of drain current. 
Figure 15.7a shows the transfer characteristics of a device for which a rise in 
junction temperature produces a fall in drain—source voltage when the gate 
voltage is held constant at some value below the zero-temperature-coefficient 
point. This means that a device that carries more current will get hotter, Vos will 
tend to fall, and the device will consequently carry even more current. Close 
thermal coupling of the junctions reduces this tendency, since forced elevation of 
the temperature of the junction carrying the least current will encourage it to 
conduct more. Current sharing in the linear regime can be promoted by matching 
devices not only for threshold voltage but also for transconductance. A match of 

one of these parameters does not necessarily guarantee a match in the other, and 
ideally the transconductance curves should be matched, although matching at one 
important point on the curve may be adequate. 

Current sharing may be forced by source-resistor ballasting as shown in Figure 
7.13. Resistors of a few ohms in series with the source leads will insert a negative 
feedback voltage into the gate-source loop, so that an increase in source current 
reduces the gate voltage, thus tending to reduce the drain—source current. The 
penaity for this improvement in stability is a reduction in the gain of the stage and 
extra losses due to the presence of the source resistor. The gain of each transistor 
when ballasted becomes a function of the source resistor [4], so that 
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Figure 7.13. Forced current sharing using source resistors. 
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Figure 7.14. Graphical determination of the value of the source resistor required for 
stabilization of the quiescent operating point. 


If R>>1/gm, the effective transconductance of each paralleled device is 
independent of g,,. Values of 1/g,, typically range from 0.1 to 1 Q. 

The value of the source resistance needed to produce the required operating 
conditions can be determined graphically [9] as illustrated in Figure 7.14. The 
quiescent current points for the two extremes of the operating temperature range 
are chosen on the basis of the deviation that 1s considered acceptable. A line 
drawn through these two points is projected to the point where it cuts the 
horizontal axis. This gives the new quiescent point gate voltage. The value of R 
can be determined from the slope of the line, which is 1/R. 


7.2. INSTABILITY DURING SWITCHING OF A SINGLE MOSFET 


Closely allied to the problem of oscillation of parallel devices is the tendency of 
single-device circuits to ring when switched. While switching between the on and 
OFF states a power MOSFET passes through the linear region. During the time the 
device is in the linear region, instability can occur if care is not taken with the 
layout of the circuit, particularly the gate drive circuit. This instability can result 
in a burst of oscillation, which can cause excessive gate voltage, leading to oxide 
damage and the destruction of the device. Causes of instability in single devices 
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operating in the switching mode are discussed next. Instability in parallel- 
connected MOSFETs is discussed in Section 7.1.5. 

The power MOSFET is susceptible to instability because of its high bandwidth 
and high input impedance. The gain of a power-MosFET stage can still be greater 
than unity at 100 MHz, and at this frequency a tuned circuit can easily be formed 
by parasitic capacitance in the MOsFET and a few centimeters of PCB track. The 
high input impedance makes it easy for feedback signals to couple into the gate 
circuit. 

The most obvious step to take to avoid instability is to avoid magnetic coupling 
between the drain and gate circuits, since this can provide the positive feedback 
necessary to sustain oscillation. The area of the loop formed by the gate track and 
the return path from the source should be kept as small as possible and as far 
away as possible from any conductors which carry the drain current. However, 
when this cause of oscillation is totally eliminated, a power MOSFET circuit can still 
oscillate if the damping is inadequate. The situation has been analyzed by 
Giandomenico, Kuo, Hu, and Choi [10] using the small-signal circuit model of 
the type shown in Figure 7.15. Using the Routh—Hurwitz stability criterion, they 
showed that the condition for stability is: 


Le < (Cap + Cys)*Ro/Cop8m (7.2) 


where Lg is the gate circuit inductance. Their results show that a gate inductance 
of only one or two nanohenrys can be sufficient to cause instability. The clear 
conclusion is that not only does the gate loop need to be small to prevent 
coupling with the drain circuit, but it must also be small in order to reduce the 
inductance in series with the gate. Gate drivers should be located as close as 
possible to the MosFET, and twisted pairs should be used for wiring. Stability was 


es Cop 


Cos 





Figure 7.15. Small-signal circuit model of a power MOSFET operating in the linear region. 
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shown to. decrease as the die area (and current rating) increases, so that greater 
care is required with larger devices. A few ohms of gate resistance can be 
adequate to ensure stability. The gate resistor should be located as close as 
possible to the gate lead, so that the maximum amount of parasitic gate 
inductance is decoupled. Common source inductance also has a damping effect. 

Parasitic oscillation in power MOSFETs can often be cured by locating a ferrite 
bead over the gate lead. This can be a convenient retrofit cure for oscillation, 
since it need not involve a change in PCB layout. The ferrite bead may simply be 
slipped over the gate lead of the MosFeT. Given the results of the above analysis 
an increase in gate inductance would appear to make oscillation more likely and 
indeed in some cases the addition of the ferrite bead can make the situation 
worse. However it has been shown that when mosFets are paralleled, ferrite 
beads on the gate can enhance stability (see Section 7.1.5), and ferrite beads can 
undoubtedly be beneficial in single MOSFET circuits. There are a number of 
possible explanations for the elimination of oscillation in this way, including the 
damping effect of the ferrite losses, decoupling of a feedback signal from the 
drain, and lowering of the resonant frequency of the tuned circuit. 


7.3. SERIES OPERATION 


Power MOSFETs may be chained simply in the source-follower configuration as 
shown in Figure 7.16. Static voltage sharing is aided by parallel resistors, and 





OV 


Figure 7.16. Series operation of MOSFETS 


7.3. SERIES OPERATION 189 


dynamic voitage sharing by parallel capacitors. This method of series operation 
has the disadvantages that a high-voltage gate control signal is required, that 
capacitors are needed across each device to ensure dynamic voltage sharing, and 
that if the gate pullup resistors are made large to reduce dissipation, switching is 
slow. The presence of external capacitors further increases the losses produced by 
the charging and discharging of Cys. 

An arrangement which avoids these disadvantages at the expense of increased 
component count is shown in Figure 7.17. The individual gates are transformer- 
driven. Transient overvoltage of any one device is prevented by zener clamping, 
but if the MOSFETs possess adequate avalanche capability, the zener clamps may 
be dispensed with. The arrangement is capable of switching several kilovolts in a 
few tens of nanoseconds. 

The increasing availability of MosrETs with voltage ratings of over 1000 V has 
reduced the need to operate devices in series. Although the Rpgion) per unit area 
of silicon in devices of this voltage rating is high, the cost of gate driving 
arrangements for MOSFETs in series is also high, and it is unusual for devices to be 
operated in series when a device of the required voltage rating is available. 
MOSFETs with voltage ratings of up to 1200 V will find application in motor drives 
operating from full-wave-rectified 440-V three-phase supplies. Beyond this 





Figure 7.17. Series operation of MosFETs using transformer-coupled gate drivers. 
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voltage the market for mMosFets thins out, and manufacturers are - unlikely to 
develop a broad range of MosFETs with higher voltage ratings. Therefore series 
operation will be necessary for such higher-voltage applications. 
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Me CHAPTER 8 


Gate Drive Circuits 





8.1. BASIC PRINCIPLES 


To switch a MOsFET from the nonconducting state to the conducting state, the 
gate-source voltage must be raised from below to above the threshold voltage by 
a transfer of charge into the gate. Turn-off is the reverse of this procedure. The 
manner in which the transition between the two steady-state levels of gate voltage 
is made determines the switching performance of the device. The theory of 
MOSFET switching and the influence of device and circuit parameters on the 
process are discussed in Chapter 4. 

A gate drive circuit may generally be represented by a voltage source in series 
with a resistance (Figure 8.1). (Where the gate drive circuit is asymmetric, two 
voltage sources and corresponding resistances are required to represent the 
turn-on and turn-off conditions.) The resistance may be introduced intentionally to 
control the MOSFET switching speed, or it may represent the impedance of the 
voltage source. This simple equivalent circuit forms a convenient basis for 
comparing the performance of gate drive methods. 


8.2. CHOOSING THE GATE-DRIVER VOLTAGE 


In the steady state, since the gate-to-source resistance will generally be many 
orders of magnitude greater than the gate-driver output impedance, the MOSFET 
gate voltage will be equal to the gate-driver open-circuit voltage. A steady-state 
gate voltage lower than the open-circuit driver voltage is an indication of gate 
oxide damage. Oxide damage does not always result in an immediate gate-to- 
source short circuit, and a MOSFET may continue to operate for a time with a leaky 
gate provided the gate driver can supply adequate current to raise the gate 
voltage to a level sufficient to turn the device on. 

In a switching application the open-circuit gate-driver voltage has two 
steady-state values, representing the ON and orF conditions. The open-circuit 
gate-driver voltage will influence the switching time of the mosreET, but generally 
the gate driver voltage is chosen primarily to give the required static conditions. 
Or it may be chosen because it is a level which can be conveniently supplied. It is 
often possible to choose the gate-driver voltages for convenience, since there is 
usually a broad range of possible gate voltage between the minimum voltage 
required to turn the MOsFeT on and the maximum gate voltage allowed by 
considerations of gate oxide lifetime. The required switching time is then 
obtained by adjusting the impedance in series with the gate. 
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Figure 8.1. Gate driver equivalent circuit. 


8.3. OFF-STATE GATE VOLTAGE 


The orr-state gate voltage must be sufficiently below the threshold voltage to 
provide adequate noise immunity. An orr-state gate voltage of zero (source 
potential) usually provides sufficient noise immunity. The noise immunity also 
depends on the gate-driver impedance, and a low driver impedance will help 
ensure good noise immunity. 

An orr-state gate voltage of zero may not provide sufficient noise immunity in 
situations in which the drain voltage rises rapidly, for example in inverters. As 
Figure 8.2 shows, the drain voltage of Q2 can rise rapidly as the current 
commutates to Q1 after circulating through D2. This rapid rise in drain voltage 
causes a rise in gate voltage of Q2 due to the parasitic capacitance between the 
drain and the gate. If as a result of this the gate voitage rises above the threshold 
voltage, Q2 will turn on, resulting in a short circuit between the power rails of the 
inverter. The rise in gate voltage is restrained by the gate—source capacitance and 
by the gate-driver circuit. A low gate-driver impedance therefore is beneficial in 
restraining the rise in gate voltage. However, even when Rg is zero and the gate 
is effectively connected to the source, there remains the resistance of the gate 
structure itself, which in the case of a polysilicon gate can be equivalent to one or 
two ohms of series resistance. Furthermore, the lead inductance of the MOSFET 
package and the inductance of the external wiring will also reduce the ability of 
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Figure 8.2. du/dt-induced turn-on due to drain—gate capacitance. 
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the gate driver to hold down the gate voltage. Under conditions of very high 
drain dv/dt it may therefore be necessary to apply a negative bias to the gate to 
prevent spurious turn-on of the MosFET. A negative gate bias is not usually used 
unless absolutely necessary, since it adds to the complexity of the gate drive 
circuit and increases the turn-on delay time. 


8.4. ON-STATE GATE VOLTAGE 


The minimum on-state gate voltage required to ensure that the MosFET remains 
fully-on when carrying maximum drain current can be determined from the 
forward transfer characteristics of the device (see Figure 8.3). The gate voltage 
should be greater than this minimum value by an amount that allows for 
manufacturing spread in component values and for supply-voltage variation. 

The gate voltage may also be raised above the minimum required by other 
considerations in order to ensure a low value of on-state drain—source voltage. As 
Figure 8.4 shows, increasing the gate voltage once saturation is achieved can 
further reduce the on-state drain-source voltage. This can be particularly 
important in applications where a low on-state voltage drop is essential to 
efficiency, such as when operating from a low-voltage supply. An increase in gate 
voltage results in a reduction in channel resistance due to the channel being 
inverted to a greater depth, and to an increase in the depth of the accumulation 
layer in the drain region under the gate. These effects are most significant in 
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Figure 8.3. Calculating the minimum required gate voltage from MosFET output charac- 
teristics. A gate voltage of at least 7 V is required if this MosFET is to remain fully turned 
on while carrying the rated drain current of 14A. 
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Figure 8.4. Typical MosFET saturation characteristics. This expanded version of the output 
characteristics of Figure 8.3 shows that the on-state voltage drop can be reduced by an 
increase in Vgs. 


low-voltage MOSFETs, in which the channel and accumulation layer resistances 
form a more important part of Rpscon): 

However, there are disadvantages and dangers in using an elevated on-state 
gate voltage. The turn-off delay time increases as the on-state gate voltage 
increases. Also, reliability of the mMosFET can be undermined by use of an 
excessive gate voltage. The possibility of a MosFeET failing in service becomes 
significant as the gate voltage approaches the maximum allowable value (see 
Figure 17.11). Therefore there should be an adequate margin between the 
maximum on-state gate voltage and the absolute maximum allowable gate-voltage 
rating. For standard-process power MOSFETs the maximum desirable gate voltage 
is typically 15 V. 

There are thus a number of conflicting requirements which influence the 
selection of the on-state gate voltage. In practice, the choice often owes more to 
the availability of a particular supply voltage than to any other consideration. A 
compromise is then made between mosFET performance and system cost. When 
the gate is driven through a transformer, this conflict does not arise, since the 
number of turns on the secondary winding may be chosen to give the optimum 
gate voltage. 


8.5. GATE-DRIVER IMPEDANCE 


The gate-driver impedance comprises two elements—an inescapable component 
involved in generating the gate voltage, and a component deliberately introduced 
to tailor the response of the MosreT. The usual method of modifying the MosFET 
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switching time once the gate-driver voltage has been chosen is to insert resistance 
in series with the gate. 

In bipolar-transistor base drive circuits a speed-up capacitor is sometimes 
connected in parallel with the base current-limiting resistor to ensure fast 
switching of the transistor. There is little point in putting a speed-up capacitor in 
parallel with the gate resistor of a MOSFET, since the gate only draws current 
during switching, and the series resistor should not be bypassed during the 
switching period, since its presence is required to regulate the switching speed. 
While switching speed is increased by the use of a bypass capacitor, a cleaner 
switching waveform is generally obtained if the switching speed is increased by a 
reduction in the value of the series resistor. 


8.6. ASYMMETRIC GATE DRIVE CIRCUITS 


Different turn-on and turn-off times can be achieved by bypassing the series gate 
resistor with a diode, as shown in Figure 8.5. Asymmetry may be inherent in the 
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Figure 8.5. Asymmetric gate drive circuits. 
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Figure 8.6. Gate drive circuits with inherent asymmetry. 


gate driver circuit, as when the gate driver has an active pull down action but 
passive pull up or vice versa. Figure 8.6 shows two circuits with inherent 
asymmetry. | 

An asymmetric gate drive is sometimes used when a mosFET is controlling a 
clamped inductive load. Turn-on is slowed in order to reduce the current surge 
that occurs in the MosFeT due to the reverse recovery charge of the free-wheeling 
diode. Turn-off is rapid in order to minimize the turn-off time and the switching 
losses. 


8.7. COMPLEMENTARY EMITTER-FOLLOWER DRIVE CIRCUIT 


To achieve switching speeds of the order of 100 ns or less requires a gate drive 
circuit with a low output impedance and the ability to sink and source relatively 
large currents. For example, a 100-V Mosret with an Rpg on) of 0.55 Q (e.g. an 
IRF 150) switching a load on a 50-V supply would typically require a gate charge 
transfer of 75 nC to raise the gate voltage from 0 to 10 V during turn-on of the 
MosFET. If turn-on is completed within 100 ns, then the average gate current is 
750 mA. A circuit capable of sourcing and sinking this level of current is shown in 
Figure 8.7. A pnp transistor and an npn transistor are connected in a totem-pole 
configuration so that they both act as emitter followers, thereby giving the circuit 
a low output impedance regardless of the direction of the load current. The 
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Figure 8.7. Double emitter-follower low-impedance gate drive circuit. 


transistors operate in the linear regime, and the delay time associated with 
bipolar transistors operating in the saturated mode is thereby avoided. A 
low-value resistor may be connected in series with the output to adjust the 
switching performance of the MOSFET or to damp oscillations as the MOSFET passes 
through the linear region. 


8.8. INTEGRATED-CIRCUIT GATE DRIVERS 


There are a number of integrated circuits on the market which are designed to 
drive capacitive loads and are capable of sourcing or sinking large currents 
(several amperes) for a short time. Typical of these devices is the DS0026 clock 
driver and the TSC429 mosret driver. These devices incorporate level shifting as 
well as providing a buffered output. A decoupling capacitor must be connected 
across the power rails close to the driver 1c to ensure low output impedance. 


8.9. DRIVING MOSFETS FROM OPERATIONAL AMPLIFERS AND 
COMPARATORS 


The gate signal for a power MOSFET may in some applications be generated by an 
operational amplifier or a comparator. For example, in pulse-width-modulated 
converters, the switching waveform may be generated by comparing the 
amplitude of two analogue signals. If the MosFeT gate is driven directly from an 
operational amplifier, the switching speed of the MosFeT will be limited by the 
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Figure 8.8. Driving a MosFeT from an operational amplifier. 
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Figure 8.9. Driving from an operational amplifier with pulse edge shaping. 
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slew rate and by the current drive capability of the amplifier. Industry-standard 
operational amplifiers such as the 741S with an open-loop bandwidth of 1 MHz 
and a slew rate of 30 V/us can be used to drive the mosreT directly, but only 
where fast switching of the MOSFET is not required. For applications were fast 
switching is required, special-purpose current amplifiers may be used, such as the 
HA2630 with a bandwidth of 8 MHz, a slew rate of 500 V/us, and an output 
current capability of 0.4 A. Rise and fail times of under 40 ns can be obtained 
with comparators at low output voltage. Level shifting may be required to attain 
the necessary gate voltage, and buffering may be necessary to provide the 
required value of gate current. 

Figure 8.8 shows how a complementary emitter follower may be used to buffer 
the output of operational amplifiers and comparators. The shape of the output 
waveform may be modified by altering the feedback component as shown in 
Figure 8.9. Feedback via a capacitor allows the rate of rise and fall of the output 
voltage to be regulated, thereby controlling the rate of rise and fall of the MosFET 
drain current. If a diode is connected in parallel with the capacitor, the output 
voltage will change rapidly in one direction but slowly in the other. 


8.10. STORED-ENERGY GATE DRIVE CIRCUITS 


The release of energy stored in an inductor may be used to drive the gate of a 
MOSFET as shown in Figure 8.10. Energy is stored in the inductance while Q1 is on 
and released into the zener diode and the gate of Q2 when Q1 turns off. The 
zener diode clamps the gate voltage at a level compatible with the maximum 
allowable value of the gate-source voltage of Q2. 
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Figure 8.10. Inductive gate drive circuit. 
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The benefit of such a circuit is that a gate voltage can be generated which is 
higher than that of the supply rail. This permits full enhancement of a device 
where it might not otherwise be possible, for example when only a 5-V power 
source is available. The drawback to such circuits is that the current must be 
maintained in the zener clamp during the entire on-period of Q2. This can result 
in high power loss in the drive circuit. 


8.11. DRIVING MOSFETS FROM TTL 


The high-state output voltage of Trx is barely sufficient to turn on a MOSFET of the 
industry-standard type with a threshold voltage between 2 and 4V. As Figure 
8.11 shows, in the basic Trt output stage, output load current from the positive 
rail has to pass through two forward-biased junctions, so that the maximum 
voltage obtainable from a TTL output in normal operation is 3.6 to 3.8 V. The 
minimum guaranteed high-level output when sourcing 0.4 mA is 2.4 V (2.7 V for 
74LS and 74S TIL), inadequate for driving standard power MOSFETs. 

The use of a pullup resistor, as illustrated in Figure 8.12, permits the gate 
voltage to rise to 5 V. The mosret will turn off more quickly than it turns on, 
since at turn-off the gate is pulled down by a transistor, whereas on turn-on the 
gate is charged at a rate determined by the pullup resistor. Even with a pullup 
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Figure 8.11. tri output stage. 
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0V 
Figure 8.12. trv gate drive with pullup resistor. 


resistor the voltage obtainable from a TTL output stage is insufficient to enable 
standard MosFETs to conduct rated drain current, as Figure 8.13 shows. 

A higher gate drive voltage can be obtained by the use of open-collector TTL as 
shown in Figure 8.14. Switching of the MOsFET is asymmetric, since pullup is 
passive and pulldown is active. Active pullup can be achieved by use of a double 
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Figure 8.13. Typical MosretT output characteristics. With Vos = 5 V, Ip is limited to 5.5 A. 
The rated average value of [p is 14 A. 
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Figure 8.14. Open-collector Tr output with pullup resistor. 
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Figure 8.15. Open-collector Tr. output with a buffer 
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Figure 8.16. Bootstrap gate drive circuit. 


emitter-follower bipolar transistor buffer, as shown in Figure 8.15, or by 
completing the TrL output stage using external components. 

The bootstrap circuit shown in Figure 8.16 offers a method of driving a MOSFET 
from conventional TrL but with a gate voltage sufficient to ensure saturation at 
high levels of drain current. The load must be connected to the source terminal, 
as for instance in the case of the upper device in a bridge circuit. When Q1 is off, 
C is charged to approximately the supply voltage. When Q1 starts to turn on, Vo 
rises. The voltage at node X also rises. Additional current is therefore supplied to 
the gate via R. The zener diode Z1 prevents the gate voltage rising to a level 
which could damage the gate oxide. A disadvantage of the bootstrap circuit is 
that the maximum pulse width is limited by the discharge time constant of R 
and C. 


8.12. DRIVING MOSFETS FROM CMOS 


Standard cmos has a longer switching time than tri, while high-speed cmos has 
switching times of the same order as TIL. The output characteristics of cmos are 
approximately the same whether sourcing or sinking current. The output 
impedance is about 500Q for supply voltages below 8 V, and about 1k@ for 
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Figure 8.17. cmos outputs paralleled to increase drive capability. 


supply voltages over 8 V. The main advantage that cmos has over Tru for driving 
MOSFETs is that CMos can operate with a supply voltage of up to 15 V and can 
therefore supply sufficient voltage to ensure full turn-on of conventional MOSFETs 
at rated current. With a cmos gate drive the MosFET does not turn off as quickly as 
when driven by TTL, since the pulldown impedance of Tru is much lower than that 
of cmos. The turn-on performance of the MosreT when driven by cmos operating 
from a 10-V supply is similar to that achieved with a Tri high-voltage 
open-collector buffer and a 680-Q pullup resistor. 

A lower output impedance can be achieved by connecting any number of cmos 
gates in parallel (Figure 8.17). To achieve higher switching speeds than is possible 
with cmos alone, the output of the cmos may be buffered using a Sompin mentary 
emitter follower. 


8.13. TRANSFORMER-ISOLATED GATE DRIVERS 


Isolation between the power circuit and the control circuit may be achieved by 
the use of transformer coupling as shown in Figure 8.18. The output impedance 
of the transformer secondary will depend on the reflected impedance of the 
primary driver circuit and on the impedance of the transformer. Therefore for 
fast switching the transformer must have low leakage inductance and the primary 
driver should have low output impedance. A series capacitor is included to block 
the dc component in the primary-driver output waveform. The use of transformer 
coupling of the gate signal permits the optimum gate voltage to be obtained from 
a convenient supply voltage and may also facilitate impedance matching between 
the drive circuit and the MOSFET. 

Due to leakage inductance, the impedance of the secondary winding of the 
transformer may not be low enough to prevent the gate voltage from rising above 
the threshold voltage under conditions of high drain voltage du/dt. The 
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Figure 8.18. Transformer-isolated gate drive. 


impedance presented to the gate during the time when the mosFer is required to 
be off can be reduced by the use of a bipolar transistor as shown in Figure 8.19. 
Q1 provides a low impedance shunting of gate and source even when the 
transformer secondary voltage is zero. 

A major restriction on the usefulness of a snsttanereoasied gate drive is 
that the duty cycle over which it can operate is limited, as Figure 8.20 illustrates. 
The secondary voltage waveform cannot contain a dc component. Therefore the 
time integral of the negative part of the waveform must equal the time integral of 
the positive part of the waveform. If the duty cycle departs significantly from 
50%, the excursions of the gate voltage will be much greater in one sense than in 
the other. Since the gate oxide breakdown voltage is the same for positive and 
negative gate voltage, excessive excursions of the transformer secondary voltage 
in either direction are unacceptable. 





Figure 8.19. Transformer-isolated drive with active pulldown. 
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Figure 8.20. Constant volt—seconds characteristics of a transformer. 


The circuit shown in Figure 8.21 achieves transformer isolation while permit- 
ting the duty cycle to vary between 1 and 99%. The circuit operates on the 
principle that since the leakage current between the gate and source of a MOSFET 
is very small, the charge on a MOSFET gate can be retained for some seconds or 
even minutes if the gate is suitably isolated. As the waveforms in Figure 8.22 
show, the MOSFET is turned on when a positive-going pulse is applied to the 
transformer primary. The pulse appears across the secondary winding, and the 
gate of Q2 is charged positively by current flowing through the body—drain diode 
of Q1. At the end of the pulse, discharge of the gate is prevented by the blocking 
action of the MOSFET body-drain diode. Turn-off of Q2 is produced when a 
negative-going pulse is applied to the primary of the transformer. Appearing 
across the secondary winding, this pulse makes the gate of Q1 positive with 
respect to the source. QI turns on, permitting the gate of Q2 to acquire a 
negative charge, thereby turning off Q2. The gate of Q2 loses most of this charge 
as the transformer secondary voltage falls to zero at the end of the turn-off pulse, 
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Figure 8.21. Wide-duty-cycle transformer drive circuit. 
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Figure 8.22. Transformer drive waveforms. 


but Q2 nevertheless remains off until a positive pulse is again applied to the 
transformer. If the MOSFET is required to be on for a period long enough for there 
to be appreciable leakage of the gate charge, it may be necessary to increase the 
gate discharge time constant by connecting a capacitor between the gate and 
the source. 

The circuit may be driven by a square wave rather than a pulse waveform 
provided some provision is made to limit the transformer primary current should 
the transformer core saturate. As Figure 8.22 shows, pulses are generated in the 
secondary winding whenever the primary voltage changes polarity. Thus Q2 is 
turned on by the secondary pulse generated by the positive-going transition of the 
primary waveform and turned off by the negative-going transition. 





Figure 8.23. Transformer drive circuit with additional noise immunity. 


208 GATE DRIVE CIRCUITS 


Tg 


> 

s 
Jf 
Figure 8.24. Transformer drive circuit with negative bias in the orF state. 


The noise immunity of the circuit shown in Figure 8.21 is approximately equal 
to the threshold voltage of the MosFeT. Greater noise immunity can be obtained 
from the circuit shown in Figure 8.23. In this circuit, the negative charge which 
the gate acquires when Q2? is turned off is retained due to the blocking action of 
Q3. The gate voltage of Q2 remains at some negative value while Q2 is off. This 
increases the margin between the orr-state gate voltage and the threshold voltage 
of the MosFEeT, thereby giving the circuit a noise immunity greater than the 
threshold voltage of the MOSFET. 


Uy 


Figure 8.25. Transformer drive circuit with continuous-output capability. 
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A negative gate bias can also be provided by a transformer-isolated drive 
circuit in the manner shown in Figure 8.24 [1]. The transformer secondary 
winding is extended so that a negative voltage source is created to charge the 
reservoir during the turn-on period. The same secondary-winding extension 
provides the signal which controls the application of this negative voltage to the 
power-mMosFeT gate. There are a number of possible circuit variations based on 
these principles [2]. 

Unlimited on time can be obtained with the circuit shown in Figure 8.25 [3]. A 
1-MHz carrier signal is rectified to provide a gate bias that turns on the ret. The 
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Figure 8.26. Interwinding capacitance in the gate-driver transformers can lead to spurious 
turn-on. 


210 GATE DRIVE CIRCUITS 


bipolar transistor ensures rapid discharge of the gate capacitance when the carrier 
is turned off. The bandwidth of this arrangement is limited by the use of a carrier 
signal to convey the switching signal. 

Parasitic capacitance between the windings of a gate-driver transformer can 
cause the gate voltage to rise if there is a rapid rise of the potential of the primary 
winding with respect to the secondary winding. Such a situation commonly arises 
in the inverter circuit shown in Figure 8.26. If the free-wheeling diode D1 is 
conducting when Q2 turns on, the source voltage of Q1 will fall rapidly from +V 
to —V as Q2 takes over the load current from D1. Spurious turn-on of Q1 by 
currents flowing through the interwinding capacitance of the transformer can be 
prevented by the use of an electrostatic screen between the windings. 

As advancing technology pushes operating frequencies higher and power- 
MOSFET die sizes increase, greater demands are placed on the driver transformer. 
The rise time must be fast to minimize crossover losses during switching, but at 
the same time voltage overshoot must be limited and ringing well damped. Also, 
the power requirements of the drive circuit must be kept within reasonable limits. 
Choosing the correct core material for the transformer becomes more critical as 
performance demands increase [4]. 


8.14. OPTICALLY ISOLATED GATE DRIVERS 


The gate driver circuit may also be isolated from the power circuit by the use of 
an optical isolator. Figure 8.27 shows an example of an optically coupled drive 
circuit. Some optical-isolators incorporate a Schmitt trigger circuit to ensure that 
the output of the isolator changes state rapidly and cleanly, thereby allowing 
efficient operation of the power mosreT [5]. These isolators usually operate from a 
5-V supply. Level shifting as well as buffering of the output may therefore be 
required. 

An optically coupled driver does not suffer from the duty-cycle limitations that 
are found in transformer-coupled drivers. The main disadvantage of an optically 
coupled gate drive is that it requires an isolated power supply. Figure 8.28 shows 
how the isolated power supply can be dispensed with by obtaining power for the 
gate drive from the power circuit. In applications in which the drain voltage only 
goes high for a short period each cycle or in which the operating frequency is low, 
the circuit shown in Figure 8.29 may be used. | 

The energy required to charge the gate of a mosFET may be conveyed to the 
gate optically. If enough photovoltaic diodes are connected in series, sufficient 
voltage can be generated to turn on a MOSFET as shown in Figure 8.30. The 
gate-to-source leakage current in a MOSFET is so small that it can easily be supplied 
by the photovoltaic pile. The switching speed depends on the current that the pile 
can supply, and this depends on the conversion efficiency of the pile and the 
amount of light falling on it. Power MOsFETs may be packaged with a photovoltaic 
gate drive and a LED light source to provide a completely isolated gate drive (see 
Section 9.10). 
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Figure 8.27. Optically isolated gate drive circuit. 
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Figure 8.28. Optically isolated gate drive supplied from the drain voltage. 
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Figure 8.29. Optically isolated gate drive supplied from the drain voltage and capable of 


operating with smail duty cycle at low frequency. 


8.15. THE HIGH-SIDE SWITCH 


In some switching applications it is preferable to use an n-channel mosFET located 
between the positive rail and the load. When the MosFET is on, its source will be 
almost at positive-rail potential, necessitating a gate-driver voltage that is greater 
than that of the positive rail. One means of providing this is a diode pump. 
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Figure 8.30. Photovoltaic gate drive. 
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High-side switches are used predominantly in the automotive industry, and a 
more extensive discussion of the subject will be found in Section 10.2. 


8.16. H-BRIDGE DRIVER 


The driving of the upper MosFeT in an H-bridge inverter circuit requires the 
provision of a gate drive supply of the order of 10 to 15 V above that of the dc 
supply to the bridge. The gate drive signal must also be conveyed from the 
control electronics, which are usually at ground potential, to the gate drive 
circuit. These requirements may be fulfilled by an isolated power supply and an 
optical isolator. An arrangement which achieves the same end but which is 
generally more economical is shown in Figure 8.31. Power for the gate drive is 
derived from the reservoir capacitor C,. This capacitor is charged from the 15 V 
power supply via D1 whenever Q4 is on. Q1 and Q2 provide a low-impedance 
drive for Q3. Turn-off of Q3 is achieved by turning on current source Q5. Other 
configurations are possible, involving various combinations of bootstrap power 
sources, optical isolators, and level shifters [6]. Due to the need for level shifting 
and floating power supplies, the cost of driving an H-bridge is high. However, the 
advent of power integrated circuits which can perform this function [7] promises a 
considerable reduction in the cost of H-bridges. 
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Figure 8.31. H-bridge gate drive circuit with diode-pumped power supply for upper gate 
jrive. | 
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GE CHAPTER 9 


The Power MOSFET as a Switch 





9.1. INTRODUCTION 


Like any other semiconductor switch, the power MOSFET is not ideal. It blocks 
voltage in one direction only. It passes a low but finite value of leakage current 
when off and has a nonzero value of resistance when on. The orr-state blocking 
voltage and the on-state current have limits, set respectively by the drain—source 
breakdown voltage and by the onset of active-region operation (equivalent to 
going out of saturation in the case of the bipolar transistor). The time taken to 
switch from one state to another is not zero. 

Nevertheless, the power MosrFeT is the device of choice for a wide range of 
switch applications. This chapter describes a number of such applications. 
Emphasis is laid on those applications in which the switch may be on or off for 
indeterminate periods. The role of the MosFET switch in pulse-width-modulated 
and high-frequency power applications is discussed in other chapters. 


9.2. BASIC SWITCHING CONFIGURATIONS 


Figure 9.1 shows an n-channel power MOSFET in a simple switching circuit. An 
n-channel device is used where possible, since n-channel MOSFETs are generally 
cheaper than their p-channel equivalents. This is due to the lower mobility of 
holes than that of electrons, which requires the use of more silicon area in a 
p-channel device to achieve the same Rps(on). Hence, n-channel MosFETs tend to 
be more readily available and in a greater selection than p-channel ones. 

The MosFET is placed between the load and the power-source ground where 
possible, since the drive voltage may then be ground-referenced. Certain 
applications require that the switch be placed between the load and the positive 
rail—a technique commonly referred to as high-side switching. This is particularly 
prevalent in automotive applications, where the chassis of the vehicle is the 
negative ground. The load is connected to the positive supply rail by an n-channel 
MOSFET with its gate pulled high or by a p-channel MosFeT with its gate pulled low. 
Economics dictate which of these configurations is adopted (see Section 10.2). 

Power MOSFETs incorporate an integral drain—source diode. Therefore they are 
capable of blocking voltage in one direction only. The ability of the power MOSFET 
to conduct in the reverse direction is put to use in ac switching applications. Two 
power MOSFETs can be configured to act as a single bidirectional ac switch (see 
Section 9.10). 
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Figure 9.1. Basic switch configuration. 


9.3. INDUCTIVE LOAD SWITCHING 


During turn-off the collapsing magnetic field in an inductive load manifests itself 
as a voltage induced across the inductance, with a polarity such as to oppose the 
change in current. A free-wheeling diode is used to clamp the drain voltage and 
to carry the inductor current after turn-off (Figure 9.24). The diode must become 
forward biased before the current in the MOSFET can start to reduce. Thus, when 
controlling a clamped inductive load, the device will experience simultaneously 
high values of current and voltage. This situation can lead to secondary 
breakdown in bipolar transistors, since the reverse-bias safe operating area does 
not usually include simultaneous application of rated voltage and rated current. 
Power MOSFETS do not suffer from this phenomenon and therefore can drive 
clamped inductive loads without the use of load-line shaping circuits. 

On turn-off, overvoltage is still possible with a clamped inductive load if there is 
unclamped stray inductance in the circuit. This can be minimized through correct 
circuit layout, but is hard to avoid in some applications, such as the switching of a 
remote load, where significant lead inductances may be present. A snubber circuit 
may be placed across the MosreT to limit peak voltage stress, as shown in Figure 
9.2a. The unclamped inductance forms a damped resonant circuit with the 
snubber capacitance, resulting in a reduced voltage peak. However, the snubber 
dissipation is large and transition times are increased. The transient waveforms 
produced by power-MosFeT switching are studied in greater detail in Chapter 4. A 
zener (or avalanche) diode clamp ensures a better-defined maximum voltage 
(Figure 9.2b). If the MosFer ratings permit (see Appendix 7, Notes 11 and 12), 
the drain voltage may be limited by avalanche breakdown of the MosFET. The 
energy stored in the inductor is then dissipated in the MosreT. Another means by 
which the energy stored in the inductor can be dissipated in the power MOSFET is 
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9.2. Limiting the overvoltage transient due to unclamped inductance: (a) Using a 
snubber; (b) using a zener (avalanche) diode. 
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Figure 9.3. Active clamping of the drain-source voltage. ._ 


by use of the active clamp circuit shown in Figure 9.3. The drain voltage is 
clamped by turn-on of the power MOSFET when the breakdown voltage of the 
zener diode is reached. In this case the power MOsFET is not required to have any 
avalanche capability. A power integrated circuit has been proposed in which the 
control circuitry incorporated in the power device adjusts the clamping voltage 
and the current carried by the MosFET, the object being the minimization of losses 
and a reduction in switching times [1]. 


9.4. HIGH INRUSH-CURRENT LOADS 


Many switched loads draw high peak currents on turn-on. For example, a 
stationary dc motor has zero back emf, and therefore the starting current is 
limited only by the resistance of the windings. Incandescent lamps have a low 
resistance when the filament is cold, so that the current drawn at turn-on can be 
several times that drawn in steady operation (see Section 9.8). Power MOSFETS 
generally have a surge-current capability that is typically four times that of the 
average-/, rating. The surge-current rating is determined principally by reliability 
considerations, in particular, stress on the wire bonds and the surface met- 
allization during high-current conditions. Since there is no second breakdown 
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associated with power MOSFETS, it is usually permissible to switch an unsnubbered: 
power MOSFET at the surge current rating with full rated voltage applied, although 
switching must. be rapid and this condition is not specifically guaranteed on many 
data sheets. 

Power MOSFETs have a further advantage over bipolar transistors in that they 
are voltage-controlled and consume no significant gate power in the conducting 
state, independent of drain current. In contrast, the current gain of a bipolar 
transistor falls as the collector current reaches high values, so that the cost of the 
base drive circuit increases rapidly with peak current capability of the switch. 

It is necessary to ensure that the current inrush does not cause excess device 
dissipation. This is likely to occur if the gate drive voltage is insufficient to 
maintain a fully inverted channel region when carrying the inrush current, so that 
the device enters the linear region. If this happens, the device is called upon to 
support high values of current and voltage simultaneously, and the power 
dissipation will be high. The current is limited by the MosFet when it enters the 
linear region, and this may be used to provide overcurrent protection for the 
load, but care must be taken that the MOSFET die temperature does not exceed the 
permitted maximum. 

Another option is to sense the device current and turn off the MOSFET, diverting 
the current to a free-wheeling diode when the load current reaches a preset limit. 
This adds to the cost of the control circuit but may permit the use of a smaller, 
less expensive MOSFET. 


9.5. LOGIC CONTROL OF LOADS 


Since power MosFETs have relatively simple drive requirements, they are often 
used as the interface between logic circuits and actuators or indicators. In many 
applications low switching speeds are acceptable and the current capability 
required of the gate driver is very low. The Mosret can therefore be driven 
directly from the logic circuits in many cases. The surge-current capability of 
MOSFETs makes them suitable for driving loads that have a high ratio of peak to 
average current, such as print-hammer actuators. 

A disadvantage of the MosFET is that the standard threshold voltage is typically 
in the region of 3 V and the output voltage from 5-V logic is insufficient to allow 
the full current capability of the MosFET to be used. The issue is essentially one of 
economics, since by using a larger MosFreT the transconductance can be raised to a 
level where the available gate drive voltage is sufficient to allow the MOSFET to 
carry the load current without entering the linear region. 

_ Low-threshold MosFets (logic-level MosFeTs) have now become readily avail- 
able. These typically have thresholds as low as 1.0 to 1.5 V (see Section 19.3). 
They also have higher transconductance and can carry the rated current of the 
device with a 5-V gate-source bias. These devices are directly compatible with 
TTL, CMOS, NMOS, and pmos logic. However, since the threshold voltage has a 
negative temperature coefficient, standard threshold devices may have to be used 
in high-temperature applications to obtain the required noise immunity. 
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9.6. RELAY DRIVER 


MOSFETS may be used to drive the coils that actuate relays, solenoids, and other 
electromechanical devices. A free-wheeling diode connected across the coil to 
clamp the coil voltage on turn-off will slow current decay, thus delaying the release 
of the mechanical element. This may not be acceptable, for instance when the coil 
controls the brake of an automated electric vehicle that is required to make 
accurate stops. A method is required for quickly reducing the current in the coil. 
Figure 9.4 shows a suitable circuit for this application. With the coil energized, 
the brake shoes are held out from the rotating axle. If power fails, or if the 
MOSFET is turned off, the brake is applied. A resistor is placed in series with the 
free-wheeling diode, reducing the decay constant of the inductive current. The 
required breakdown voltage rating of the MosreT is increased by an amount equal 
to the product of the current at turn-off and the resistance value. A zener diode 
may be used in place of the resistor, allowing better control of the peak MosFET 
voltage. 

The coil current required to hold in solenoids or contactors is less than that 
required for pull-in. Initially current builds up in the coil, aiming at a maximum 
value given by the supply voltage divided by the load resistance. Current 
detection can be by means of either a series resistor or a current-sensing MOSFET 
(see Section 19.1). After a delay of 40 ms or so during which the solenoid pulls in, 
the MosFET is pulsed at a frequency of 3 to 4kHz with a duty cycle necessary to 
maintain the hold-in current. MosFETs are particularly suitable in this application 


Brake 
coil 


———- a at 


IL 


Figure 9.4. Switching an electromechanical brake. 
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because their peak current capability is greatly in excess of their average current 
capability and because their square soa enables them to switch clamped inductive 
loads without the risk of second breakdown. 


9.7. PRINTER HAMMER DRIVE USING MOSFETS 


A dot-matrix printer system consists of a number of hammer printing heads, each 
hammer being operated by a solenoid or electromagnet. To obtain good print 
quality the coil current is profiled. Generally the coil current is required to rise 
from zero as rapidly as possible at turn-on, reach a set value, and remain there 
for a given period. It should then fall to zero as rapidly as possible. 

A typical circuit used to obtain the desired current waveform is shown in 
Figure 9.5. At turn-on Q1 and Q2 are turned on applying the supply voltage 
across the drive coil. The supply voltage V, is sufficiently high that the coil 
resistance is ineffective in limiting the coil current. Thus the current rises rapidly 
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Figure 9.5. Hammer-printer zigzag driver circuit. 
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to the required value at a rate of rise determined by the coil inductance. Then Q1 
is switched off and current freewheels in Q2 and D2. When the coil current has 
decayed to a predetermined value, Q1 is switched on, increasing the coil current 
again. This cycle repeats while the coil is required to be energized. When the coil 
is to be de-energized, Q1 and Q2 are both turned off, forcing the current to flow 
back to the supply via D1 and D2. Since the supply is applied in reverse across 
the coil, the current reduces rapidly to zero. Some form of current feedback is 
necessary to implement the current shaping. A sense resistor can be placed in 
series with the coil to detect current, or a current-sensing MOSFET can be used. A 
differential amplifier is used to sense load current, and a comparator, with added 
hysterisis, determines the maximum and minimum current levels. 
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Figure 9.6. Hammer driver circuit with a single MOSFET. 
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Figure 9.7. Hammer driver circuit with energy recuperation. 


Figure 9.6 shows a print-hammer drive circuit that takes advantage of the fast 
switching capability of the power MosFET [2]. Initially Q1 is switched on, and it 
remains on until the current reaches the desired value. Q1 is then switched on 
and off to control the coil current. While it is off, current flows through D1 into 
the low-impedance source V2. The amplitude of the current reduces rapidly as a 
reverse voltage is applied across the coil. When current reaches a set minimum, 
Q1 is switched on. When the print action is completed, Q1 is switched off and 
remains off. 

This circuit has the advantage of only requiring one transistor and diode, as 
opposed to the pair of transistors and diodes required by the circuit shown in 
Figure 9.5. Better efficiency, higher reliability, and lower system cost are 
therefore possible. The switching frequency during the holding period will be 
much higher for a given value of current ripple than in the previous circuit, but 
due to the high switching speed and low switching losses pesocaicd with power 
MOSFETS, this is not a serious disadvantage. 

This circuit requires a second power supply, V2, that is capable of sinking 
current. This supply is provided in the circuit shown in Figure 9.7 by the capacitor 
C2. An energy recuperator circuit is used to return energy from V2 back to V1. 
Qi and Q2 are alternately switched on and off at about 40 kHz, with a duty cycle 
of 0.5. If V2 is less than V1, no current flows from C2 to V1. If V2 exceeds V1, 
due to energy being received from the print coils, the diodes D1 and D2 will 
conduct, returning energy to V1 and clamping the voltage V2. Only one such 
circuit is required for all the print-coil circuits. 


9.8. LAMP APPLICATIONS 


The main difficulty in switching an incandescent-lamp load is the inrush current 
drawn by this type of load. When cold, the resistance of an incandescent filament 
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Figure 9.8. Turn-on current waveform for an incandescent lamp. 


can be up to 10 to 15 times lower than its value at normal operating temperatures. 
Current in the lamp may still be twice the normal operating current 10 ms after 
turn-on (Figure 9.8). As well as imposing switch stresses, the current surge 
reduces the lamp lifetime considerably. | 

Furthermore, incandescent lamps are gas-filled to lengthen lifetime and 
improve efficiency. When such a lamp fails, flashover can occur, causing a large 
current surge to be drawn. This may be in order of 100 to 200 A, lasting 2 to 4 ms. 
Such surges make it difficult to achieve an economic design with bipolar 
transistors. The MOSFET, on the other hand, is better able to withstand the surge 
current and can also provide inherent current limiting if an appropriate gate 
voltage is used. . | 

A simple circuit to extend lamp life is’ shown in Figure 9.9. This circuit 
eliminates current inrush at turn-on. Also, vibration stress due to ac current flow 
is eliminated. At turn-on, C1 and the input capacitance of the MosFET are charged 
via Rl. The charging time constant is such that the MosreT reaches the fully on 
state in about 0.5s. The zener diode limits the gate voltage to 15 V. As the device 
passes through the active region, the current will be constrained by the 
gate-source bias and the transconductance. The RC time constant is matched to 
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Figure 9.9. Lamp life extender. 
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the cold-start characteristic of the lamp, so that by the time the MosFET is fully 
enhanced the lamp resistance is large enough to allow safe, reliable operation. 
Since the MOSFET requires only a tiny gate current, R1 can be very large, thereby 
ensuring that the drive power requirements are low. The MosFET will normally 
operate in the fully enhanced region, so that efficiency will not be significantly 
impaired. 


9.9. LOW-POWER LAMP DIMMER 


Figure 9.10 shows a lamp dimmer circuit in which an oscillator generates a Pulse 
Width Modulated (pw) drive signal for the MosFET. The duty cycle varies the 
lamp output brightness. The supply for the control circuit is derived from the 
drain of the MosreT thereby allowing a two wire connection to the control circuit. 
There is an upper limit on the drive duty cycle as the capacitor has to be 
recharged continuously. The use of pwm control and the low power requirements 
of the drive circuit ensure efficient operation making the circuit suitable for 
battery driver applications. 


9.10. AC LOAD CONTROL 


For the control of ac loads a bidirectional switch is required. This can be 
implemented with two power MOSFETs in series, so that one MOSFET controls the 
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Figure 9.10. Lamp dimmer circuit. 
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G S 
Figure 9.11. Birdirectional ac switch. 


flow of current while the body—drain diode of the other completes the circuit 
(Figure 9.11) [3]. 

_ When the load is ground-referenced, a major problem with this arrangement is 
how to drive the switch, which is at line potential. When the switch is on, the gate 
voltage must be maintained sufficiently above the ac input to guarantee fully 
enhanced operation. Yet, when off or on, the gate-source voltage must not 
exceed the rated value, which is typically 20 V. One solution is to use optical 
isolators to couple a drive signal to the gate-source terminals of the ac switch. A 
power source is required for the drive circuit, and this is normally derived from 
the load power source. Gate-protection circuitry is generally necessary, and 
often zero-voltage turn-on and zero-current turn-off are desirable to reduce 
conducted and radiated electromagnetic interference. Up to twenty discrete 
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Figure 9.12. Monolithic bidirectional MOSFET switch (BOSFET). (Courtesy International 
Rectifier Corp.) 
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Figure 9.13. Photovoltaic relay using a bidirectional mosreT and a photovoltaic gate drive. 
(Courtesy International Rectifier Corp.) 


devices may be needed to implement the complete drive circuitry. It is not 
surprising therefore that power integrated circuits are being developed for this 
function. | 

Figure 9.12 shows a photograph of a bidirectional MosFET variously called a 
bilateral MosFET [4] or a BosFET [5]. This device is a monolithic integration of two 
n-channel MOSFETS with a common source and a common gate. This effectively 
gives an ac switching device in which current flows in opposite directions each half 
cycle under control of a single gate. 

The BOSFET also includes on-board low-voltage logic to ensure clean switching 
when driven from a photovoltaic pile. The use of an LED and photovoltaic pile to 
provide an isolated gate drive obviates the need for an isolated power supply [6]. 
This combination of bilateral MosFeET and photovoltaic gate drive, when encapsu- 
lated in a hollow package with the required separation of the LED and the 
photovoltaic pile as shown in Figure 9.13, form a photovoltaic relay. The 
conversion efficiency of photovoltaic generators is very low. Output is limited to a 
few microamperes, and cell sensitivity deteriorates when driving low-impedance 
loads. Therefore the MOSFET with its high impedance gate is the obvious device to 
use with a photovoltaic drive. 
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Automotive Applications 


10.1. INTRODUCTION 


The automotive market is predicted to be one of the largest for power MOSFETs. 
The reason is that it is essentially a low-voltage application and it is at low 
voltages that MOSFETs show their best cost advantage over bipolar transistors. 
Since Rysjon) per unit area of silicon is approximately proportional to V~° (see 
Section 3.5), low-voltage devices offer the lowest Rpson) for a given size of die 
and therefore the best value in terms of amperes per unit cost. Forward voltage 
drop is also an important consideration. Safety regulations dictate an upper limit 
on the voltage drop that can be allowed across a switch in an automobile. 
Typically this is of the order of 0.5 V. It may be difficult for a bipolar transistor to 
meet this specification, while a power MOSFET can always be chosen with 
sufficiently low Rpsion) to meet the forward-drop requirements. MOSFETS may be 
paralleled to reduce the total Rpscon) of the switch. 

The avalanche rating, which is likely to become a standard feature of 
power-MOSFET data sheets, is of major benefit in the electrically noisy 
automotive environment. Line-voltage surges are common due to the opening 
and closing of switches, the connection and disconnection of inductive loads 
during maintenance, loose connections, and pickup from adjacent circuits. 

Amongst other features which make the power MosFET particularly suited to 
automotive applications are its ability to interface directly with logic circuits, for 
example in a multiplexed wiring (mux) system, and its square safe operating area, 
which gives it good reliability when switching clamped inductive loads. 


10.2. HIGH-SIDE SWITCHING 


Most vehicles operate with a negative vehicle ground and a positive supply, and 
most loads have one side connected to ground while the other is connected to the 
positive battery rail through a switch. Thus the load is switched on the “high 
side’. One reason for this is that corrosion due to galvanic action between the 
ground and electrically live components within the load would result if the load 
were not disconnected from the supply when the vehicle was switched off. 
Another reason is that if the internal components are electrically live with respect 
to the chassis of the vehicle, even when the vehicle is switched off, a short circuit 
of the supply is likely should anyone attempt maintenance without disconnecting 
the battery. 
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Figure 10.1. High-side drive configurations: (a) with n-channel mosret and charge pump; 
(6) with p-channel mosFet and simple gate drive. 
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Figure 10.2. Charge-pump circuit. 
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Figure 10.3. Comparison of the cost of n-channel and p-channel high-side switch. 


It matters little with a mechanical switch whether the switch is in the high side 
or the low side. However, the dominance of high-side switching has important 
consequences for the use of power MOSFETs in automotive applications. As Figure 
10.1 shows either a p-channel or an n-channel MosFET may be used, but while the 
p-channel MOsFET can obtain its gate voltage from the negative supply rail, the 
n-channel MOSFET requires a separate supply, more positive than the positive 
battery rail. This supply is commonly generated by a diode charge pump (Figure 
10.2), adding to the cost of the switch. Because electrons have a higher mobility 
than holes, n-channel mMosrets have a lower Rosion) per unit area than p-channel 
MOSFETS Of the same voltage rating. n-channel MosFETs are therefore usually 
cheaper than p-channel devices of the same current rating. The choice is thus 
between an n-channel MosFeT plus charge pump and a more expensive p-channel 
MOSFET without a charge pump. The charge-pump cost is fixed, while the MOSFET 
cost is a function of Roson) or the current rating. There is therefore a value of 
load current below which a p-channel mosretr is the more economical choice, 
while above that value an n-channel MosFeT and a charge pump is the cheaper 
solution (Figure 10.3). 


10.3. VOLTAGE-RATING REQUIREMENTS 


Power-MosFET voltage ratings in automotive applications are primarily determined 
by the load-dump requirement. This is the voltage generated by the alternator if 
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it suddenly sheds a heavy load as well as losing the clamping action of the battery, 
for example as the result of a broken cable. Due to the time constant of the 
alternator field winding, the field current cannot be reduced rapidly enough to 
match the decrease in load current. The excessive excitation produced by the field 
without armature reaction to offset it, causes the alternator to produce a high 
output voltage. The two most common load-dump voltage requirements for 12-V 
systems are 50 V and 60 V. Higher requirements prevail in 24-V systems. Both 
50-V and 60-V power MOSFETS have appeared on the market to meet these 
requirements, since optimization of the performance-—cost ratio is essential in 
such a price-conscious market. There is a move amongst vehicle and alternator 
manufacturers to attach a clamp capable of absorbing the load-dump energy 
across the alternator terminals, so that the load-dump voltage can be limited to a 
value closer to the nominal battery voltage. This would allow the use of 
lower-voltage MOSFETs, thereby reducing the cost of solid-state switches in 
automobile applications. However, this is not yet general practice. While power 
MOSFETS with an avalanche capability can be used to suppress rail transients, the 
load-dump energy would be more than a single power MOSFET could absorb. 
Equal sharing of the avalanche current between many mosrets could not be 
guaranteed, due to variation in their breakdown voltages. 


10.4. THRESHOLD VOLTAGE 


An important requirement of MOSFETs in automotive applications is that they 
should be able to remain fully on while carrying full load current under cranking 
conditions. This is a low-battery-voltage condition encountered when the starter 
motor is cranking the engine under the worst conditions of temperature and 
battery state. Vital systems such as the ignition are required to function at the 
minimum specified cranking voltage, which may be as low as 4.5 V. This is barely 
above the threshold voltage of most standard types of power MOSFET. 

The problem of cranking voltage may be overcome either by using an outsize 
device, so that it has sufficient transconductance to permit it to carry full load 
current with only the cranking voltage on the gate, or by providing a charge pump 
or some other form of auxiliary supply to generate adequate gate voltage. Where 
the MOSFET is driven from logic circuits, it is usually possible to make provision in 
the logic power supply for an adequate source of gate voltage. An alternative 
solution is offered by low-theshold devices, which typically have a threshold 
voltage half that of standard power MosFETs. Therefore, under cranking condi- 
tions a low-threshold device can carry significantly more current than a standard 
MOSFET of the same die area. The gate oxide of low-threshold MosFEts is thinner 
than that of standard MosFets (typically half as thick), so that its puncture voltage 
is correspondingly lower. Use of low threshold mMosrets in the electrically noisy 
environment of an automobile therefore requires more careful attention to the 
prevention of gate overvoltage. 


10.5. REVERSE BATTERY VOLTAGE 


Automobile electronic equipment is required to survive the accidental reversal of 
the battery terminals. A bipolar transistor can withstand this condition if the 
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Figure 10.4. Effect of reversed battery on typical circuit configurations. (a) Reverse 
current limited by the load; (6) short circuit between the power rails; (c) short circuit 
between the power rails. 


reverse breakdown voltage of its base—emitter junction is greater than the battery 
voltage. A power MOSFET, on the other hand, with its integral antiparallel diode, 
will conduct current in the reverse direction. Figure 10.4 shows three common 
circuit configurations. In the first (Figure 10.4a) the current that flows under 
reversed-battery conditions is limited by the load, and no damage will result 
provided the load can accept reverse current flow. In the other two circuits 
(Figure 10.4b and c) the integral diodes of the mosrers form a short circuit 
between the battery rails, so that either a series diode must be included to 
prevent reverse current flow, or fuse blowing must be accepted as a consequence 
of battery reversal. 


10.6. OPERATING TEMPERATURE 


The two main operating environments for automobile equipment are engine- 
compartment applications and body applications. For body applications a maxi- 
mum ambient temperature of 85°C is normally specified, while for engine- 
compartment applications the ambient temperature in which the mosreT has to 
operate can be as high as 125°C. Since the maximum allowable junction 
temperature for power semiconductors is of the order of 150°C, their power 
dissipation capability in engine-compartment applications is severely limited. 
The power-handling capability of a power MOSFET at the high ambient 
temperature of the engine compartment can be increased significantly by raising 
the maximum allowable junction temperature of the device. The usual maximurr 
allowable junction temperature for power Mosrets is 150°C, but at least one 
manufacturer has introduced devices in which this has been increased to 175°C 
[1]. This permits the MosFET to dissipate more power and to carry a greate! 
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current. The power dissipation capability of the transistor is given by 


P= Ty¢maxy ~ Te (10.1) 
Ruse 
where Tymax) is the maximum allowable junction temperature, 7c is the case 
temperature, and Ryyc is the junction-to-case thermal resistance. 

Assuming an ambient temperature of 125°C and a case temperature of 135°C, 
the power-dissipation capability of the device with a Tygnax) of 150°C is given by 


p = 0135 15 


Rinic Rese 





(10.2) 


For the device with a Tyimax) Of 175°C the power dissipation capability is given by 
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Figure 10.5. Power-dissipation capability of MosFETs with different maximum allowable 
junction temperatures. 
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The result is a 166% increase in the power that can be dissipated, as Figure 10.5 
illustrates. Since current and power are related by 


Ip = V P/Ryscon) (10.4) 


if we assume that Rpsiony increases by 20% as the temperature of the junction is 
increased from 150°C to 175°C, the ratio of the current handling capabilities of 
the two devices is given by 


Ipa7s) _ | 40Roscon) 
Ipqs0) ISRpscony X 1.2 
= 1.49 (10.5) 


However, to hold the case temperature of the high-temperature device at 135°C 
would require an increase in heatsink size because of the increased power 
dissipation. In practice economics might well dictate a slightly higher case 
temperature, so that the increase in current-handling capability resulting from the 
use of the higher-temperature device would be somewhat less than indicated by 
Equation (10.5). 


10.7. APPLICATIONS 


As cars incorporate more electronic equipment, the applications for a semicon- 
ductor switch multiply. Many of these applications involve motor control—for 
example, for electronic power steering, window motion, door locking, mirror 
positioning, cooling fans, seat movement, and dynamic suspension control. 
Current limiting is a common requirement with motor control, and this is 
therefore an important area of applicaion for current-sensing MOSFETs. Speed 
control of windshield wipers and air-conditioning fans can be achieved efficiently 
and cost-effectively using pulse-width modulation voltage control, although with 
such systems careful control of electromagnetic interference (EMI) is required to 
prevent interference with the car radio. 

Many mechanical relays are still used in cars, despite the problems of contact 
welding and contact wearout. However, semiconductor switches may be expected 
eventually to replace these. The power MosFET is particularly suited to replacing 
relays which control loads with a high inrush current, such as a car headlamp 
(see Figure 9.8). The high peak currents can cause relay-contact sticking, whereas 
a power MOSFET can tolerate high current overloads. An additional benefit of 
POWEI-MOSFET switching is that the life of incandescent lamps can be prolonged by 
operating the MOSFET in the constant-current mode at turn-on, thereby relieving 
the mechanical stress on the lamp filament. 

The absence of second breakdown in power MosFETs makes them suitable for 
clamped inductive-load applications such as the control of fuel injectors. In this 
application it is important to provide a high-voltage dump for the current in the 
injector coil so that the current rapidly reduces at turnoff. Due to the square safe 
operating area of the MOSFET, active clamping of the drain voltage (Figure 9.3) 
can be used without fear of soa failure. When the drain voltage exceeds the zener 
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breakdown voltage, the gate voltage is raised above the threshold value, thereby 
turning on the power mMosFeT and limiting the drain voltage. Alternatively, if the 
MOSFET Carries a repetitive avalanche rating, its own clamping capability may be 
employed. 


10.8. AUTOMOBILE IGNITION SYSTEMS 


Another major application in which soa is critical is the electronic ignition 
system. An important consideration for any automobile ignition system is that the 
aiming voltage across the spark plug electrodes should be sufficient to enable 
firing. Higher aiming voltages will be required to guarantee firing with fouled 
plugs and low battery voltages. Also, the time duration of the spark should be 
such as to provide good combustion and reliable cold start. 

In an inductive discharge ignition system energy is stored in the primary 
magnetizing inductance of the transformer while the switch is closed. When it 
is opened, a high voltage is induced in the high-tension (HT) secondary. A 
capacitor is connected across the contact breaker to suppress sparking. The 
capacitor will limit the rate of fall of the primary current, thus limiting the 
secondary aiming voltage. The suppressor capacitor discharges via the contact 
breaker points with current limited only by parasitic elements. This results in 
contact erosion, affecting the ignition timing and the need for regular replacement 
of the points. 

Performance can be improved and maintenance eliminated if the contact 
breaker points are replaced with a solid-state switch. However, bipolar transistors 
used in this application require a load-line shaping network to prevent second 
breakdown during turnoff. Snubber circuits are not required with power MOSFETs, 
and high aiming voltages are obtainable. In practice the MOSFET circuit can 
produce values of aiming voltage of sufficient magnitude to cause breakdown of 
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Figure 10.6. Electronic ignition circuit. [C1 is a 556 dual multivibrator which drives the 
output-transistor charge pump and also provides a test signal for the unit. 
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the induction coil should the HT lead be disconnected from the coil. To prevent 
this it is necessary either to clamp the primary voltage with an avalanche diode or 
to use the MOsFET’s own avalanche capability. With the secondary of the coil 
open, the energy stored in each cycle in the coil is dumped into the MOSFET, so it 
is necessary to ensure that the resultant junction heating is within allowable 
limits. 

Figure 10.6 shows an inductive discharge ignition system based on a power 
MOSFET. The MOsFET’s own avalanche capability is used to clamp the primary 
voltage. However, if a MOsFET without adequate avalanche capability is used, a 
snubber or zener clamp will be required between drain and source [2]. 

Another Mos-gated device which appears suited to electronic ignition systems 
is the icBtT (see Chapter 20). The icsT is a conductivity-modulated device and 
therefore for high-voltage devices offers the advantage of a lower forward drop 
for a given forward current and a given silicon area. Early versions of 1GBTs were 
prone to latching as a result of the high values of du/dt experienced at turnoff. 
The wide safe-operating area required is also an obstacle to the use of a 
minority-carrier device in this type of electronic ignition. However, IGBTs now 
commercially available are very much less prone to latching and have improved 
SOA Characteristics, so that the icBT must also be considered a suitable device for 
this application. 
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Power Supplies 


11.1. INTRODUCTION 


It is in power supplies that the power mMosret has had the most impact to date, 
because of the economic advantages resulting from the higher operating 
frequencies which power MosFETS make possible. The main advantages are a 
reduction in weight and volume of the power supplies, mainly due to a reduction 
in the size of magnetic components and filter capacitors. Generally the design 
effort required with power MOsFETS is less than that required when bipolar 
transistors are used, so that design costs are reduced. Also, a MOsFET-based power 
supply can readily be adapted to a different power requirement without the 
radical redesign of the base drive and snubber circuits required with bipolar-based 
power supplies. 

Power supplies may be divided into two main classes—switching and linear. 
This chapter deals only with power supplies in which the power MOSFET is used in 
the switching mode. Linear power supplies are dealt with in Chapter 15. 
Switching power supplies may be divided into two basic categories—switched- 
mode power supplies (smps) and resonant power supplies. These two categories. 
may be further subdivided according to circuit configuration and control strategy. 
This chapter describes where power MosFETs have proved most useful and gives 
the principles governing the use of power MOSFETs in power supplies. 


11.2. OPERATING FREQUENCY 


Power MOSFETS, with their high switching speed and low switching losses, quickly 
gained acceptance in sMps applications because they allowed operating fre- 
quencies to be raised from the 20 to 40kHz common with bipolar transistor 
models to values of 100 to 150 kHz. Magnetic components and capacitors account 
for much of the bulk and weight of power supplies. By elevating the operating 
frequency of an smps the size of these components can be reduced, thereby 
reducing the size and weight of the power supply, and therefore its cost. 
Power-MOSFET-based switched-mode power supplies typically have an operating 
frequency of the order of 100 to 200 kHz. Above this frequency the benefit of the 
higher operating frequency is diminished by influence of parasitic circuit 
elements. Figure 11.1 shows how the impedance of a typical output filter 
capacitor varies with frequency, showing that at 100 kHz it is beginning to lose its 
effectiveness as the parasitic inductance begins to dominate the impedance. 
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Figure 11.1. Capacitor impedance as a function of frequency. 


Similarly, an increase in the core losses of transformers and inductors, as well as 
skin effect in the windings and the requirements of meeting international safety 
standards, militate against a further reduction in the size of these components. 
Furthermore, high operating frequencies imply high switching speeds. In single- 
ended power supplies the voltage overshoot caused by transformer leakage may 
be difficult to control when very high switching speeds are used [1]. There are 
therefore a number of factors which have tended to produce a plateau in smps 
operating frequencies in the region of 150 kHz. Notwithstanding this, the benefits 
of operating rectangular waveform PWM circuits at higher frequencies remain 
attractive, and operating frequencies continue to edge higher as solutions are 
found to the difficulties. It has been shown that this type of supply can be made to 
operate at frequencies as high as 1 MHz [2,3]. Careful layout and selection of 
components, particularly in the gate circuit [4], are required to achieve efficient 
operation at these switching frequencies. As the switching frequencies approach 
the megahertz range, losses associated with charging and discharging of the gate 
become significant. New MosFeT designs therefore seek to minimize this capacit- 
ance [5]. 

The frequency of single-ended switched-mode power supplies operating from 
240 V ac is also limited by the energy lost as a result of charging and discharging 
the parasitic drain—source capacitance. The voltage to which this capacitance is 
charged is twice the dc voltage produced by rectification of the ac supply, so that 
with a 240-V supply Vps(max) iS approximately 679 V. Taking a typical maximum 
value for the output capacitance of 200 pF (IRF 830), the energy stored in the 
Output capacitance of the MOSFET is given by 


E=3cv? 
= 4x 200 x 107"? x (679)? = 0.046 mJ (11.1) 
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At a switching frequency of 100 kHz this can result in a power loss that is given by 


P=Ef 
= 0.046 x 107? x 10 x 10? = 4.6 W (11.2) 


This represents a barely tolerable loss of efficiency in some designs and a barrier 
to further increase in the operating frequency. The problem becomes less acute if 
a double-ended circuit is used, since the maximum drain-source voltage is then 
limited to the dc rail voltage. 


11.3. SMPS CIRCUITS 


A representative selection of common switched-mode power-supply configura- 
tions is shown in Figure 11.2 together with waveforms indicating typical 
conditions of current and voltage experienced by the power MosreT. In single- 
ended designs the power MOSFET experiences approximately twice the dc rail 
voltage plus the voltage spike generated at turnoff by falling current in the 
transformer leakage inductance. The amplitude of this spike is generally limited 
by a snubber circuit, by a zener clamp, or by avalanching of the power MOSFET 
where the mosFeET characteristics permit this. For single-ended supplies operating 
from 240 V ac the minimum acceptable voltage rating for the MosFET is generally 
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Figure 11.2. Common switched-mode power-supply circuits. (a) Flyback; (6) forward; 
(c) push-pull; (d) half-bridge; (e) full-bridge; (f) half-bridge diagonal. 
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Figure 11.2. (Continued) 
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LI] 


Figure 11.3. Dual-voltage input circuit. 


800 V, though 900 V or occasionally 1000 V is used despite the Rpgon) penalty. 
The advent of power MOSFETs with a repetitive avalanche capability [6] may be 
expected to result in a reduction in the voltage rating of MosFets used in this 
application as either the device’s own clamping capability is employed or 
designers decide that they can reduce safety margins. 

In half-bridge and full-bridge smps circuits, theoretically the MOSFETs are not 
exposed to voltages greater than the dc rail voltage. Given the V~° relationship 
between voltage rating and Rpgion), bridge circuits are often the most suitable 
arrangement for 240-V ac off-line switchers. For operation from 110V ac, 
single-ended designs may be suitable. However, manufacturers looking to make 
their products suitable for the international market favor the dual-input-voltage 
front-end arrangement shown in Figure 11.3, which allows operation from 120 or 
240 V ac but requires the converter stage to operate from a nominal 339-V dc rail. 
For operation from 240 V ac the supply is applied across terminals L1 and L2; for 
operation from 110 V ac the supply is connected to terminal N and either L1 or 
[2. 

The zigzag circuit of Figure 11.2f permits operation in the forward and flyback 
converter modes while limiting the MOSFET voltage to the dc rail voltage, but at 
the expense of the use of two switching devices instead of one. 


11.4. CURRENT-MODE CONTROL WITH CURRENT-SENSING MOSFETS 


The two principal smps control strategies are voltage control and current-mode 
control. In voltage control the voltage feedback signal is compared with a 
reference and the error signal used to control the duty cycle of the switching of 
the power mosFeT. In current-mode control (Figure 11.4) the voltage error signal 
is used as a current-demand signal which forms the input to a current-control 
loop. This current control loop utilizes a current feedback signal from the primary 
side of the transformer to regulate the mosreT duty cycle. Due to the presence of 
transformer magnetizing current and the nature of the secondary-filter inductor 
current, the primary current waveform includes a ramp. This ramp is compared 
with the current demand signal to determine the instant of turn-off of the mMosFErT. 
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Figure 11.4. Flyback power supply with current-mode control. 


The advantages of current-mode control are improved stability (a pole is 
removed from the main control loop), automatic feed-forward compensation, 
pulse-by-pulse current limiting, and easy paralleling of supplies. The major 
disadvantage of current-mode control is the need to sense the current in the 
switching device. Traditionally this sensing function was performed by either a 
series resistor or a current transformer with a resistor load. However, there are 
major disadvantages with both methods. The series resistor gets hot, wastes 
energy, and reduces reliability. Choosing a resistor involves a difficult com- 
promise between keeping the dissipation low and generating a signal that is large 
enough to swamp any electrical noise. Finally, there remains the problem of 
locating a low-value, noninductive, high-current resistor that ts readily available. 
The disadvantages of the current transformer mainly derive from the fact that it is 
a magnetic component not readily compatible with automatic assembly. 

The current-sensing MosFET (see Chapter 19) offers a third method of deriving 
a current sense signal. The use of a current-sensing MOsFET rather than an 
ordinary MOSFET causes negligible additional Mosrtr losses and provides a signal 
that can be used directly by many of the popular integrated circuits used for 
current-mode control [7,8]. Figure 11.5 shows a typical power supply circuit 
{non-isolated) with current feedback from a current-sensing MOSFET. 

The size of the feedback signal will depend on the value of the sensing resistor 
(see Section 19.1.8). A high-value resistor will be needed if a large-amplitude 
current signal is required. However, the higher the value of the scnsing resistor, 
the greater the change in current-sensing ratio resulting from a change in MOSFET 
temperature. A change in current-sensing ratio will have little cffect on the 
normal operation of the current-mode control system. A change in current sense 
ratio can be compensated for by the voltage feedback loop. since the rate of 
change of current-sensing ratio will be very small compared with the response 
time of the voltage feedback loop. The change in ratio and consequent change in 
the gain of the current feedback loop is unlikely to be large enough to affect the 
stability of the system. However, a change in sensing ratio is significant when 
output-current limiting is a required function. The accuracy of the current limit 
will be directly affected by any change in the current-sensing accuracy. To 
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Figure 11.5. Forward converter using current-sensing MosFET for current-mode control. 
(Courtesy of International Rectifier Corp.) 


maintain the required accuracy over the operating temperature range tt may be 
necessary to use a low value of the sense resistor and to amplify the current sense 
signal. Fortunately, some integrated circuits for current-mode control incorporate 
an operational amplifier capable of amplifying the current signal. 

The virtual-earth method of deriving the current sense signal (see Section 
19.1.7) avoids a variation in the current-sensing ratio due to a change in the 
temperature of the power MosFET. Figure 11.6 shows such a circuit. A second 
operational amplifier is required to give a positive going signal. The additional 
complexity of this circuit may be acceptable if operational amplifiers are already 
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‘igure 11.6. Current-sensing MosFit with virtual-earth signal generation. 
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employed in the control circuit. A negative supply for the operational amplifiers 
may be obtained from an auxiliary winding on the power transformer. Slope 
compensation for current mode control may be added via the operational 
amplifiers [9]. Note that in both circuits (Figure 11.5 and Figure 11.6) filtering of 
the current sense signal is necessary to control the amplitude of spikes produced 
at turn-on and turnoff due to capacitive and mutual inductance effects in the 
MOSFET. The filter rolloff point is chosen so as to limit the amplitude of the spikes 
while having negligible effect on the performance of the current-control loop. 


11.5. RESONANT POWER SUPPLIES 


As the frequency of operation of an smps is increased, there comes a point where 
the MOSFET switching time becomes a significant proportion of each cycle. Losses 
due to switching and the charge and discharge of the MosFET parasitic capacitance 
become significant and effectively impose a limit on the switching frequency. To 
achieve further increases in operating frequency requires the use of resonant 
circuits in which switching of the MOsFET occurs at either zero voltage or zero 
current and the MOSFET Output capacitance is incorporated into the resonant 
circuit. 

Resonant circuits have become popular for use in power supplies where a high 
power density is required, principally in dc—dc converters for military applica- 
tions. Power densities of up to 25 W/in.”° (without integral heat sinks) have been 
developed, and there is speculation that densities up to 100 W/in.* are achiev- 
able. Resonant circuits offer less advantage in off-line power supplies because the 
size and weight of the ‘‘front end’’—the input rectifiers, filter capacitors, and filter 
inductors—are not reduced by the adoption of resonant technology in the 
converter circuit. Nevertheless, some reduction in the overall bulk of the supply 
can be achieved, and other advantages accrue, such as improved efficiency, 
improved response time, and reduced Emi. Therefore resonant circuits can also be 
expected to become more prevalent in off-line power supplies. 

The main disadvantage of resonant circuits is the high peak values of current 
which the semiconductors must carry. The control circuit is also more complex 
than that for square-wave pwm power supplies, although this problem will be 
dispelled as integrated circuits for the control of resonant power supplies become 
more sophisticated and more plentiful. 


11.6. RANGE OF RESONANT FREQUENCIES 


The frequencies used in resonant supplies tend to be located around the decades 
100 kHz, 1 MHz, and 10 MHz. There may be some rationale for this in that each 
of these frequency bands requires the adoption of different construction tech- 
niques [10]. 

The 100 kHz range is occupied by high-power converters in which resonance is 
used as a means of achieving higher efficiency [11]. Figure 11.7 shows such a 
converter. The advantages of sine-wave operation over square-wave switching are 
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the absence of high values of di/dt and du/dt, which make filtering and Emr 
control easier; that switching losses are lower, since the current is zero at the 
moment of switching; that rectifier losses are low, since di/dt is low; and that the 
bandwidth of the transformer is lower, since it does not have to handle 
harmonics. Despite higher peak current values in the primary circuit, the 
efficiency of such a converter can be higher than that obtainable with a 
square-wave converter. 

The 1-MHz range arises from the switching speed of the power MosFET when 
driven in the conventional manner and when contained in a conventional 
package. Under these circumstances the switching speed of the MosFET is of the 
order of 50 ns, so that turn-on and turnoff occupy 10% of a cycle at an operating 
frequency of 1MHz. The operating frequency is therefore constrained by the 
proportion of time that it is acceptable for the MosFET to be in the switching 
regime. The difficulty in maintaining rectifier efficiency above 1 MHz and the 
increasing difficulty in obtaining magnetic material with acceptable performance 
also form barriers to pushing resonant frequencies beyond the 1-MHz range. 

The 10-MHz range is reached by the adoption of a range of new techniques 
such as integrated magnetics, and the use of special high-frequency power 
MOSFETS. Conventional MosFET performance starts to be degraded to a noticeable 
degree by polysilicon gate resistance at about 5 MHz. Losses in the internal gate 
resistance become significant due to the rate at which charge flows into and out of 
the gate (see Section 4.5). Furthermore, since some areas of the die are further 
from the gate pad than others, the internal gate resistance between the pad and 
these areas varies. This gate propagation delay results in uneven distribution of 
drain current and uneven heating [12,13]. By providing sufficient gate vias or by 
the use of metal gates and an open cell structure, the operating range can be 
extended to at least 25 MHz. Clearly, special low-inductance packaging is 
required at this frequency, or, more likely, the Mosrer die will be used 
unpackaged in a hybrid circuit. Fast switching also requires specialized gate drive 
circuits and even the integration of the gate driver onto the power MosFET die 
[14]. Traditionally power-mMosret design has sought as its primary aim the 
minimization of Rpsion). For very high-frequency operation minimization of 
parasitic capacitances may become the dominant requirement. 


11.7. RESONANT SCHEMES 


An almost infinite variety of resonant converter circuits have been prop _ 
Amongst the menu of options which the designer has to choose from ar?S¢4- 
following: 2 the 

e Series or parallel resonant 

¢ Fully resonant or quasi-resonant 

¢ Full-wave or half-wave switches 

e Zero-voltage or zero-current switching 

¢ Continuous resonance or discontinuous resonance 

¢ Fixed frequency or variable frequency 

¢ Tuned or untuned secondary 
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(a) (b) 
Figure 11.8. Resonant switch configurations. 


Add to this the choices of one or two switching devices, isolated or nonisolated 
secondary, forward or flyback, etc., and it is clear that the number of possible 
distinct systems is very large. The choice is dictated in part by the need to 
accommodate parasitic circuit elements. Parasitic elements often form part of the 
resonant circuit, and layout materially affects circuit operation. In some resonant 
circuits in which a transformer is used, the tuned circuit may consist almost 
entirely of the transformer leakage reactance and the MosFET output capacitance. 
Where Schottky diodes are used in the output rectifier, the capacitances of these 
devices may also be incorporated in a secondary side tuned circuit. 

Given the wide range of configurations and operating modes that are possible 
when resonance is employed in a power-supply circuit, an adequate treatment of 
the subject is necessarily lengthy and is not therefore included in this work. 
Rather the reader is referred to the references, particularly Refs. 13 and 15-18, 
which incorporate overviews of the subject. We concentrate on the manner in 
which the power MOsFET Operates in the environment of a resonant circuit. 

As Figure 11.8 shows the semiconductor switch can be either a half-wave or a 
full-wave device [15]. Resonance involves current flow into and out of the tuned 
circuit. In a single-switch resonant circuit, current will flow in one direction 
through the MosreT channel and a current path must be provided for flow in the 
opposite direction during the other half cycle. If the power MosFET is used as a 
full-wave switch, it is usually necessary to isolate the integral diode of the power 
MOSFET by use of a series diode, since the integral mosreT diode is likely to be too 
slow for operation at typical resonant circuit frequencies. 

Voltage control may be achieved either by controlling the switching frequency, 
so that the circuit operates closer to or further away from resonance [16], or the 
frequency may be kept constant and the amplitude of the single or half cycles of 
resonance controlled by modulating the on time of the switching device. Yet 
another option is to use discontinuous resonance with variation of the repetition 
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Figure 11.9. Load-line trajectories. F1 and F2: forced switching; R: resonant switching. 


frequency. Patent applications have apparently been made for some combinations 
[17]. 

In quasi-resonant converters resonance is used to aid switching in what are 
basically square-wave converter circuits operating in the discontinuous mode 
[18, 19]. Alternatively, the MosFET can be used to control the flow of current 
through a resonant circuit, with switching occurring at times when the voltage 
across the MOSFET is zero (20, 21]. In this case the drain—source capacitance of the 
MOSFET Often forms part of the resonant circuit. Both methods achieve one of the 
aims of resonant operation, which is to reduce the switching losses. Figure 11.9 
shows a comparison of the switching trajectories for square-wave and resonant 
systems. Zero-current switching avoids losses associated with simultaneous high 
values of current and voltage, while zero-voltage switching avoids the losses 
associated with discharge of the MOSFET output capacitance. However, resonant 
circuits can expose the power MoOsFET to peak values of current or voltage that are 
several times greater than the values they would expences in PwM-controlled 
square-wave Circuits. 


11.8. SYNCHRONOUS RECTIFICATION 


The principle of synchronous rectification is illustrated in Figure 11.10. Power 
MosFeTs rather than diodes are used as the rectifying elements in the output stage 
of the power supply. These MOSFETs are switched in synchronism with those on 
the primary side of the transformer. The secondary-side MOSFETs are connected so 
that their body—drain diodes take the place of the normal rectifier diodes. The 
gates of the MOsFETs are driven by extensions of the secondary winding. 
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Figure 11.10. Synchronous rectification. 


The forward blocking direction of the mosFets is the reverse blocking direction 
of their body~drain diodes, so that a MOSFET is maintained in the orF state while 
the diode is reverse biased. When the body—drain diode is forward biased, 
however, the MOSFET is turned on by making the gate positive with respect to the 
source in the normal manner (n-channel device). As Figure 11.11 shows, with the 
gate positive and the channel region inverted, the MOSFET can conduct current 
through the channel in either direction. If the Rpsion) of the MOSFET is low 
enough, the voltage drop across the device will be insufficient to forward-bias the 





Figure 11.11. Forward and reverse conduction characteristics of a power MosFET (IRF530). 
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diode and all the current passing through the device will flow through the 
channel. The voltage drop across the MosFET can be reduced to any level desired 
by use of a large enough MosFeT die or by paralleling MOSFETs. 

The power loss in a synchronous rectifier can be compared with that in a 
conventional rectifier [22] as follows: 

The power lost in a Schottky diode is given by 


P, = Tigemsy Rp + i. Vos + P, (11.3) 


where J, is the average output current, J, (ms) is the rms diode current, Rg, is 
the diode bulk resistance, Vos is the diode offset voltage, and P, is the loss 
due to leakage. 


The power lost in a MOSFET rectifier is given by 
Py =f L(rms)R Ds(on) (11.4) 
The power saved by the use of a synchronous rectifier is then 


Prayea = Ligems)(Rs — Roscon)) + I.Vos + Pi (11.5) 


As an example consider a 72-W, 3-V power supply employing full-wave 
rectification in the output stage. The diodes conduct with a 50% duty cycle. The 
Schottky diodes have a voltage rating of 20 V, an offset voltage of 0.35 V, a bulk 
resistance of 7.5m, and a leakage current of 10mA at 100°C when blocking 
6 V. The power saved in each phase of the rectifier when these diodes are 
replaced by synchronous rectifiers is given by 


Pravea = 3(24)*(0.0075 — Ryscony) + 12 X 0.35 + 6 X 0.010 
= 288(0.0075 — Rosco) + 4.2 + 0.06 (11.6) 


The power saved will thus be 4.26 W per phase if Rysjon) can be made equal to 
the bulk resistance of the Schottky diode. A 30-V Mosrer with an Rosin) of 
1S mQ is a practical proposition. Two such devices in parallel would therefore 
have a combined resistance of 7.5 mQ. 

The foregoing example ignores the losses associated with the charging and 
discharging of the gate. If the rectifier were required to operate at high 
frequency—for example, in the 1-MHz region—these losses would be significant 
and would have to be included in the calculations. One proposed variation of the 
conventional MOSFET structure reduces the input capacitance by the elimination of 
the middle section of the polysilicon gate where it overlaps the epitaxial drain 
region between cells {23}. 

A reduction in forward conduction losses in low-voltage rectifiers is not the 
only motive for employing synchronous rectification. It may also be used 
advantageously to reduce diode reverse-recovery losses in higher-voltage applica- 
tions. Again, it is only at elevated frequencies that these losses become of 
sufficient magnitude to justify the additional cost of synchronous rectification. 
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In a synchronous rectifier it is important that the diode should never conduct, 
or minority-carrier storage will cause turnoff delays, thereby producing a 
momentary short circuit of the secondary winding. This means that there must be 
no dead time when both mosrFets are off, since this will allow load current to flow 
through the body—drain diodes of the MosFETs rather than the channels. Since it is 
difficult to arrange for one MOSFET to turn on at the exact instant the other turns 
off, some slight overlap of the MOSFET conduction periods is advisable. In a 
voltage-fed converter the momentary short circuit of the secondary winding which 
this produces will cause losses. These losses are avoided when the converter is 
current-fed. Conduction times greater than 50% per cycle are possible with 
transformer-coupled gate drives if depletion-mode MOSFETs are used in the 
rectifier stage [24]. This keeps the transformer duty cycle below 50% and permits 
a volt-second balance to be maintained. 

Figure 11.12 shows a current-controlled smps employing synchronous rectifica- 
tion. A preregulator forms a current source for the push—pull transformer 
converter stage. The use of a preregulator permits the dc link voltage to be 
reduced to a value which allows the use of 400-V MosFeTs when operating from a 
240-V ac supply. Eight power MosFets form the synchronous rectifier, resulting in 
rectifier losses that are 40% lower than would be expected if Schottky diodes 
were used for rectification. Two parallel MosFETs are used in the preregulator 
stage to further reduce losses (a single device of half the Rpgjon) would do as 
well). The gates of all the power MOSFETs are transformer-driven. The conduction 
period of Q10 to Q13 slightly overlaps that of Q14 to Q17. This prevents the 
body—drain diodes of these transistors from ever conducting. The momentary 
short circuit produced by this overlap does no harm, since the converter is 
current-fed. 

The primary objective of the design is the minimization of losses rather than 
equipment cost. The cost of synchronous rectification is higher than when simple 
diodes are used as the rectifying elements. Therefore synchronous rectifiers are 
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Figure 11.12. A 250-W current-fed push-pull converter with synchronous rectification. 


254 POWER SUPPLIES 


RECTIFIER EFFICIENCY VS, CURRENT DENSITY 
AT 100 kHz 


100 
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CURRENT DENSITY IN AMPS/CM2 


Figure 11.13. Comparison of rectifier efficiencies versus current density at 100 kHz. From 
Blanc et al. [25]. By kind permission of The Power Electronics Conference 1986. 


used when there are other overriding requirements, such as the need to achieve 
high efficiency in low-output-voltage supplies. While a diode drop of 0.5 V would 
be acceptable in the rectifier stage of a 5-Vdc power supply, 0.5V would 
represent a high proportion of the output voltage of a 1.3-V de supply and would 
cause a severe loss in efficiency. Synchronous rectifiers also find application in 
very high-frequency power supplies, although the levels of parasitic capacitance 
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Figure 11.14. A two-terminal synchronous rectifier. 
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‘ound in present technology devices would seem to preclude their use at 
yequencies much above 250 kHz [25]. 

An analysis of the relative efficiencies of a MOSFET synchronous rectifier and a 
schottky rectifier for a 3-V output are made in Ref. 25. Figure 11.13 shows the 
esults for 100-kHz operation. SMP60N05 and IRF150 are commercially available 
levices. The 30-V MOSFET is a nypotlieneal : device with a specific Rpscon) of 
}mQ cm’, a specific gate charge of 500 nC/cm’, and a specific output capacitance 
>of 8nF/cm*. The Schottky diode was modeled as a bulk silicon resistance of 5 mQ 
n series with an offset voltage of 0.35 V. The capacitance was 4000 pF, and the 
lie area 0.165 cm?*. As well as the losses associated with device resistances and 
capacitances, eddy-current losses in the packages were taken into account. Since 
he normal operating current density for the Schottky diode was of the order of 
300 A/cm’, it is clear that to obtain increased efficiency, a MOSFET synchronous 
‘ectifier has to operate well below the current density of the Schottky diode. This 
‘esult suggests that synchronous rectifiers will only be economic at this output 
voltage in situations where efficiency is paramount or cooling costs are high, such 
as in aerospace applications. Synchronous rectifiers offer particular advantages in 
sryogenically cooled applications, since cooling under these conditions is expen- 
sive and Ryson) falls to a low value at low temperatures, thereby reducing 
dissipation [26]. 

In the applications described so far the MOSFET is not able to function as an 
iutonomous rectifier but requires the provision of a synchronized gate drive 
signal. One method [27] of producing a two-terminal rectifier which does not 
‘equire any external gate signal source is shown in Figure 11.14. A current 
transformer detects incipient conduction of the body—drain diode and, before 
saturating, charges the gate of the MosreT. The charge remains on the gate, 
<eeping the channel in conduction as long as the source current continues to flow. 
When the source current attempts to reverse, the current transformer supplies 
base drive to the bipolar transistor, which discharges the gate and turns the 
channel off. 
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gu CHAPTER 12 





Motor Drives 


12.1. INTRODUCTION 


This chapter reviews the use of power MosFETs in the control of the speed and 
torque of electric motors and includes descriptions of the schemes applicable to 
each class of motor. In these applications the power MosFET will be noted for its 
capability as a high speed switch with full safe-operating-area rating, rather than 
its use as a linear series controller—although, as will be seen in the application to 
small brushless dc motors, both techniques can be used within the same system. 
With the availability of a wide range of power MosFETs both in discrete form and 
paralleled in modules, the drive power can usefully span a few watts for small 
stepper motors up to tens of kilowatts for large dc and ac motors. 

Power MOSFETS are attractive in this application because the low gate currents 
needed can be obtained directly from 15-V cmos integrated circuits. A further 
advantage of the power MOSFET is its ability to chop at high frequency. For 
low-speed high-torque operation, pulse-width modulation is a valuable technique 
for obtaining a good form factor and for minimizing audible noise. For mobile 
applications, high-frequency switching offers a useful decrease in the size and 
weight of filter components. 


12.2. DC MOTOR DRIVES 


The general requirement in series, shunt, and brushless motor drives is to control 
torque and speed and hence the power from the motor. Voltage control can be 
used to control the speed of both shunt and series motors, although in the case of 
the series motor, feedback is required for accurate speed control. Although the 
shunt or series motor can be driven directly from a switching power supply, it is 
more common to consider the motor inductance as part of the filter and to 
consider the switching unit as part of a speed, position, and current limit control 
loop. The torque ripple and noise typical of phase-controlled drives is avoided by 
the use of high switching frequencies. The response of the speed control loop is 
similarly improved by raising the switching frequency. — 

The motor torque is proportional to the armature current in shunt motors and 
to the square of the current in series motors, while the conduction loss in both 
motors and power MOSFETs is proportional to /*. Therefore, for best efficiency, as 
well as improved brush gear life and lower probability of field permanent-magnet 
demagnetization, a low form factor (ims/Javg) is desirable. This is achieved by 
raising the switching frequency to reduce ripple amplitude. 
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12.3. DC MOTOR DRIVES--CHOPPER CONTROL 


Chopper drives may be classified as unidirectional or bidirectional, with or 
without dynamic braking. The basic unidirectional chopper circuit without 
braking is shown in Figure 12.1. The average voltage supplied to the motor is 
controlled by varying the duty cycle of the switching waveform. The two common 
methods of achieving this are: 


1. Fixed Pulse Width, Variable Repetition Rate. This method is appropriate 
for some semiconducter switches, such as GTos, in which it is essential to maintain 
a minimum on period of the switch. An undesirable feature of this alrangement is 
a poor current waveform when starting the motor from rest. During the on time 
of the switch the current rises to a high value because of the absence of back emf. 
A long oFF time is then required to restore the average value of the current. This 
results in undesirable torque pulsations and mechanical noise. Also, the load 
current reduces to zero for a proportion of the oF time of the switch. Although 
in an open-loop system this is not significant, in closed-loop control discontinuous 
current can cause instability, due to a change in gain and phase characteristics of 
the amplifier-and-load combination. | 


2. Pulse-Width-Modulated Chopper Running at a Fixed Frequency. The 
power MOSFET has no minimum on-time limitation, so that with this scheme 
current peaking and torque ripple can be minimized. 


The current waveforms are obtained by considering the motor as an inductor, 
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Figure 12.1. The basic single-mosFET chopper circuit. 
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a resistor, and a voltage generator in series (Figure 12.2a). The current in the 
motor is assumed to be continuous. The motor current waveform is shown in 
Figure 12.2b. The maximum and minimum values of the current are given by 


Inin = | —G= Riise) RR (12.1) 


1 _ e~(R/L ton Yy. V 
| nn EE a | (12.2) 
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Figure 12.2. Operation of the single-mosret chopper. (a) Equivalent circuit; (b) motor 
current waveform. 
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The principal considerations in the design of the chopper drive are: 


1. Inax Should be limited to a maximum of around six times the rated current 
to prevent field magnet demagnetization. 

2. The ratio (Imax — Lmin)/Iavg Should be minimized to improve the form factor, 
since conduction losses in the power MOSFETS are proportional to the mean square 
current. 


To achieve a low ripple either L has to be large or the frequency high. Extra 
inductance may be added in series using Permalloy powder cores to reduce core 
loss at frequencies above a few kilohertz. The disadvantage of this is an increase in 
the electrical time constant of the motor, degrading the response time. 

Because the power MOsFET has the capability to switch quickly without using 
load-shaping components, raising the switching frequency is the preferred 
method of reducing the form factor. The frequency limit is determined by the 
permissible switching loss due to the reverse recovery charge of the free-wheeling 
diode. Figure 12.3 shows the effect of diode reverse and forward recovery on the 
current and voltage waveforms. The reverse-recovery current adds to the motor 
current in the MOSFET, and for approximately half the recovery period full supply 
voltage is sustained across the MosFET. This diode recovery loss can be reduced by 
using a low value of di/dt, but the MosFET switching losses, 4JgicueVosti, are 


forward 
recovery 





Figure 12.3. MosFET current and voltage waveforms showing effect of the diode recovery. 


12.3. DC MOTOR DRIVES—CHOPPER CONTROL 261 


increased. The optimum di/dt, which can be controlled by du,/dt, occurs where 
the summation of these losses is a minimum. During the latter half of the diode 
reverse-recovery period the diode also experiences high dissipation due to rising 
voltage across it. The discussion of diode recovery losses in pwmM inverters 
(Section 13.8) is also relevant to diode losses in choppers. 

As the MosFET turns off, the drain—source voltage rises rapidly, forward-biasing 
the free-wheeling diode. During turn—on the diode forward voltage remains high 
for a brief time before falling to its normal value. This forward recovery voltage is 
due to turn-on delay in the diode and to the package inductance. The voltage 
drop can be of the order of 40 V, depending on the applied di/dt. The power 
MOSFET sees this voltage in addition to the supply voltage, and must be rated to 
handle it. | 

The choice of MOSFET rating must take into account the maximum allowable die 
temperature under peak load conditions such as may be encountered during 
motor starting. For switching frequencies above 500 Hz the cyclic variation in 
MOSFET die temperature is not a significant constraint. Figure 12.4 shows the 
MOSFET drain current. The conduction loss for the single-ended chopper MOSFET is 
given by 


1t 
P.=-— 
oe 3T 


Rpscony(Ia + 16 + Lado) (12.3) 
To this must be added the switching loss, which may be calculated in the manner 
described in Section 13.8. 

From the total power dissipation and the power-versus-temperature derating 
curve of the MOSFET data sheet, the maximum allowable case temperature can be 
found. If this temperature is unreasonably low, a smaller die size can be used; if it 
is too high, a larger die size must be chosen. For high-current choppers, 
multiple-die devices may be required (see Section 17.1.2). Various strategies of 
current control can be applied to the chopper system. Using low-value sensing 
resistors or current-sensing MOSFETs (see Section 19.1), the peak value of current 
can be monitored on a pulse-by-pulse basis to curtail the pulse width during 
starting or in the event of a load short circuit. A further average-current sensing 





Figure 12.4. Idealized MosFeT current waveform. 
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circuit can be added to the control loop to protect the motor and the power 
MOSFET against sustained high current. 


12.4. BRAKING 


In the case of a series motor, controlled braking of the single-ended chopper may 
be achieved by field reversal with a plugging diode (Figure 12.5). When the field 
contacts of the motor change over for braking, the armature potential reverses to 
forward-bias the plugging diode. The mosFET, in turning on, applies the full 
supply voltage across the field, the magnetizing current of which circulates via the 
free-wheeling diode during the orr period of the mosret. In this situation the 
power MOSFET is controlling the field current, not the armature current 
Therefore, if braking torque control is required, current sensing must be located 
in the armature circuit rather than in the source lead of the MOSFET. 

In the case of a permanent-magnet motor, braking is provided by the addition 
of a second MOsFET switch across the motor as shown in Figure 12.6a [1]. This 
arrangement allows the motor energy to be returned to the supply. During 
braking MosFET A will be off. pwm switching is applied to MosFeET B causing 
armature current (/,) to ramp up and then circulate via the supply and the 
body—drain diode of mMosret A (J,). Figure 12.6b shows the waveforms associated 
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Figure 12.5. Braking by field reversal. 
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Figure 12.6. Braking of a permanent magnet motor by addition of a second MOSFET. 
(a) Current paths; (6) armature current waveform. 


with this circuit. Since MOsFET B is associated only with braking, where high 
efficiency is not essential, this switch could be replaced by a p-channel device, 
enabling a simplification of the gate drive. 

The situation again arises of reverse recovery currents adding to the motor 
current. The body—drain diode of MosFET B becomes the free-wheeling diode in 
the driving or motoring mode, while the body—drain diode of MosreT A carries 
the free-wheeling current during braking. This approach is satisfactory at low 
switching frequencies, where the rate of change of current can be reduced 
sufficiently to limit the reverse recovery current while still maintaining a low 
average value of switching losses. It may also be necessary to limit du/d¢ during 
switching in order to protect MosFETs with low du/dt capability, for example by 
increasing the Miller capacitance. Alternatively, a separate fast free-wheeling 
diode may be used with a diode in series with the MosFET to force the current to 
flow through the external diode. 

A third method of preventing body—drain diode conduction by use of a 
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Figure 12.7. Use of center-tapped inductor to prevent body—drain diode conduction. 


center-tapped inductor is shown in Figure 12.7. During braking, as MosFET B 
turns off, the current in the motor reduces at a rate determined by the 
components L, R, Vye,, and V; defined in Figure 12.2a. Consider the effect of this 
reducing current in inductance L1, which is one half of a center-tapped inductor. 
Potentials are set up in L1 and L2 in the directions shown, levels of 0.5 V each 
being reasonable. These potentials bias diode D1 on and the body—drain diode of 
MOSFET 1 off, so that the free-wheeling current during braking flows via the fast 
diode D1. A similar effect occurs during motoring, where diode D2 conducts in 
preference to the body-drain diode of mosFeT 2. This method minimizes 
switching losses, permitting ultrasonic switching frequencies to be achieved. 


12.5. REVERSIBLE FULL-BRIDGE CHOPPER DRIVE 


The basic full-bridge drive circuit is shown in Figure 12.8. To drive in the forward 
direction, MosFeTs A and D are off, MosFeT C is on, and mosFfET B is switched with 
a pw Signal. This gives similar performance to that obtained with the 
single-ended chopper, with the mosFET-A body-drain diode acting as the 
free-wheeling diode. An alternative arrangement is to switch mMosFets B and C 
together so that free-wheeling current now flows via the supply and the 
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Figure 12.8. Full-bridge drive circuit. 


body—drain diodes of Mosret A and mosret D. Here the current decay during the 
orF period of the switch is greater because the decay is due to the generated 
voltage plus the supply voltage, instead of the generated voltage alone. To limit 
the level of diode reverse-recovery-current losses, an external choke may be 
added in series with the supply with its own dissipative freewheel path, as shown 
in Figure 12.9 [2]. 

Another method of slowing turn-on, thereby reducing the amplitude of the 
diode recovery current spike, is to add common source inductance as shown in 
Figure 12.10. During turn-on, the rise of current in L creates a voltage in 
opposition to the gate drive voltage. This negative feedback controls the 
gate-to-source voltage, thereby limiting di/dt. To prevent ringing between the 
inductance and the output capacitance of the mosFeT, a low-value damping 
resistor R may be included in parallel with the inductor. If it is necessary to 
control du/dt as the free-wheeling diode recovers, this can be achieved by the use 
of capacitive feedback as shown in Figure 12.11. 
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Figure 12.9. Addition of series inductance to reduce diode recovery losses. 
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Figure 12.10. Use of source inductance to slow MOSFET switching. 
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Figure 12.11. Use of capacitive feedback to slow MosFET switching. 
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The brushless de motor is essentially a synchronous motor with rotor position 
feedback, contructed so that the motor windings are stationary while the magnets 
rotate. Switching of the supply to the phases of the stator in the correct sequence 
is arranged by a control circuit which receives absolute rotor-position information 
from a Hall-effect or some other form of position sensor. Power MOSFETS are 
widely used in this application due to their good overload capability and high 
reliability. | 

The simplest brushless system commonly used is a star-connected, two-phase, 
four-pole motor with single-ended drive (Figure 12.12). Such an arrangement 
would be employed typically in small, constant-speed hard-disc drives; the 
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Figure 12.12. Two-phase, four-pole motor with single-ended drive. 
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high-torque ripple produced by this kind of drive can be smoothed by the inertia 
of the rotor. The peak current is defined by the winding resistance and is typically 
three times the rated average current. A zener diode is used to clamp the motor 
drain voltage on turnoff. 

The most popular brushless configuration is probably the three-phase, four- 
pole motor with trapezoidal waveform switching (Figure 12.13a). Half a turn of 
the rotor is equivalent to one complete electrical cycle of the motor. This period 
is divided into six intervals controlled by Hall-effect or optical switches, as shown 
in Figure 12.13b. 

Figure 12.14a@ shows a brushless dc motor drive scheme in which Q1, Q3, and 
Q5 provide voltage control as well as switching current between the windings. 





(a) 


A |A 


Figure 12.13. Three-phase motor drive. (a) Power circuit; (b) switching sequence. 
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Figure 12.14. Three-phase brushless motor drive. (a) Drive circuit; (b) speed-control 
signal decoder. (Courtesy of International Rectifier Corp.) 
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The amplitude of their gate voltages is varied in relation to the motor speed. This 
method of voltage control is dissipative and therefore only suitable for smalj 
motors such as those used in computer disc drives. Figure 12.145 shows a voltage 
control circuit which generates from the MOSFET switching signals a voltage control 
signal which is linearly proportional to the motor speed. 

From the switching sequence it can be seen that each mMosFET conducts for 120° 
of the output cycle. Figure 12.15 shows the phase-voltage, line-voltage, and 
typical line-current waveforms resulting from the six steps. The partially inductive 
nature of the load maintains a phase current for longer than 120°, while the 
MOSFET conducts for only 120°. The body—drain diode of the other MOSFET in the 
leg of the same phase provides a path for the free-wheeling current. 

The shape and amplitude of the current waveform change with speed and 
supply voltage. An estimation of power dissipated in the MOsFET can be made by 
determining the rms current during MOSFET conduction and hence arriving at the 
I?Ryswon) loss, to which must be added the dissipation in the body—drain diode 
determined from the current waveform and the forward characteristics of the 
diode. At low frequency and during starting, the value of the load current used to 
determine /*R, and thus the mosFetT die temperature, must be the peak current of 
the waveform, since the cycle will be too long to permit averaging of the 
temperature. Also it should be borne in mind that the current waveform shape 
will be altered by the use of load-angle control in which the “neutral” or 
commutation position of the Hall devices is electrically altered. 
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Figure 12.15. Voltage and current waveforms in the brushless motor drive. 
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To protect the MosFeTs and the motor from excessive dissipation during 


low-speed operation, some form of current limiting is usually necessary. The 
following methods are used: 


1. Reducing the supply voltage with open-loop control linked to the drive 
frequency. 

2. Linearly controlling the conductivity of the MosFeTs by reducing the gate 
drive voltage. 


3. High-frequency chopping current control. 
4. Variable-pulse-width sine-weighted switching. 


Method 3 gives the highest efficiency. When the load current reaches its 
limiting value, the upper MOSFET is turned off. The current decays by free- 
wheeling around the circuit as shown in Figure 12.16 until the current reduces to 
a predetermined value, whereupon the upper switch turns back on. This repeats 
at several kilohertz, effectively providing a switch-mode current source. This 
chopping sequence, applied to each of the upper three MosFETs, is superimposed 
on the basic switching cycle. Method 4 uses a more complex control scheme to 
control the chopping of the upper MoOsFeETs so that the three phase currents are 
sinusoidal rather than trapezoidal. This scheme requires a continual update of 
motor position but results in lower torque ripple, particularly at low speed. 
Methods 3 and 4 involve reverse recovery of the body—drain diodes because of 
the use of multipulse pulse-width modulation. Steering diodes or a center-tapped 
choke may therefore be needed to isolate the body—drain diode and to reduce 
diode recovery losses. 





Figure 12.16. Current control by high-frequency chopping. 
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12.7. STEPPING-MOTOR DRIVES 


The concept behind the stepping motor is that a rotor containing permanent 
magnets aligns itself with the field generated by current applied to the stator 
windings. On switching current to the various stator windings in a regular cyclic 
manner, the rotor will follow by continually seeking alignment with the energized 
poles. Beyond this simple concept lies a multitude of variations both in motor 
design and drive design. The permanent-magnet rotor design, while certainly the 
most common among small motors, is not the only form in which stepping motors 
are to be found. The variable-reluctance motor uses a rotor of ferromagnetic 
material which is not permanently magnetized. The hybrid stepping motor has a 
rotor formed by combining pairs of ferromagnetic cores sandwiched with 
permanent magnets. The variations in the drive systems for stepping motors arise 
from the tradeoff between economy and efficiency with regard to limiting the 
stator current, and also from the requirements for subdividing the natural step 
angle. 

A basic two-phase unipolar drive with resistive current limit is shown in Figure 
12.17. Only one pole pair is shown in the rotor, although in practice as many as 
twelve pairs may be used. Two excitation modes are shown in Figure 12.18, 
where either a single phase is energized, causing alignment with that phase, or 
two phases are excited simultaneously, causing alignment between these two 
phases. This second approach achieves a higher working torque and positional 
accuracy, but at the expense of higher input current and mosFer duty cycle. 

At high speed the available torque drops off due to the winding inductance 





Figure 12.17. Two-phase unipolar stepping-motor drive. 
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Figure 12.18. Stepping-motor excitation modes. 


limiting the rate of change of current, which in turn limits the peak current at 
each step. To overcome this, a high supply voltage may be used with 
current-limiting resistors in series with the windings to protect the motor and 
MOSFETs. A variety of other schemes for protecting power MOSFETs in this 
application have been developed (3]. 

In the circuit shown in Figure 12.17 diodes are located in series with each 
MOSFET to prevent the body—drain diode of that MosFeT acting as a clamp when 
the opposite MosFET turns off. A voltage greater than twice the supply voltage can 
therefore be developed across each winding. This allows the current in the 
winding to fall at a greater rate than would otherwise be the case. The capacitor 
across the winding pair, together with the inductance and resistance of the coils, 
forms a damped resonant circuit which determines the peak voltage appearing at 
the drains of the MOSFETs. | 

Alternatively the drains may be zener-clamped, as shown in Figure 12.19, so 
that V; + Vz< BVpss (where Vs; is the supply voltage and Vz the zener diode 
breakdown voltage). A resistor may be used instead of the zener diode, with the 
resistor value chosen so that the drain voltage remains below BVpss when 
carrying peak current. 

Bipolar drive motors are also available without a center-tap connection for use 
with a full bridge as shown in Figure 12.20. A similar bridge is required for other 
phases. Automatic clamping of drain--source voltage occurs via the body—drain 
diodes and the supply. To simplify the gate-drive requirements, p-channel 
MOSFETs may be used in the upper positions, as Figure 12.20 illustrates. 

To improve both the high-speed torque and the efficiency, a switching current 
regulator can be built around the motor. A low-value resistor R is added to the 
negative supply of the bridge and is used to sense the motor current, as shown in 
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Figure 12.19. Two-phase unipolar stepping-motor drive with zener clamping. 





Figure 12.20. Full-bridge bipolar stepping-motor drive with current control. 
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Figure 12.21. Microstepping. 


Figure 12.20. No series current-limiting resistor is used in this circuit, allowing the 
current to ramp up at a rate dependent on the supply voltage and the winding 
inductance. When the voltage across R exceeds the comparator threshold, both 
p-channel MosFEtTs turn on and both n-channel mosrets turn off. The input filter of 
the comparator discharges to the reset level while the coil current decays around 
the p-channel mosrets. The bridge then reverts to its initial state of one n-channel 
and one p-channel device conducting. This sequence repeats at a high frequency 
to control the average current in the coil. This approach uses multipulse pwm, and 
therefore the MosFets should have an adequate diode-recovery du/d¢ rating. 

Microstepping provides fine control over the rotor position. By using a current 
control loop to control the pulse-width modulation of the drive bridge, the 
current levels may be proportioned between the two phases. The rotor may thus 
be drawn to any position between two basic steps. In this way the basic step may 
be subdivided into a number of microsteps as shown in Figure 12.21. One way of 
obtaining this current waveform from a full bridge is always to have two of the 
MOSFETs conducting, either MOSFET 1 and MOSFET 4, or MOSFET 2 and MOSFET 3 (see 
Figure 12.22). This has the benefit that the channels conduct the free-wheeling 
current. If the current levels are below (0.6 V)/Rpsion, then the body—drain 
diodes will not conduct, thereby avoiding diode-recovery problems. 


12.8. BATTERY-DRIVEN MOTORS 


Power MosFEts have proved advantageous in the control of motors driven from 
batteries in such applications as hand-held tools [4]. With the reduction of 
power-MOSFET prices to commodity levels, toy manufacturers have also discovered 
the benefits of power MOSFETs in the control of motors and other battery-driven 
equipment. 
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Figure 12.22. Bridge drive circuit suitable for microstepping. 


The motor used is often a dc motor with mechanical commutator and 
permanent-magnet field. Speed control is obtained by chopper control, or control 
may be limited to a simple on-off function. Where chopper control is used, a 
power MOSFET is a very appropriate device because of its ability to switch 
efficiently at frequencies above the audible range with little power loss. 
Gate-drive power requirements are negligible. The average current drawn from 
the battery for the charging and discharging of the gate of a 15-A power MOSFET 
operating at 20 kHz is typically less than 1 mA. 

The principal advantage that the power mosreT offers in battery applications is 
the improvement in efficiency over that obtainable when using a simple bipolar 
transistor or a Darlington bipolar transistor. The forward drop of a power MOSFET 
can be reduced to any desired level by using sufficient silicon area. Since most 
battery applications are low-voltage and since power-MosFET resistance falls 
steeply with the voltage rating, the use of a power MosFET is economic. If a 
bipolar transistor is used, the designer is faced with the need of supplying a large 
base current, with the attendant power loss, in order to ensure saturation of the 
transistor and reasonable conduction losses. The alternative of using a Darlington 
bipolar transistor to minimize base-drive requirement brings with it increased 
conduction losses due to the higher forward drop of the Darlington transistor. 

Another major factor in favor of the power MosFET in this application is the 
high surge-current capability of the power MosFET compared with that of the 
bipolar transistor. The power MosFET, with its high overload capability, is better 
suited to handling stall currents, starting currents, and other overload situations 
commonly associated with motor operation. The square safe operating area also 
tends to give the power mosrFer a higher reliability in such applications, due to its 
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lack of second breakdown, an important freature when controlling clamped 
inductive loads. 


12.9. SIX-STEP THREE-PHASE DRIVE 


A three-phase bridge circuit (Figure 12.23) is commonly used to drive three-phase 
ac motors—either induction motors, synchronous motors with permanent-magnet 
excitation, or reluctance motors. The motor windings may be connected in either 
delta or star, star connection being more often used for high-voltage motors in 
order to minimize the voltage across each phase of the winding. 

The current waveform shown in Figure 12.236 is typical for the motor running 
at the rated speed. At reduced speeds the current waveform becomes more 
“peaky’’, resulting in increased torque ripple. As, for example, MOsFET A turns 
off, due to the lagging nature of the load, the current free-wheels through the 
body—drain diode of MosFET B. MosFeT B is gated on at this time. The current 
reverses and commutates from the diode of B to the channel of B during the 
period that B is on and no stress is applied to the body—drain diode. However, 
below base frequency, where constant-power gives way to constant-torque 
operation, some means of reducing the effective motor voltage is required. A 
straightforward approach is to derive a variable dc supply by phase control of the 





(a) 


Figure 12.23. Six-step, three-phase drive for ac motors. (a) Drive circuit, (b) switching 
sequence and winding-current waveform. 
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Figure 12.23. (Continued) 


ac mains. However, it is usually more economical to achieve voltage control by 
chopping the conduction periods of the upper or lower MOSFETs at several 
kilohertz. During this chopping action the free-wheeling current from the 
body—drain diode of one MosFET commutates into the channel of the opposite 
MOSFET in the same limb, so that the problems of diode recovery current and 
diode recovery du/dt must be taken into consideration. 


12.10. SIX-STEP THREE-PHASE DRIVES WITH HARMONIC ELIMINATION 


In the previous section, constant-duty-cycle pwmM was considered as a method of 
reducing the effective drive voltage of six-step inverters operating below base 
frequency. Improved performance can be obtained by employing a more 
sophisticated form of pw. 

At low drive frequency the current and torque ripple occurring in six-step 
drives is not effectively smoothed out by the mechanical inertia. In this situation it 
is beneficial to eliminate the low-order harmonics, in particular the 5th and 7th. 
Since 3rd and 9th harmonics are absent from the line-to-line waveforms in a 
three-phase system, the 11th harmonic is then the first to cause torque ripple. By 
inserting four notches into each of the three switching waveforms of the basic 
six-step drive, the 5th and 7th harmonics are canceled (Figure 12.24). The notch 
angles are 16.25" and 22.06°. At a maximum frequency of 120 Hz, typical 
of inverters driving motors designed for 50 or 60 Hz, this notch period is 159 us. 
Therefore, timing errors or delays in MOSFET switching of up to a microsecond or 
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Figure 12.24. Harmonic cancellation in the six-step waveform by the addition of notches. 


more can be tolerated. By reducing di/dt and du/dt, as described in the previous 
section, the body—drain diode recovery current can be reduced to acceptable 
leveis. 

To synthesize a reduced voltage for low-frequency operation would require a 
much higher superimposed chopping frequency to preserve the harmonic elimina- 
tion, and it then becomes advantageous to use sine-weighted modulation. The 
current waveform depends on the drive frequency and loading on the motor. 
Figure 12.25 gives a typical example for half a cycle of one phase. From this 
waveform, conduction losses in the MOsFETs can be found by summing the /°R 
losses and the diode forward conduction losses at each switching interval over the 
whole output cycle. 

The usual method of braking is to ramp the drive frequency down at a 
controlled rate. If the energy recovered from the rotor and its load is greater than 
the losses in the stator and inverter, then the dc supply voltage rises due to 
regeneration. An additional MOsFET may be employed to switch on and off a shunt 
load resistor to dissipate this energy as shown in Figure 12.26. 






F = Upper FET conducting 
D = Lower diode conducting 


Figure 12.25. Waveform obtained with sine-weighted switching. 
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Figure 12.26. Energy-dump circuit for controlling the dc rail voltage during regeneration. 


12.11. SILENT THREE-PHASE PWM DRIVES 


Although basic six-step drives, and to some extent harmonic-canceled six-step 
drives, are attractive because of their simplicity, there are a number of 
applications where these methods are inadequate. The current waveforms are 
distorted and have high peak values, so that there may be high motor losses due 
to the poor current form factor and considerable vibration due to torque ripple. 
By chopping the output of each phase with a mark-to-space ratio which varies 
sinusoidally throughout the output cycle, the effective output voltage from each 
phase is made to vary sinusoidally. Due to the motor inductance, or by adding 
output filters, the resulting current waveforms will be approximately sinusoidal. If 
the chopping frequency is raised above 18.5kHz, the noise produced by the 
switching becomes inaudible. This type of drive is discussed more fully ‘in 
Chapter 13. 
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ME CHAPTER 13 


PWM Inverters 





13.1. INTRODUCTION 


The technique of pulse-width modulation allows an inverter operating from a 
fixed-voltage dc supply to generate an ac supply with variable frequency and 
variable output voltage. The principal applications for this kind of inverter are ac 
motor drives and uninterruptible power supplies. Figure 13.1 shows the basic 
power circuit for operation from a single-phase ac supply. The load is switched 
alternately between the positive and negative rails of the dc supply. By 
appropriate control of the switching instants of the power devices, an output 
voltage waveform can be produced whose fundamental is of the required 
frequency and amplitude (Figure 13.2). 

Power-MOSFET switching speeds permit the use of a swuching frequency outside 
of the audible frequency range. Since in a typical application the switching 
frequency is at least an order of magnitude higher than the output frequency, 
output filtering is practical. This makes it possible to economically generate 
variable-frequency ac supplies that are virtually free of harmonics and RFI 
problems. Audible acoustic noise is also eliminated, making such systems 
acceptable for use in the home and in the office. Applications include variable- 
frequency ac motor drives and uninterruptible power supplies for computer 
equipment [1]. Figure 13.3 shows typical output waveforms from a power-MOSFET 
inverter switching at 20 kHz. 


13.2, CURRENT WAVEFORMS IN PWM INVERTERS 


The load connected to the output of each phase of the inverter will generally be 
either a filter inductor or an inductive load, such as one phase of the stator 
winding of a motor. Due to the wide separation of the switching frequency and 
the output frequency, the load will appear highly inductive relative to the 
switching frequency, and therefore the load current will be approximately 
constant and continuous during each switching cycle. During a switching cycle the 
load current commutates between one of the switching devices and the diode of 
the other. The output current and output voltage waveforms for one leg of such 
an inverter at various points during the output cycle are shown in Figure 13.4. 
When load current is flowing out of the center point of the bridge, the top MOSFET 
and bottom diode conduct alternately. When load current is flowing into the 
center point, the bottom MosreET and top diode conduct. 
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Figure 13.1. pw inverter circuit. 





Figure 13.2. pwm waveform. 


13.3. USING THE BODY-DRAIN DIODE 


The body—drain diode of a power MosFET can be used as the free-wheeling diode 
in PWM Circuits provided the device carries a rating which enables the designer to 
know for certain that the device is operating within its capabilities. The relevant 
rating is known by several terms—diode-recovery du/dt, commutating du/dt, or 
dynamic du/dt. We have chosen diode-recovery du/dt, since it most clearly 
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Figure 13.3. Output waveforms of a three-phase 1-kVA inverter. 
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13.4. Current and voltage waveforms in the mosFets of one phase of a three-phase 
1-kVA inverter. (a) Waveforms for one output cycle with short period intensified. (b) 


Expanded waveforms from intensified period showing Vapor and Jp for the top 
MOSFET. (c) Expanded waveforms showing Jp for the lower MOSFET 
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identifies the phenomenon with which it is associated—namely the recovery of 
the body—drain diode [2]. Diode-recovery du/dt capability is an important rating 
in PWM inverter applications and other applications, such as dc servo motor drives 
[3], in which pulse-width modulation is employed. 

It has long been recognized that power MosFets can fail in certain situations 
when their integral diode is used [4]. The relationship between device design and 
susceptibility to this type of failure is discussed in Section 3.6. Failure occurs as 
the drain—source voltage rises rapidly upon recovery of the body—drain diode—a 
situation encountered in pwM inverters. The critical moment for the device comes 
as the diode is recovering and the MosFeT (and its internal parasitic bipolar 
transistor) is called upon to block forward voltage. The more rapid the rise of 
drain voltage, the more likely is activation of the parasitic bipolar transistor, since 
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Figure 13.5. Three-phase pwm inverters. (a) External diodes are used to isolate the 
Moser body—drain diodes. (6) If the Moseits possess an adequate diode-recovery du/df 
rating, the body—drain diode may be used as the free-wheeling diode. 
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a higher du/dt is associated with higher values of diode recovery current at the 
critical period. Prior to the introduction of diode-recovery du/d¢ ratings, 
designers had to establish the allowable limits of du/dt by painful experience with 
no firm guarantee that the devices were being operated within their capabilities. 
This led to the artifice of putting a diode in series with the power MOSFET to 
prevent conduction of the body—drain diode, with an external antiparallel diode 
providing a free-wheeling path for the load current (Figure 13.5a). MOSFET 
manufacturers are now providing the necessary information on the data sheets 
(see Appendix 7), so that the use of external diodes may no longer be necessary 
(Figure 13.5b), except where the diode recovery current of the intrinsic MOSFET 
diode is unacceptably large. 

The rate of rise and fall of the drain voltage can be restrained by the use of a 
snubber circuit [5]. This has the benefit of reducing the du/dt applied to the 
MOSFET, but at the expense of significant losses in the snubber and the extra 
burden on the mosret of carrying the snubber discharge current. | 

The use of a series diode and an external fast free-wheeling diode reduces the 
magnitude of the diode recovery current, but at the expense of increased forward 
conduction drop. If a Schottky diode is used as the series diode, it should be 
capable of withstanding avalanching. This requirement arises from charge stored 
on the output capacitance of the MosreT. In the circuit shown in Figure 13.6 
almost the whole of the dc supply voltage appears across C2, the output 
capacitance of the lower mosret. The Schottky capacitance, C1, will be roughly of 
the same order as C2. When the upper mosrFeT turns off and D2 carries the 
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Figure 13.6. Inverter leg, showing capacitance which can lead to avalanching of the series 
diode. 
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free-wheeling current, the total voltage across C1 and C2 is close to zero. Charge 
therefore shifts from C2 to C1 to create a potential balance by settling with equal 
voltages across Cl and C2. This will normally cause the Schottky-diode to 
avalanche. | 


13.4. DIODE RECOVERY CURRENT 


Whichever direction the load current is flowing, each switching cycle sees the 
commutation of the load current from the body—drain diode of one MOSFET to the 
channel of the other. This occurs when the nonconducting MOsFET turns on and 
results in a pulse of diode recovery current flowing between the rails of the dc 
power supply. The reverse recovery time of the diode, ¢,,, increases with voltage 
rating typically as shown in Figure 13.7. For a constant value of di/dt, data-sheet 
values of ¢,, and Orr are closely related, and Orr bears a similar relationship to 
the voltage rating. As well as voltage rating, ¢,, is also a function of forward 
current, di/dt, reapplied reverse voltage, and junction temperature. These 
conditions can have a significant effect on the measured value of ¢,,. Therefore, 
when comparing devices on a basis of ¢,, it is important to take note of the 
conditions under which it is measured. 

Diode recovery losses can be reduced by slightly overlapping the conduction 
periods of the upper and lower mosrets [6]. This ensures that the channel carries 
some of the load current when the diode conducts, thereby reducing Orr during 
recovery of the diode. However, the MosFET voltage drop in high-voltage, 
high-Rpsion) MOSFETS is likely to be considerably greater than the forward drop of 
the diode, so that the diode continues to carry most of the current. Figure 13.8 
shows the reverse conduction characteristics for a 100-V and a 500-V MosFET of 
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Figure 13.7. Typical reverse recovery time of a MosFEr body—drain diode as a function of 
voltage rating. (Die size 4.45 mm by 2.92 mm). 
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Figure 13.8. Reverse-conduction characteristics of MosFETs compared with Jp rating. (a) 
100 V MOSFET. Jp rating = 5.0 A (b) 500 V MOSFET. Jp rating = 1.5 A. 


the same die size. In both cases diode conduction commences at values of the 
source current below the /p rating of the devices, but especially in the case of the 
500-V device. 


13.5. MOSFET TURN-ON 


During turn-on of one of the MosFets, for example Q2, in one arm of an inverter, 
the dc rail voltage will be supported by the circuit inductance, the body—drain 
diode of Q1, and the drain—-source voltage of Q2 (Figure 13.9). During the period 
when the body—drain diode of Q1 is still saturated with carriers and is unable to 
support reverse voltage, the dc rail voltage is approximately equal to the voltage 
drop across the circuit inductance plus the drain—source voltage of Q2. 

The rate of rise of current in Q2 is controlled by the rate of rise of its gate 
voltage, since drain current and gate voltage are linked by transconductance. The 
rate of rise of current determines the voltage drop across the circuit inductance 
(since V = L di/dt). The rest of the dc rail voltage appears across Q2. Therefore, 
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Figure 13.9. Equivalent circuit of inverter during commutation. 


as long as some of the dc rail voltage is dropped across Q2, the value of the 
circuit inductance (either parasitic inductance or an inductor deliberately located 
in the de rail) is not the principal factor in determining di/dt during turn-on; but 
only determines the extent to which the dc rail voltage is divided between the 
inductance and the mMosFeT. Neither does it directly affect the magnitude of the 
diode recovery charge. However, the inductor does reduce the voltage across the 
MOSFET during the time that it is supporting the supply voltage as well as carrying 
the load current and the diode recovery current of the other MosFet. This reduces 
the losses in the MOSFET, although energy is stored in the inductor which must 
later be dissipated. If the gate voltage is raised sufficiently rapidly, Q2 will turn 
fully on, and the rate of rise of diode recovery current is then determined by the 
inductance. | 


13.6. CONTROLLING THE RATE OF TURN-ON 


The rate of turn-on is essentially determined by the rate of rise of gate voltage 
(see Section 4.2). There are a number of ways in which this can be controlled. 

A MOSFET gate driver in its simplest form consists of a voltage source and a 
series resistor (Figure 13.10a). The voltage provided by the source should be 
adequate to ensure that the MOSFET remains fully on when carrying peak drain 
current. A voltage somewhat higher than the bare minimum is advisable to 
ensure that the channel is fully enhanced and the forward drop across the MOSFET 
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(a) (bd) (c) 


Figure 13.10. Gate drive circuits for switching speed control. (a) Nonpolarized gate drive; 
(b) polarized gate drive; (c) polarized gate drive with transconductance-limited drain 
current. 


is minimized. Figure 13.10b shows a modification of the simple driver circuit 
which permits independent adjustment of turn-on and turnoff times. This circuit 
is applicable to bridge inverter circuits, since turnoff can normally proceed as 
rapidly as possible, while turn-on must be slowed to mitigate the effects of the 
shoot-through produced by the diode recovery process. 

The series-resistor method has the disadvantage that in a typical pwm 
application, in which it is desired to hold the diode recovery current well below the 
Ipm Tating of the MosFET, the value of the gate resistor will be of the order of 
several hundred ohms. This means that the delay time between the application of 
the gate pulse and the gate voltage reaching. the threshold value will be 
unacceptably long. Furthermore, with such a high value of the series gate 
resistance, the MOSFET will be prone to oscillation due to feedback. A further 
disadvantage of a high-impedance gate drive is that it causes turn-on tailing. This 
can be seen in Figure 13.11, which shows the voltage and current waveforms 
during turn-on of one MOSFET in a bridge circuit. The current waveform includes 
the diode recovery current of the other device. Tailing occurs at turn-on after the 
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Figure 13.11. mMosFET turn-on with voltage tailing. 
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drain voltage has fallen to a value approximately equal to the gate voltage. At 
this point there is a sharp increase in gate drain capacitance, so that the Miller 
effect becomes very powerful. The strong Miller feedback action slows down the 
turn-on, so that there is a delay in fully turning on the Mosrer. During this time 
the MOSFET is carrying the full load current, so that this tail of drain voltage 
represents significant losses within the device. A low-impedance gate drive 
minimizes the length of the tail period. 

In a PwM inverter switching at 20kHz, waveform quality requires that the 
commutation process should be accomplished as quickly as possible but without 
infringing any of the device limits. In particular, it is necessary to respect the limit 
on peak drain current. The peak diode recovery current can be controlled by 
adjustment of the gate voltage of the incoming MosreT during the period of diode 
recovery of the other device. A circuit which accomplishes this is shown in Figure 
13.10c. The series resistance at turn-on and turnoff is only 10 Q, but the available 
voltage during the initial stage of turn-on is reduced by the zener diode to a value 
that ensures that constant-current operation occurs at a suitable value of drain 
current. 

The problem of high gate-driver impedance can be avoided by use of a 
low-value gate series resistor and ramping gate drive voltage. The required rate of 
rise of gate voltage is obtained by adjusting the rate of rise of the leading edge of 
the gate drive pulse (Figure 13.12). The series resistance then plays a less 
important role in determining the rate of rise of drain current, and a lower value 
of the resistor can be used. 
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Figure 13.12. Low-impedance gate drive circuit with slow turn-on. 
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13.7. USING INDUCTANCE TO CONTROL DIODE RECOVERY CURRENT 


The diode recovery current and the losses associated with it can be controlled by 
inserting inductance in the circuit at various locations, such as in the source leads 
of the MOSFETs, at the center point of the bridge, and in the dc supply. Inductance 
may also be used to relieve the stress on power MOSFETs with an inadequate 
diode-recovery du/dt rating. These methods were outlined in Chapter 12. 

The di/dt during turn-on of a power MOSFET may be controlled by locating an 
inductor in the source lead, common to both the load and the gate drive (Figure 
12.10). The voltage drop across the inductor detracts from the gate drive voltage 
Vg, so that di/dt will stabilize at a value given by 


di 
Ls di = Vo = Vos (13.1) 


where Vas is the gate-source voltage required to maintain the drain current at 
any given time. Since Vgs will vary as the current rises, di/dt is only 
approximately constant. To damp the resonance of this choke with the MOSFET 
capacitance, a low-value resistor should be placed across the choke. 

An alternative to using Schottky diodes to steer the load current away from the 
body—drain diodes of the MosFeETs (Figure 13.5) is to locate a center-tapped choke 
at the midpoint of the bridge (see Section 12.4 and Figure 12.7). The slopes of 
each segment of current 4, need to be found either by calculation or by 
measurement. These values of di/dt are a function of the motor equivalent-circuit 
components, loading, and supply voltage. With MosFeT 1 of Figure 12.7 chopping 
and supplying 4,, we want D1 to free-wheel the current in preference to the 
body—drain diode of mosFret 2. Suppose during a 5-us OFF period of MosFET 1 the 
current in the load falls by 0.5 A. This slope of current induces a voltage across 
L1 given by 

_ di 
V = Li a (13.2) 


L1 can therefore be selected to produce a voltage of say 1 V. If L1 and L2 are 
wound on the same core, then an additional 1 V is induced in L2 by transformer 
action. There then exists a 2-V bias difference across D2 relative to the 
body—drain diode of mosFeET 2, such that only D2 will conduct. The choke must of 
course be designed so as not to saturate at the highest value of load current. 

MOSFET losses may be reduced by including a series inductor in the dc supply 
(Section 12.5 and Figure 12.9). As the diode recovery current increases, di/dt 
produces a voltage drop across the inductor. This reduces the voltage across the 
MOSFETS and reduces dissipation in them. However, energy is trapped in the 
inductor during diode recovery, and this has to be dissipated in the discharge 
resistor in parallel with the inductor. Furthermore, the presence of the inductor 
results in both dips and peaks being impressed on the dc voltage supplied to other 
phases. 
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13.8. DIODE RECOVERY LOSSES AND SWITCHING LOSSES 


At the beginning of every switching cycle the load current is circulating through 
the body—drain diode of one MoOsFET prior to the turn-on of the other MosFET. 
Before the diode can sustain a reverse voltage, a quantity of charge must be 
>xtracted from it. Further charge is extracted as the voltage of the center point o/ 
che bridge swings between power rails with a corresponding rise in the reverse 
voltage of the diode. The total charge associated with diode recovery flows 
yetween the rails of the dc supply without doing useful work. The diode recovery 
current therefore leads to a loss of energy, which appears as heat in the MOSFETs. 





Figure 13.13. Indealized inverter commutation waveforms. 
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Figure 13.13 shows an idealized version of the waveforms associated with the 
turn-on of the lower MosFeET in one leg of an inverter (see Figure 13.9). Figure 
13.14 shows photographs of actual waveforms corresponding to these. The origin 
of these waveforms is as follows: 


to-t,. Delay time. The gate capacitance is charging to the threshold value, 
which it attains at time f,. 

t-t. MOSFET Q2 starts to conduct with a di/dt determined by the rate of rise 
of the gate voltage. The di/dt causes a voltage drop in the circuit 
inductance. The rest of the dc rail voltage is supported by the MOSFET. By t, 
MOSFET Q2 has taken over the load current from the diode of MosFET Q1 and 
the diode current has fallen to zero. 


t,-t;. Negative diode current in MOosFET Q1 (shown as positive drain current) 
removes charge from the diode of MosFeT Q1. At time ¢, sufficient charge 
has been removed to enable mMosret Q1 to block voltage. 
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Figure 12.24. Inverier commutation waveforms. 


296 PWM INVERTERS 


t;-t,. The drain voltage of MosFeT Q2 falls as the voltage across MOSFET Q1 
rises. Miller feedback now influences the switching of MOosFETQ2. The 
diagram shows a constant current during this period. However, the current 
waveform during this period is determined both by the Miller feedback and 
the relationship between rate of change of voltage and diode current during 
this stage of the recovery. 


t4—-ts. The dc rail voltage, aided by the voltage across the circuit inductance 
produced by the changing current, now appears across MOSFET Q1, and the 
current in its diode decays to zero. 


In practice the periods t;~t, and f4-t, are very short and merge together. The fall 
in diode current is in fact very rapid at this time, and in practice the gate voltage 
falls to the threshold level as the drain current falls to zero. The gate voltage then 
rises as the gate capacitance is charged through the series gate resistor. 


13.9. EFFECT OF di/dt AND TEMPERATURE ON Q,, 


Figure 13.15 illustrates the effect of switching speed on the diode reverse recovery 
current. The switching speed is determined by the value of the series gate 
resistor. The diode recovery charge Qpp falls as the recovery time is extended, 
due to the increased opportunity for minority-carrier recombination. Figure 13.16 
shows an example of how Qpp varies with di/dt¢. 

For very low values of the series gate resistance a large dip occurs in the dc 
supply rail voltage, due to the parasitic inductance of the reservoir capacitors and 
the system wiring. While this may not be too detrimental to waveform quality, it 
is likely to contribute to the level of RFI generated by the circuit. 

Figure 13.17 illustrates the effect of increasing temperature on the diode 
recovery current (and hence on Qprr) for a typical high-voltage device. The 
relationship between Qxr and temperature is shown in Figure 13.18. 


13.10. CALCULATION OF INVERTER SWITCHING LOSSES 


The losses incurred during turn-on may be predicted from Figure 13.13. Normal 
conduction losses are not included, and only those conduction losses produced 
when devices are simultaneously carrying current and blocking voltage are 
considered. Turnoff losses have also been neglected, as these are small compared 
with the turn-on losses. The losses in MosFeT Q2 (Figure 13.9) occur during the 
following intervals: 


t,-t,. The drain current builds up to the value of the load current while 
supporting the available voltage (dc rail voltage minus the drop in the circuit 
inductance). 

t,-t,;. Both the load current and the rising diode recovery current are carried 
while blocking the available voltage. 
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Figure 13.15. Diode recovery waveforms for a range of di/dt values. (7; = 25°C) 
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Figure 13.16. mosFret body—drain diode Qpr as a function of di /dt. (T, = 25°C) 
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Figure 13.17. Effect of temperature on Opp. 


Qaa (T)/Ogq (150) 


Opa versus temperature 


(normalized with respect to 150°C) 
(IRF840) 





0 20 40 60 80 100 120 140 160 
T (°C) 


Figure 13.18. Qgx as a function of junction temperature (normalized with respect to 150°C) 
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tz—-f,4. Some losses are incurred during this period, but not a significant 
amount, since the drain voltage is falling rapidly. 


As the losses .in MOSFET Q2 decline, the losses in MOSFET Q1 increase: 


tz-t,. Some losses are incurred as the voltage across the diode increases. 


t,-ts. This is the final phase of the diode recovery current, resulting in losses, 
since the diode now blocks the available voltage. 


The losses in MOSFET Q1 and MOSFET Q2 have two basic origins: the conduction 
of the load current by MosFeT Q2 during the period f)-t;, and the passage of 
diode recovery current through both devices during the period ¢,—ts. 


Estimation of the total losses is simplified if it is assumed that the effect of the 
circuit inductance is neutral in that though it reduces the available voltage during 
one part of the switching cycle, it increases it during another. (If the breakdown 
voltage of the MOSFET is exceeded, then this energy will be dissipated in avalanche 
breakdown—permitted with MosFETS having a repetitive avalanche rating.) 
Therefore, if it is assumed that all charge transfer takes place between supply rails 
whose voltage remains constant at the nominal value, the total losses during 
commutation of the inverter leg may be calculated approximately by multiplying 
the dc rail voltage by the various transfers of charge that occur. If a series 
inductor with its own clamping circuit is located in the dc rail, then energy stored 
in this inductor is not dissipated in the MosFeET, but in the clamp circuit. 

Thus the losses in MOSFET Q2 are given by the rail voltage times the charge 
represented by areas 1, 2, and 3 in Figure 13.13. The losses in MosFEeT Q1 are given 
by the rail voltage times the charge represented by area 6. Losses associated with 
areas 4 and 5 are distributed between the two mosreTs. The total losses are 
therefore approximately equal to the rail voltage multiplied by the charge 
represented by areas 1, 2, 3, 4, 5, and 6. Areas 3, 4, and 6 represent the Opp of 
the diode. Areas 1, 2, and 5 are a function of the load current and the rate of rise 
of diode recovery current..Thus the total commutation energy loss may be 
expressed as 


E = V,,[(area 3 + area 4+ area 5) + (area 2 + area 5) + (area 1)] 








di/dt™ 
= Va, | Onn + hi(tg-h)+(o- t,) ae | 
_ , Pare, i ) 
= Vee (Ons be di/dt +5 di/dt 2) 


where J, is the load current at the time of commutation. 

This gives the energy loss for one pulse at one value of drain current. From 
Figure 13.19 it can be seen that to a first approximation Orr is linearly related to 
the drain current and therefore, assuming a sinusoidal load current, can be 
expressed as 


Orr(t) = Ki(t) = Ki, sin wt (13.4) 
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Figure 13.19. Qrr as a function of source current. 


and 
Orr(@) = Ki, sin 0 7 (13.5) 


where @ = wt. Substituting into (13.3) for Qrr gives the energy dissipated when a 
commutation occurs at a current value of {, sin 0 (0< 0<2): 


2Ki, sin 0 ik [? sin? 4 


E(8) = Va.| Kh, sin 6 +f, sin 8 dies 3 ald 


(13.6) 


The average power loss due to commutation during = awictine cycle is given 
by 





2Ki, sin@ £2 sin? 4 


= Ki, sin 6 + & sin 0 
P(@) Vach| sin {sin di/dt 2 di/de 


(13.7) 


where f, is the switching frequency. Since the switching frequency is approxi- 
mately two orders of magnitude greater than the output frequency, Equation 
(13.7) can be taken as representing the power loss due to commutation expressed 
as a continuous function of 6. The average power loss due to commutation during 
one half cycle of output current is therefore given by 


Vac Ss [ : ? 2Ki, | +. 3/2 Ir ‘ 
dé + - + [ 2 
Pave = Ki, sin 6 6 \) 7 sin’ 6 dé i/ h sin’ 6 dé | 


= Val Ki, i 
+ aide 735+ | (13.8) 








2K + 2.47 





This represents the sum of the commutation power losses in both MOsFETs in the 
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inverter phase. The process for determining the commutation losses is therefore: 


1. Read the typical value for Opp from the data sheet. 


2. Adjust Ope for di/dt and temperature, using the graphs of the type shown 
in Figure 13.16 and Figure 13.18. 


3. Using this value of Orr, obtain K from the equation 


K= Orr/kk (13.9) 


where J; is the test current specified in the typical Ogg rating in the data 
sheet. 

4. Substitute K along with di/dt and f, in Equation (13.8) to obtain the 
commutation power loss. 


This must be an approximate result in view of the assumptions made. 


13.11. CONDUCTION LOSSES 


The load current is carried either by the channel of one MosFET or by the 
body—drain diode of the other. If carried by the channel of a MosFET, the power 
dissipation in the MOSFET channel during that period is given by 


Pp = I5Rpscon) (13.10) 


Rysion) is a function of the die temperature and to a lesser extent of the 
instantaneous value of the drain current. Data sheets should provide information 
relating Rpsjon) to fp and temperature. During the period when the load current 
is being carried by the body—drain diode of one of the MosFEeTs, the power 
dissipation is given by 


Po = Ib Vsp (13.11) 


Vop, the forward drop of the body—drain diode, is a function of the load current. 
MOSFET data sheets usually include a graph showing Vsp versus diode current. 
Since the direction of current flow at any time is not predetermined, but rather 
is dictated by load conditions, the upper MOSFET is maintained on during positive 
segments of a switching cycle, and the lower MosFET is maintained on during the 
negative segments of a switching cycle, except for short periods when both 
devices are off to prevent overlapping conduction and shoot-through. Therefore, 
when load current is flowing through a body—drain diode, .the channel associated 
with that diode will be in the conducting state. A proportion of the load current 
will flow through the channel, since current can flow through the channel of a 
MOSFET in either direction. This lowers the forward drop across the MosFET. In 
high-voltage devices with high values of Rpsjon) this effect is negligible, but in 
low-voltage inverters diode conduction losses can be mitigated by channel 
conduction. Diode recovery losses, however, are not affected, since the channel is 
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turned off prior to commutation, to avoid shoot-through, and the free-wheeling 
current reverts to the diode path. However, if the deadband is very short the 
charge which is established in the diode may be less than that normally associated 
with the given level of forward diode current. | 

As Figure 13.20 shows, during each switching cycle the proportion of time 
spent in each mode (channel conduction or diode conduction) depends on the 
modulation duty cycle 6 prevailing during that switching cycle. The modulation 
duty cycle is directly related to the required magnitude of fundamental output 
voltage at that time. Therefore, for a sinusoidal output waveform, the division of 
losses between channel conduction and diode conduction varies sinusoidally 
throughout the output cycle. At the same time the magnitude of the load current 
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Figure 13.20. Current paths during the inverter commutation cycle. 
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varies with a phase relationship to the fundamental voltage output waveform that 
is determined by the load power factor. 

Heatsinking must be sized for worst-case dissipation, which occurs when the 
load power factor is unity and the longest MosFET conduction periods coincide 
with the peaks of the load current. In high-voltage inverters diode conduction 
losses will only be a small fraction of the MosFeT forward-conduction losses, so 
that although diode losses increase as the load phase angle moves away from 0°, 
the total losses are reduced. Similarly, total losses are greatest when the 
modulation depth is unity (assuming sinusoidal modulation). 


To calculate MosFET losses under these conditions, assume a load current 
waveform of the form f sin @. During a switching cycle occurring at a time 
corresponding to the angle @, the MosFeET will conduct in the forward direction for 
a proportion of the cycle given by 


Omosrer = 3(1+ sin 4) (13.12) 
The proportion of the cycle for which the diode conducts is given by 
dpiope = 4(1 — sin 8) (13.13) 
Therefore the MOSFET power loss during a pulse occurring at angle @ is 
P(@)=LR 
= [? sin? 0 -4(1 + sin 8)Rpscon) 


= 42? Roscon(sin? @ + sin? 6) (13.14) 


The average power loss due to MOSFET conduction over one output half cycle is 
therefore given by 


PRostea) (* 
Pye = [ (sin? 6 + sin? @) dé 
2 0 
= 0.46212 Ryson) (13.15) 
The diode conduction losses for a switching cycle at angle 6 are given by 
| P(6)= 4 Vsp 
=f, sin 6 -4(1 ~—sin 8)Vsp (13.16) 
where Vop is the forward diode drop. To simplify calculations this is assumed to 


be constant for all values of current. The average power loss due to diode 
conduction over one output half cycle is therefore given by 


iL Vep J 
Px === | : 6@-~ we 
oe | (sin sin 6) d@ 


= 0.068%, Ven (13.17) 


Figure 13.21 shows how these losses vary with load phase angle. 
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Figure 13.21. (a) MosFeT conduction losses versus load phase angle. (b) Diode conduction 
losses versus load phase angle. 
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13.12. FAST-RECOVERY DIODE MOSFETs 


During the manufacture of standard power MosFETs no special attempt is made to 
control the recovery time of the body—drain diode. In mosFET design and 
fabrication heavy emphasis is placed on minimizing Rpgon), and from this point of 
view minority-carrier lifetime killing is undesirable due to the attendant rise in 
silicon resistivity. However, a long minority-carrier lifetime results in a long diode 
recovery time. 

Power-MosFET diodes, with a recovery time typically of the order of 100 ns for 
50-V devices and 600ns for 500-V devices, might be classified as fast, but in 
comparison with the switching speed of a power mosFeT they are slow. 
Furthermore, the diode recovery charge Orr tends to be large, due to the large 
area which the diode occupies. Power-mosFeT die designs seek to optimize the 
performance of the mosFET, and the area of silicon occupied by the body—drain 
diode is usually a secondary consideration. Most mMosFeT designs result in a 
body—drain diode whose current-carrying capability is considerably in excess of 
the forward current capability of the MosFeT, although this is not necessarily 
reflected in the current rating given to the diode. The diode is commonly rated at 
the same values of average and surge current as the MOSFET. 





Normal MOSFET MOSFET with minority- 
carrier lifetime killing 


Figure 13.22. Effect of temperature on the reverse recovery current in the body—drain 
diode of similar mMosFets, with and without minority-carrier lifetime killing. (Low reverse 
voltage.) 
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The body-drain diode may be made faster and its Opp lowered by reducing the 
minority-carrier lifetime in the epitaxial region. This may be achieved by doping 
with a heavy metal, such as gold or platinum, or by irradiating the die with 
electrons, fast protons, or other particles which create recombination centers in 
the crystal lattice. Both heavy-metal doping and irradiation cause difficulties in 
manufacture. The heavy metals may contaminate the gate oxide, and irradiation 
causes gate oxide damage which cannot be totally annealed out. Nevertheless, 
power MOSFETs with fast diodes have been made successfully [7, 8]. 

The effectiveness of minority-carrier lifetime killing is reduced as the tempera- 
ture of the silicon increases. Recombination centers become less effective as 
thermal energy increases. Therefore it is important to consider the diode 
characteristics at the maximum junction temperature at which the device will 
operate. At a typical maximum allowable junction temperature of 150°C some 
types of minority-carrier lifetime killing will be ineffective and the difference in 
the speed of a doped and an undoped device will be reduced. Figure 13.22 shows 
an example of the effect of temperature on devices with and without lifetime 
killing. 

The price which has to be paid for a fast body—drain diode is an increase in 
Rysion) Tesulting from the heavy-metal doping or irradiation of the epitaxial 
region. Increased conduction loss must be taken into consideration when assessing 
whether total losses are reduced by the use of a power MosFET whose diode has 
been made faster by minority-lifetime killing. 


13.13. AVALANCHE REQUIREMENTS 
Avalanche capability adds to the suitability of the mMosreT for inverter applica- 


tions. As well as being able to tolerate voltage spikes produced by such events as 
load connection and disconnection and contactor operation, an avalanche rating 
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Figure 13.23. Unclamped parasitic inductance in inverter bridge circuit. 
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Figure 13.24. A mosret (IRF 530) subject to diode-recovery du/dt and avalanche. 


enables MOSFETS to tolerate overvoltage transients produced during normal 
operation. For example, if a large amount of parasitic inductance is included at 
the midpoint of the inverter, as shown in Figure 13.23, energy will be stored in 
this inductance during diode recovery. As the waveforms in Figure 13.24 
demonstrate, this energy results in avalanche breakdown of the mMosFET. The 
device used in Figure 13.24 is experiencing first diode-recovery du/dt followed 
immediately by avalanche breakdown. 

Another important benefit of avalanche capability is that if a power MOSFET can 
tolerate avalanche breakdown, the safety margins traditionally applied when 
selecting the voltage rating of the switching devices can be relaxed. This is 
particularly beneficial in the case of power MosFETs, since their Rpsco,) increases 
rapidly with voltage rating. Where it is not possible to use the MOSFET’s own 
avalanche capability, then some external form of voltage clamping must be used. 
A low-loss clamping circuit is given in reference [9]. 


13.14. GATE-DRIVER DESIGN 


The negative power rail of a bridge circuit can usually be linked to the ground of 
the control electronics as shown in Figure 13.25. This allows the bottom devices 
of the bridge to be driven directly from the control circuit without the need for 
isolation. However, the potentials of the sources of the top devices swing between 
the positive and negative rails of the dc supply, making it impossible for the 
sources of the upper devices to be linked directly to the control electronics. This 
difficulty may be resolved in two basic ways. The first is to employ level-shifting 
circuitry in which the gate of the upper device is pulled above the positive rail 
voltage by the generation of a gate supply voltage source using a charge-pump 
arrangement (see Figure 8.31). Some degree of sophistication is required in the 
level-shifting circuitry to limit dissipation. 

The second basic method of driving the upper power seven is to provide an 
isolated power supply for the top gate driver and to control the application of 
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Figure 13.25. Three-phase MOSFET inverter with output filtering. 


the gate voltage through some isolated signaling arrangement. The gate driver 
must meet the following requirements: 


¢ Short delay time. 

¢ Low impedance output 

¢ Capability of accepting duty cycles between 0% and 100% 

¢ Insusceptibility to du/d¢ triggering during switching 

¢ Low capacitance between the two sides of the power supply. 


A suitable arrangement is shown in Figure 13.26. Isolation is provided by the 


2601 optical coupler. This has a Faraday screen between the LED and the photo- 
transistor to prevent spurious triggering of the phototransistor by capacitive 
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Figare 13.26. Isolated gate drive circuit for inverter applications. 
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currents during switching of the power circuit. The gate drive is provided by a 
MOSFET driver 1c which is capable of providing 6A of charging current. The 
output of the driver is moderated by the gate drive circuit described earlier. 
Power for both integrated circuits is obtained from a rectified high-frequency ac 
supply. The primary and secondary windings of the ferrite transformer are wound 
on independent bobbins with air-gap separation of the two windings to reduce 
capacitive coupling between them. This minimizes the flow of capacitive current 
produced by the voltage swings of the midpoint of the power circuit. 


13.15. PWM WAVEFORM GENERATION 


The traditional method of pwm waveform generation has been to input to a 
comparator a triangular timing wave and a sinusoidal reference waveform. This 
method has to a large extent been replaced by digital waveform generation. The 
digital method has the advantages of freedom from drift, absence of dec 
components in the output, perfect phase balance, etc. [10-12]. Overmodulation 
may be used to obtain maximum output from the inverter. While overmodulation 
increases the amplitude of the fundamental of the output waveform, it also 
introduces distortion, as Figure 13.27 illustrates. A preferable method of 
increasing the amplitude of the output is the addition to the reference sine wave 
of a measure of third harmonic as shown in Figure 13.28. Since the third 
harmonic is a triplen harmonic, the third harmonics of all three phases will be 
cophasal. Therefore the third harmonic will be eliminated from the line-to-line 
voltage waveform. By adding a third harmonic of one-sixth amplitude of the 
fundamental, the output voltage of the inverter and its kVA rating can be 
increased by 15% without distortion of the output. The use of power MosFETs and 
an ultrasonic switching frequency gives the power stage a bandwidth which 
enables it to satisfactorily reproduce third-harmonic waveforms when the output 
frequency is as high as 400 Hz [13]. 
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Figure 13.27. Distortion introduced by overmodulation. 
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Figure 13.28. Addition of th third harmonic to the phase voltage (solid line) permits the 
line-to-line voltage (dashed line) to be increased by 15.5%. 


13.16. INVERTER RATINGS VERSUS MOSFET TYPE 


The power rating obtainable from a three-phase inverter using a particular MOSFET 
type depends on two considerations—efficiency and equipment size. The govern- 
ing factor is the size of the heatsink that the designer considers acceptable. A 
small heatsink will, for a given power output, give a high junction temperature, 
high Rpson), and therefore higher conduction losses. The efficiency will be 
reduced, but the equipment will be small. A large heatsink, on the other hand, 
will give a lower junction temperature and a lower Rygion), SO that although the 
equipment will be large, the efficiency will be high. 

Conduction losses can be reduced by using MosFeTs with a larger die and a 
lower Rpsion), although commutation losses will increase due to the higher Orr 
associated with the larger die. Opp losses are most important in high-voltage 
designs because of the large amount of charge stored in the broad epitaxial layer 
required to block high voltage. Conduction losses are most important in 
low-voltage, high-current designs. Therefore most benefit is obtained from an 
investment in extra silicon area in low-voltage designs. 


13.17. COMPARISONS OF BIPOLAR TRANSISTORS AND MOSFETS 


The following table compares the suitability of power mMosFEeTs and bipolar 
transistors for use in inverters: 





MOSFET Bipolar Transistor 

Integral free-wheeling diode. Only some Darlingtons have diode. 
No snubber required Snubber required. 
Low switching losses. High switching losses. 
Can be driven direct from logic. Base drive circuits required. 
Same design for different power New base drive and snubber design 

ratings. required for different power rating. 
High overload capability. Limited overload capability. 


Avalanche capability. Usually no avalanche capability. 
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Because of the lower switching losses associated with power MOSFETs, the 
MOSFET is likely to be the device of choice for 20-kHz pw inverters at all voltages. 
However, for six-step and low-frequency inverters, the choice is not so clear. An 
important consideration not addressed in the above table is forward voltage drop. 
At low voltages, where Rpson) for a given area of silicon is low, again power 
MOSFETs are likely to be the optimum device. However, at high voltages the 
higher Rysion) of the power MOSFET militates against its use, especially since at low 
switching frequency there is no significant advantage in the MosFET’s low switching 
losses. The power MOSFET still has a number of system advantages, such as ease of 
drive, snubberless operation, square soa, and high overload capability, although 
the degree to which these can be traded against forward drop losses will depend 
on the application. 

In the case of power MOSFETS the question of forward voltage drop is largely 
one of price, since the voltage drop in a power MOSFET can be reduced to any 
desired value by using sufficient silicon area. In the case of bipolar transistors the 
question is more complicated, since forward voltage drop can be traded for other 
features. By using a Darlington transistor the base current requirement is reduced 
at the expense of increased voltage drop. The delay time associated with a bipolar 
transistor can be reduced by operating in quasi-saturation, again at the expense of 
increased voltage drop. 

The move towards power mosrets is likely to continue, since the price of the 
older, bipolar transistor technology is well established, while low-cost power 
MOSFETS are a recent phenomenon. The extent to which this trend will be affected 
by the emergence of the insulated-gate bipolar transistor (IicBT) and the 
mos-controlled thyristor (mcr) (see Chapter 20), with their mixtures of MOSFET 
and bipolar-transistor characteristics, has yet to become clear. IGBTS are now 
available from a number of sources, and low-frequency, high-voltage inverters are 
seen as one of the main areas of application for these devices. 
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aes CHAPTER 14 





High-Frequency Applications 


14.1. SOLID-STATE BALLASTS 


Electronic ballasts for fluorescent tubes, mercury arc lamps, and sodium vapor 
lamps have not replaced conventional chokes to the degree once expected. The 
reason for this is that it is difficult for a system that involves two conversion stages 
(ac to dc followed by dc to ac) to compete economically with a choke and a 
starter switch. Solid-state ballasts therefore have tended to be used where they 
have an advantage which compensates for the higher initial cost. The advent of 
power MosFEtTs has moved the balance in favor of the solid-state ballast because of 
the low switching loss of MosFETs, which enables them to operate efficiently at 
high frequencies, and because of their ease of drive, which reduces equipment cost. 
The major disadvantage associated with power MOSFETs in this application is that 
the solid-state ballast is generally a high-voltage application, and high-voltage 
MOSFETs have a high Rpysion) for a given area of die. However, this disadvantage 
has largely disappeared as the cost of power MosFets has fallen, since Rpson) can 
be reduced to any level desired by using a die of sufficient size. 

If the use of a solid-state ballast cannot be justified by lower purchase cost, 
other considerations may prevail. In terms of light output per watt, solid-state 
ballasts can have a higher overall efficiency than conventional inductor-ballast 
systems due to the greater efficiency of fluorescent lamps when operating from a 
high-frequency supply. This can result in a fairly short pay-back time for lamps 
which operate continuously. Higher switching frequencies result in smaller 
magnetic components, resulting in units that are smaller and lighter [1]. Power 
MOSFETs enable very high operating frequencies to be achieved efficiently. The 
general arguments in favor of solid-state ballasts, such as flicker-free light, silent 
operation, and ability to operate from a dc supply, apply to power-MosFET-based 
ballasts as much as to any other type. 

The high-frequency capability of power MosFETs has made the use of resonant 
circuits economic. The advantages of resonant circuits include the low level of 
RFI which resonant circuits generate and the possibility of employing resonance 
to generate a high voltage for striking the tube. 


14.2. CLASS-D AMPLIFICATION 
14.2.1. Introduction 


Class-D amplifiers employ pulse-width modulation (pwm) of a high-frequency 
rectangular wave to produce an output whose average value tracks that of the 
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input signal. For minimum distortion, the switching frequency should be at least 
five times that of the highest frequency component in the audio signal, so that if 
an audio frequency of 25 kHz is to be accommodated, the switching frequency 
will need to be at least 125 kHz. To maximize the amplifier output it is necessary 
to be able to modulate the pulse widths to the point where extremely short pulses 
are required. Thus for maximum output with minimum distortion the output 
devices of a class-D amplifier must be capable of very fast switching (e.g. 10 ns). 
Furthermore, for good efficiency they must be capable of switching at these 
speeds without incurring significant losses. The characteristics ideally required of 
the power switches in a pwm amplifier are rapid low-loss switching, large soa, 
ability to conduct current in both directions (for driving a reactive load, i.e. the 
filter) and good du/dt and di/dt capability. All these requirements can be fulfilled 
by the power MOSFET. 


14.2.2. Pulse-Width Modulation (PWM) 


The principle of pulse-width modulation as employed in a class-D amplifier is 
illustrated in Figure 14.1. For a given modulation duty cycle 6, the average load 
voltage is given by 


Vi, = Ve(26 — 1) (14.1) 


A Pwo waveform is traditionally obtained by comparing a triangular wave of fixed 
frequency with the modulating signal (in this case the audio waveform) as shown 
in Figure 14.2. The comparator output is used to control the switching of the 
upper and lower switching transistors in the output stage, thereby varying the 
average output voltage in accord with the audio signal. The output waveform will 
contain high-frequency components due to the switching process, and these must 
be removed by filtering. | 


14.2.3. Design Example 


The circuit diagram of the amplifier is shown in Figure 14.3. There are a number 
of features which are critical to obtaining good reproduction of the audio input. 


S1 ON, S2 OFF § S2 ON, S1 OFF 





Figure 14.1. Pulse-width modulation. 
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Figure 14.2. Generating pwm waveforms. 


The input stage consists of a high-speed comparator. Since fast switching is 
essential in the output stage if distortion is to be minimized, fast switching is 
required in all stages in which the signal is manipulated. The amplitude of the 
triangular waveform will need to match the range of the input signal. If at any 
time the amplitude of the input signal exceeds that of the triangular waveform, 
the output waveform will be clipped, resulting in distortion. The level of output 
distortion will also depend on the linearity of the triangular waveform. 

Complementary n-channel and p-channel MosFets are employed in the output 
stage. The use of an n-channel mosreT for the upper switch would require the use 
of an isolated gate driver or some other arrangement such as a bootstrap gate 
drive arrangement. Transformer or optical-isolator coupling is not feasible 
because of the brevity of the pulse length required under conditions of maximum 
modulation, while the bootstrap method incurs excessive losses. The use of 
complementary MOsFETs with direct gate drive therefore offers the best prospect 
of obtaining fast symmetrical switching of the output devices. 

Transistors TR1 and TR2 buffer the output of IC1 and provide a low- 
impedance gate drive for TR3 and TR4. TR3 and TR4 act as signal splitters and 


—+10V 0 





Figure 14.3. Class-D amplifier. 
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level shifters for driving the output MosFETs TR13 and TR14. TRS, TR6, TR11, 

and TR12 provide a low-impedance gate drive for TR13. TR7, TR8, TR9, and 
TR10 provide the same function for TR14. D1 with R6 and D2 with R7 shape the 
switching performance of TR13 and TR14 respectively. Some adjustment of the 
rate of switching of the output MosFETs is required to obtain the waveform 
symmetry needed for minimum output distortion. The switching times of the 
complementary n-channel and p-channel Mosrets will not be exactly the same, 

due to differences in their parasitic capacitances. Furthermore there may be 
sufficient variation in the parasitic capacitances of devices of the same type to 
make adjustment necessary. Diodes D1 and D2 ensure that TR13 and TR14 are 
turned off as rapidly as possible, but turn-on is slightly delayed by R6 and R7 to 
ensure that TR13 and TR14 do not conduct simultaneously and create a 
short-circuit across the supply rails. Furthermore, since the body—drain diode of 
the outgoing MOSFET may have been in conduction prior to turn-on of the 
incoming device, a slight slowing of the turn-on of the incoming MOSFET gives the 
diode longer to recover and reduces the amplitude of the diode recovery current 
which flows through the incoming MosFET. The MosFET integral diodes can serve 
as free-wheeling diodes if their du/dt ratings are adequate. Output filtering is 
provided by L1, L2, C10, and C11. 


14.2.4. Avoiding Distortion 


In order to avoid distortion, the MosFETs must switch quickly. This results in a 
current of several amperes being switched in about 10ns. Because of the high 
values of di/dt which this implies, it is essential to pay careful attention to track 
routing on the PCB. The use of a ground plane is beneficial. Ringing due to 
airborne interference is likely. Decoupling should be used extensively, particu- 
larly at the output stage, because of the high values of di/dt present. Decoupling 
is also required in the driver stage, which draws sharp peaks of current. 

The output transistors are matched on the basis of on-resistance. Any great 
disparity between their resistances would result in distortion of the output 
waveform when the output current is large. 


14.2.5. The Output Filter 


The output filter, consisting of L1, L2, C10, and C11, is required to remove 
switching-frequency components and their sidebands from the output voltage. A 
switching frequency of 150 kHz minimizes the total harmonic distortion. A higher 
switching frequency would, in theory, improve the quality of the output 
waveform, since the higher the ratio of switching frequency to modulating 
frequency, the smaller are the amplitudes of the unwanted modulation products 
in the output waveform. However, a higher switching frequency implies shorter 
minimum pulse widths. This results in increased distortion due to switching rise 
times and fall times, as well as delay times in the power circuit. A 150-kHz 
switching frequency is optimum in this design, since it yields the best compromise 
between these two conflicting requirements. However, switching frequencies up 
to 0.5 MHz have been achieved [2]. If the switching frequency is crystal- 
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Figure 14.4. pwm waveform spectrum (half bridge). f, is the switching frequency. 


controlled, tuned filter sections can be used in the output filter to give good 
attenuation of the switching frequency components and their harmonics [3]. | 

A typical frequency spectrum for the output waveform prior to the filter is 
shown in Figure 14.4. The input signal consists of two equal-amplitude com- 
ponents at 10 and 15kHz. The modulation depth for each component is 0.4 
(—8 dB). 0dB corresponds to the amplitude obtained with a single-frequency 
signal and unity modulation (the maximum output obtainable without clipping). 
It can be seen that there are many unwanted components in the output voltage 
waveform of the switching stage. The inductance of the loudspeaker coil is 
insufficient to limit in a significant way the currents resulting from these voltage 
components. It is therefore necessary to employ a filter which has minimum effect 
on components in the audio frequency range but produces maximum attenuation 
of the switching frequency component and its sidebands. The second-order LC 
filter used in this design represents a compromise between the need to minimize 
losses, the desire to eliminate as many unwanted components as possible from the 
output waveform, and cost. 


14.2.6. Efficiency 


Figure 14.5 shows the efficiency versus output power. The input power is 
determined from a measurement of power-supply voltages and currents. The 
output power is obtained by measuring the amplitude of the output (at 1 kHz) 
across a 5-Q resistor. The resistance of the load is measured immediately at the 
end of each test to avoid inaccuracy due to temperature drift. The harmonic 
content of the waveform is small enough (less than 1%) to have little influence on 
the efficiency measurement. 
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Figure 14.5. Efficiency as a function of power output. 
14.2.7. Other Circuit Topologies 


More sophisticated power-circuit arrangements than the one described here are 
possible, with a corresponding improvement in output power and waveform 
quality. Figure 14.6 shows a full-bridge arrangement. This can be operated in two 
ways. If Ql and Q4 are switched alternately with Q2 and Q3, the output 
spectrum prior to the filter is the same as that obtained with the half bridge 
(Figure 14.4) except that the amplitudes of all components are doubled. 
Therefore, for a given load impedance the output power is quadrupled. In 
automobile applications, for example, it would be possible to put nearly 36 W 
into a 2-Q loudspeaker from a 12-V supply. 








Figure 14.6. Fuil-bridge pwm amplifier. 
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Figure 14.7. pwm waveform spectrum for full-bridge amplifier. f, is the switching 
frequency. 


Alternatively, the two legs of the bridge may be driven as though they were 
two separate half bridges. If the modulator of one half bridge is supplied with an 
inverted version of the modulating signal applied to the other, but the same 
triangular wave is used for both modulators, then the amplitude of the audio 
signal in the output will be doubled as before, but the harmonic content of the 
PwM waveform will be much reduced, as Figure 14.7 shows. This eases the filter 
requirements, thereby reducing the size of the filter components. 


14.3. INDUCTION HEATING 


Radio-frequency power for induction heating has in the past been generated by 
vacuum-tube oscillators. The high-frequency capability of the vacuum tube has 
allowed operation at several hundred kilohertz. This is the frequency range 
required for surface heating and for nonmagnetic parts. Thyristors and bipolar 
transistors have been unable to operate efficiently at these frequencies. The 
advent of the power mosFeTt has made it possible for solid-state induction heaters 
to operate in the 100- to 200-kHz range both for industrial and domestic 
applications [4]. The power range for which the power MosFET is appropriate is 
determined only by the number of mosrets that can realistically be operated in 
parallel. At high powers the static induction transistor is perhaps a more suitable 
device than the power MOSFET, although—being essentially a junction field-effect 
transistor—the sir too suffers from the phenomenon of rapidly rising on-state 
resistance as the voltage rating increases. 

The most common configuration for a MOSFET induction heating inverter is the 
H-bridge as shown in Figure 14.8. This arrangement has the advantage that the 
maximum voltage experienced by the MOSFETs is equal to the power supply 
voltage. The load can be either series resonant, as shown in Figure 14.8, or 
parallel resonant (current-fed). The parallel resonant scheme has the advantage 
that it does not require the body-drain diodes of the power MosFeTs to conduct. 
These diodes are relatively slow and if allowed to conduct may seriously impair 
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Figure 14.8. Series-resonant induction heating. 


the efficiency of the inverter due to shoot-through of the diode recovery current. 
These diode recovery losses can also be avoided with a series resonant load if the 
MOSFETS are switched above resonant frequency so that the load current is always 
lagging with respect to the applied voltage [5]. Then, the load current commutates 
from the body-drain diode of a MOSFET to the channel of the same MosFET, rather 
than from the body-drain diode of one MosFET to the channel of the other. If the 
inverter is operated in a mode which requires diode conduction with commutation 
of the load current from one MosFET to the other, the integral diode of the MosFET 
must be isolated by a series diode and a fast external anti-parallel diode [6]. 

A further advantage of the parallel-resonant load is that the output voltage is 
sinusoidal, so that the inverter may be commutated near the voltage zero. This 
means a minimum rate of rise and fall of drain voltage, thereby minimizing the 
current flowing in the drain—gate capacitance and thus reducing the gate drive 
power requirements [7]. On the other hand, the series-resonant circuit requires a 
higher-voltage capacitor in the tuned circuit. Both series and parallel resonant 
circuits are widely used [8,9]. Using power MOsFETs, resonant converters can 
attain efficiencies as high as 95% while operating at several megahertz [10]. 
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MEME CHAPTER 15 





Linear Applications 


15.1. LINEAR POSTREGULATORS 


In multiple-output switched-mode power supplies it is common for voltage 
feedback to the control circuit to be obtained from one of the outputs, for 
example the 5-V output, so that this output alone benefits from precise voltage 
control. If precise control of the other outputs is required, they must be subject to 
additional regulation. This is typically achieved with a linear regulator, or 
postregulator, in the output. 

A critical factor in the efficiency of linear regulators is the headroom, or the 
difference between input and output voltage. Regulators designed to operate with 
low headroom are sometimes referred to as low-dropout regulators. Regulators 
based on bipolar transistors have difficulty in achieving low headroom voltages, 
since to obtain low values of Vox;sar) high values of base current are required. 
Furthermore, it may not be acceptable to operate the bipolar transistor in 
saturation, since the rate at which it can respond to changing conditions will be 
limited by the long storage time resulting from operation in the saturated mode. 
Power MOSFETS, on the other hand, are voltage-controlled, and the forward drop 
across the MOSFET during conduction can be reduced to any value required by use 
of an appropriately sized device. Figure 15.1 shows a comparison of the voltage 
drop associated with Mosret and bipolar regulators. 

The presence of an integral antiparallel diode is a further advantage of power 
MOSFETS in this application. The diode protects the MOSFET against damage by 
reverse voltage should the input to the regulator be crowbarred, whereas a 
bipolar transistor would require an extra device to protect it. The surge current 
capability of a power MOSFET, which is typically four times its average current 
rating, also gives the MOSFET regulator better ability to withstand overloads. 

When an n-channel device is used as a linear regulator of a positive supply rail, 
a gate voltage greater than the positive rail is required. Fortunately the current 
drawn from this supply is very small, and the cost of providing the supply is 
therefore low. Figure 15.2 shows three possible means of providing the gate 
voltage in n-channel linear regulators. 

Figure 15.3 shows a negative voltage regulator using a p-channel MOSFET. 
Figure 15.4 shows how simple current limiting may be achieved with few 
additional components at the expense of increased voltage drop. 

Low-dropout regulation is especially important in battery-operated equipment 
in prolonging useful battery life. As Figure 15.5 shows, a battery used to power 
an instrument, tool, or toy will have a longer useful life when regulated by a 
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Figure 15.1. Forward voltage drop of various power semiconductor devices. 


low-dropout MOSFET regulator than by a bipolar regulator with a greater 


headroom requirement. 


15.2, AUDIO AMPLIFIERS 


15.2.1. Introduction 
Power MOSFETS, when used in audio amplifiers [1-3] and other forms of linear 


amplifier [4,5], avoid some of the problems encountered when using bipolar 
transistors. Two important advantages of the power MosFéT are its lack of second 
breakdown and its negative transconductance coefficient, although some form of 


bias-point stabilization is often required. 
Other advantages include the high gate input impedance, although the gate 
driver impedance should be low enough to prevent loss of bandwidth due to the 


gate capacitance. Fortunately, in the commonly used source—follower configura- 
tion the gate-source capacitance is ‘‘bootstrapped”’, reducing its effect typically 


15.2. AUDIO AMPLIFIERS 






FLYBACK 


(a) 





GND 





~ UNREG - REGULATED 


Figure 15.3. Negative voltage regulator. 
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Figure 15.4. Positive voltage regulator with current limit. 


by an order of magnitude [6]. The power MosFET is not subject to minority-carrier 
storage-time delay, which can cause distortion and reduce bandwidth in bipolar- 
transistor amplifiers. Power MosFETs can be paralleled for high power output, 
although device selection for matching threshold voltage and transconductance is 
often necessary to ensure similar bias points and good current sharing. Current 
sharing can be promoted at the expense of bandwidth by the use of source ballast 
resistors [7]. The MosFET is usually considered to be a more linear device than the 
bipolar transistor in that the relationship between the gate voltage and drain 
current in a MOSFET is more linear than that between base current and collector in 
a bipolar transistor. This is truest at higher current values, where the gain of the 
bipolar transistor falls off rapidly while the transconductance of the power MOSFET 
tends to a constant value due to velocity saturation (see Figure 15.6). This greater 
linearity reduces the level of feedback required, allowing operation with a higher 
closed-loop gain. 

Bipolar transistors have their safe operating area restricted by second 
breakdown. This necessitates load-line limiting circuitry to prevent the operating 
point entering the region of high voltage and high current where second 
breakdown occurs. The power MOSFET’s square soa characteristic makes such 
measures unnecessary. 
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Figure 15.5. Battery lifetime extended by low-dropout regulator. 
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Figure 15.6. Gain characteristics of a power MOSFET and a similarly rated bipolar transistor. 
(a) 14-A, 100-V MOSFET; (b) Bipolar transistor with similar current and voltage ratings. 
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The advantage of the simple gate-drive requirement of the power MOSFET is 
diminished somewhat by the higher gate-drive voltage requirements, although 
this is not generally a major drawback. The power mosrer has the disadvantage of 
a smaller transconductance at low current levels. This can result in distortion in 
the crossover region unless an adequate bias current is maintained. The 
drain—gate capacitance in a power MOSFET can interact with inductance in the gate 
circuit to form a Colpitts oscillator, so that good PCB layout practice is required 
to avoid the possibility of parasitic oscillation. A small resistance in the gate 
circuit may be required to provide damping. 


15.2.2. Bias-Point Stabilization 


The negative temperature coefficient of the transconductance of the power 
MOSFET is Often cited as an advantage in audio amplifiers, but this requires 
qualification. In a bipolar-transistor amplifier it is common practice to sense the 
temperature of the transistors and to alter the bias conditions to prevent thermal 
runaway, since at constant base-emitter voltage the collector current has a 
positive temperature coefficient. With a power MOSFET, a temperature increase 
results in a decrease in transconductance, a decrease in current, a decrease in 
dissipation, and stabilization at a new current level. However, power MOSFETS 
vary in their suitability for this application. Figure 15.7 shows the transfer 
characteristics of two power mosretTs. Particularly in Figure 15.7a, it can be seen 
that for high current values the drain current decreases as temperature increases 
with the gate voltage held constant. For low values of drain current the drain 
current increases with temperature, and for one value of drain current—the 
zero-temperature-coefficient point—there is no change. At lower currents, the 
decrease in threshold voltage with increasing temperature is the dominant effect. 
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Figure 15.7. Typical transfer characteristics of power MOsFETs, with the zero-temperature- 
coefficient point at (a) a high value and (5) a low value of Jp. 
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At high current values the fall in transconductance with increasing temperature 
dominates. A stable bias point is only obtained if the bias current is above the 
drain current corresponding to the zero-temperature-coefficient point. Unfortun- 
ately, as Figure 15.7a shows, for some devices this current can be many amperes, 
whereas the quiescent current at the bias point in an audio amplifier is typically of 
the order of 100mA. More appropriate power-mosrer characteristics for audio- 
amplifier use are shown in Figure 15.7b. Devices having this characteristic have 
tended to be lateral MosrFeTs, although vertical devices with the required 
characteristics for this application have begun to appear. The theoretical basis for 
the variation in MOSFET characteristics with temperature change is discussed in 
Section 3.7. | 
_ The typical audio amplifier operates in the class-AB, mode in which the 
class-B push-pull configuration is operated with a degree of class-A bias to 
minimize crossover distortion. This results in a continuous quiescent current 
flowing through the two devices. If stabilization of the quiescent current level is 
necessary, it can be achieved by using either another device to sense the 
temperature and exert negative feedback, or a specifically designed feedback 
system such as that shown in Figure 15.8 [8]. In this system the level of bias 
current is extracted from the large half cycles of load current by detecting the 
asymmetry in the zero crossings of the supply current waveform. | 
The class-AB amplifier shown in Figure 15.9 uses a complementary pair of 
power MOSFETs in the output stage [9]. Split power rails are used to give improved 
rejection of power-supply ripple and to allow the load to be directly coupled. The 
output devices Q5 and Q6 operate in the source—follower configuration. The use 
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Figure 15.8. Feedback bias arrangement for a class-AB amplifier. The zero crossings of 
the current waveform are detected to form a trapezoidal waveform whose average value is 
a measure of the bias current flowing through the power MOsFETS. 
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of this configuration is common in audio amplifiers; it offers two main advantages: 
(a) the possibility of oscillation in the power stage is reduced as the voltage gain is 
less than unity, and (b) signal feedback through the heatsink on which the devices 
are mounted is eliminated, since the drain, which is electrically connected to the 
metal tab of each of the TO-220 transistors (or can in the case of TO-3 
transistors), is connected to one of the dc supply rails. 

A symmetrical output is achieved by providing a “bootstrapped” drive to the 
gate of the n-channel device, Q5, from the output. The use of the bootstrap 
circuit C4, R8, R9 also allows the driver transistor Q4 to operate at near-constant 
current, which improves the linearity of the driver stage. The diode D1 acts as a 
clamp for the bootstrap circuit, restricting the positive voltage at the gate of Q5 to 
+Vpp. This allows symmetry to be maintained under overload conditions. 

Transistor Q3 and resistors R11, R12, R13 provide gate-source offset voltage 
for the output devices. R12 is used as a potentiometer, allowing adjustment of the 
output quiescent current for variation in mosreT threshold voltage. A degree of 
temperature compensation is built into the circuit, as both the emitter—base 
voltage of the bipolar transistor Q3 and the combined threshold voltages of the 
MOSFETS Q5, Q6 have a temperature coefficient of —0.3%/°C. 
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GE CHAPTER 16 


MOSFETS and Bipolar Transistors 





16.1. COMPARISON OF MOSFETs AND BIPOLAR TRANSISTORS 


16.1.1. Introduction 


The important differences between a power MOsFET and a bipolar transistor 
originate in the conduction mechanisms at work in each device. In the power 
MOSFET majority carriers alone are responsible for current flow, while in the 
bipolar transitor the flow of current is regulated by minority-carrier injection. As 
Figure 16.1 shows, both the mosret and the bipolar are three-layer devices which 
normally block the passage of current due to the presence of a reverse-biased pn 
junction in the current path. In the case of the n-channel MosFET shown, 
conduction is initiated when the gate is made positive with respect to the source. 
The surface of the p region is inverted, thereby producing a continuous channel 
of n-type material between the drain and source terminals through which majority 
carriers—electrons in this case—can flow. In the case of the npn bipolar 
transistor, conduction is initiated by forward-biasing the base-emitter junction 
with current flowing from base to emitter. Due to the relative doping densities of 
the base and emitter region, this results principally in the injection of electrons 
into the base region. Since the electrons are traversing a p-type region, they are 
minority carriers. If the base is narrow relative to the diffusion length of the 
electrons in the p-type base region, most of the electrons will diffuse into the 
depletion region formed by the reverse bias applied to the collecter—base 
junction. Here they encounter an electric field which sweeps them into the 
collector region. 


16.1.2. The MOSFET and the Bipolar Transistor as Charge-Controlled 
Devices 


It is possible to view both the mMosFeT and the bipolar transistor as charge- 
controlled devices. In the case of the MOSFET, conduction is initiated when the 
input capacitance of the mMosFET has received sufficient charge to elevate the 
gate-to-source voltage to the level necessary to achieve the required degree of 
inversion of the channel region (see Figure 16.2a). 

In a bipolar transistor, the injection of holes from the base terminal creates a 
positive charge in the p base region, which, following the principle of charge 
neutrality, is balanced by an inflow of electrons. The base region may therefore 
be considered to have been enhanced with respect to the electron concentration, 
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Figure 16.1. Operation of mosFer and bipolar transistors. (a) MosFET in the orF state; (b) 
bipolar in the orF state; (c) MosFET conducting; (d) bipolar conducting. 


thereby permitting electrons to flow from the emitter to the collector (see Figure 
16.2). 

The significant difference between the two devices is that in the case of the 
bipolar transistor, recombination will take place between the electrons and the 
holes, and it is therefore necessary to inject base current continuously in order to 
maintain the required hole concentration, as Figure 16.3 illustrates. In the 
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Figure 16.2. Comparison of the MosFET and bipolar transistors as charge-controlled 
devices. (2) MOSFET; (b) bipolar. | 
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Figure 16.3. Charge requirements for controlling mMosrets and bipolar transistors. (a) 
MOSFET; (b) bipolar. 
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Figure 16.4. Comparison of the transfer characteristics of MosFEts and bipolar transistors. 
(a) Bipolar; (b) MosFET. 


MOSFET, electrons and holes are separated by a dielectric, so that no recombina- 
tion is possible and gate current only flows when charge is being established or 
removed. Generally, the amount of charge required to turn on a MOSFET is small, 
being that required to establish inversion and accumulation layers, and charge the 
gate—drain and gate-source capacitances. 

The amount of charge stored in a bipolar transistor may be relatively large, 
particularly if the transistor is driven into saturation with excess base current. The 
result of overdriving the base is to cause the base region to expand beyond its 
metallurgical boundary into the collector region. The minority carriers diffusing 
across the base-—collector boundary produce conductivity modulation of the 
collector region, thereby lowering the collector—emitter voltage. Bipolar power 
transistors usually exhibit the type of characteristics shown in Figure 16.4a. The 
quasi-saturation region which precedes saturation is caused by the base region 
expanding into the collector region (see Figure 16.5). When the whole of the 


Cc c C 
B— 2 | a 2 | a 2 
Excess hole Excess hole Excess hole 
: concentration E concentration E concentration 


(a) (5) (¢) 


Figure 16.5. Conductivity modulation in a bipolar transistor. (a) Nonsaturated 
condition—normal base width; (6) Quasisaturation—base region exceeds width of 
metallurgical base; (c) Oversaturation—base region completely occupies collector region. 
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Figure 16.6. Antisaturation clamp. 


collector region is conductivity-modulated, no further reduction in collector- 
emitter voltage is possible and the transistor is in saturation. Although in a power 
circuit it is usually advantageous to reduce the forward voltage drop across the 
transistor, the turnoff delay time resulting from saturation and the difficulties of 
extracting the base charge can be unacceptable. If this is the case, saturation of 
the bipolar transistor can be prevented by the use of an antisaturation diode as 
shown in Figure 16.6. The positive slope of the curves in the linear region (Figure 
16.4a) is caused by a narrowing of the base width as the depletion region expands 
into the base. A similar shortening of the channel occurs in power MOSFETs, but 
the doping levels used for the channel and drain regions produce characteristic 
curves with almost zero slope in the linear region. (See Appendix 1). 

The characteristics of a power MOSFET are shown for comparison in Figure 
16.4b. In the power MoSFET, conduction through the drain region, which 
corresponds to the collector region of a bipolar transistor, is by the drift of 
majority carriers under the influence of the applied drain—source voltage. There 
is no mechanism for producing conductivity modulation of the drain region. The 
factors determining the shape of these characteristics are discussed in Chapter 3. 


16.1.3. Delay Times and Switching Times 


Delay times and switching times in both the Mosret and the bipolar transistor are 
determined by the need for charge to be established or removed. The switching 
performance of both devices depends to some extent on the nature of the load. 
However, the underlying principles are adequately illustrated by comparing the 
operation of the devices when controlling a resistive load. Figure 16.7a and b 
show the idealized switching waveforms associated with each device. The 
switching times of both the bipolar transistor and the power MOSFET are 
dependent on the manner in which the devices are driven and are only valid for 
the conditions used in the manufactuter’s test. Nevertheless, they do provide a 
useful yardstick for comparing the switching speed of the devices of a single 
manufacturer and, if the test conditions are not too much at variance, may also be 
useful for comparing devices made by different manufacturers. 

One essential difference between the power mosFet and the bipolar transistor 
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Figure 16.7. Switching waveforms. (a) MosFET; (5) bipolar transistor. 


is illustrated by these waveforms. Bipolar transistors can have relatively long 
turnoff delay times due to minority-carrier storage, whereas the MosFET delay 
times can be reduced to very low values by hard driving of the gate. The power 
MOSFET is turned off as soon as sufficient charge has been removed from the gate 
to take the gate voltage below the threshold. The delay time associated with this 
transition can be of the order of nanoseconds if the gate-driver impedance is low. 
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The drain voltage then rises as the load current charges the output capacitance of 
the mosFeT. In a bipolar transistor charge has to be removed from the base region 
before the device can block voltage. If the transistor has been operated in 
saturation and the effective base region has extended beyond the metallurgical 
base into the collector region, the charge in the collector region will prevent 
turnoff until a sufficient number of minority carriers have decayed to allow a 
depletion region to be established. Even when operated in quasisaturation, the 
rise, fall, and delay times of bipolar transistors tend to be longer than the 
equivalent parameters for power MosFETs. Hence the power MOSFET is capable of 
higher operating frequencies than the bipolar transistor. Since the advent of the 
power MOSFET, manufacturers of power bipolar transistors have developed 
techniques to extend their frequency range as well as their soa characteristics 
[1}~in particular, by adopting a cellular structure which gives better access to 
stored charge and increases the resistance of the device to second breakdown (2, 3]. 


16.1.4. Temperature Dependence 


A comparison of the temperature dependence of some important MOsFET and 
bipolar parameters is shown in Table 16.1. 


TABLE 16.1. Effect Produced by an Increase in Temperature 








Characteristics Bipolar MOSFET 
Forward voltage drop Reduces Increases 
Rise time Increases No change 
Storage time, turnoff delay time Increases No change 
Fall time . Increases No change 
Var, threshold voltage : Decreases Decreases 
Gain, transconductance Increases Decreases 





An important advantage which the mosreT has over the bipolar transistor is 
that the switching times of the MosFET are essentially independent of temperature. 
This means that drive strategies for the MosFET do not have to take account ot 
variations in switching, storage or delay times, as they do with the bipolar 
transistor. The increase in the forward voltage drop across a MOSFET with 
increasing temperature is very pronounced, due to the strong relationship 
between temperature and Rpsion) (see Figure 9 of Appendix 7). While this results 
in increased losses at elevated temperatures, it does permit power MOSFETs to be 
connected in parallel without the risk of thermal runaway. In a switching circuit 
the variation with temperature of the threshold voltage and transconductance of 
the MOSFET are of little consequence, since the gate voltage alternates between 
two values representing the fully on and fully orf states. 
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16.1.5. Safe Operating Area 


The soa of the bipolar transistor and that of the power mosFeEt differ in a number 
of important ways. 

Firstly, they differ in the definition of soa. Strictly, the bipolar transistor has 
two distinct soas—the reverse-bias soA and the forward-bias soa. Reverse bias 
and forward bias refer to the bias condition of the base-emitter junction. In a 
switching cycle during which negative bias is applied to the base to effect turnoff, 
both soas come into play. However, as yet the manufacturers of power MOSFETs 
have provided only a single soa curve for all bias conditions, and there does not 
appear to be any aspect of the MosFeT behavior which would require a different 
approach. Typical MosFET and bipolar-transistor soas are shown in Figure 16.8. 

Secondly, the pulse current rating of the power MOSFET is usually about four 
times its dc rating, whereas the pulse current rating of a bipolar transistor is often 
not much greater than its dc rating. 

The third important difference between the soas of the power MosFeT and the 
bipolar transistor is that the bipolar soa has a second breakdown limit, the MosFET 
does not (see Figure 16.8). Since the MOSFET is a majority-carrier device, it is free 
of the thermal runaway and current-focusing phenomena responsible for second 
breakdown in bipolar transistors. Thus the MOsFET does not require a snubber for 
load-line shaping, although a snubber may be used to limit du/dt, to attenuate 
voltage spikes produced by unclamped inductance, or to reduce switching losses. 


16.1.6. Drive Requirements 


Generally the drive requirements of a power MOSFET are considerably simpler 
than those of a bipolar transistor. This is illustrated by Figure 16.9, which shows 
how the two transistors might be used in a typical power switching application. 
The bipolar transistor requires substantial drive circuits to provide forward and 
reverse base current, while the power MOSFET requires only the application or 
removal of a relatively small amount of charge at turn-on and turnoff. While 
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Figure 16.8. Safe-operating-area curves. (a) MOSFET; (b) bipolar transistor. 
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Figure 16.9. Driver circuits. (2) For bipolar transistor; (b) for MOSFET. 


there are more elegant bipolar drive circuits which employ fewer components, 
there is no doubt that one of the strengths of the power mosret is that the 
gate-drive requirements are generally simple and inexpensive. The advantage is 
less obvious when the MOSFET is compared with a Darlington bipolar transistor. 
With a gain of at least 100, the Darlington requires very little base current to 
maintain it in conduction, although to obtain fast turnoff it may be necessary to 
provide a negative base drive capable of extracting charge rapidly from the main 
transistor. 


16.1.7. Snubbers, Load-Line Shaping, Antisaturation Diodes 


To ensure that the bipolar transistor remains within its safe operating area during 
switching, it is frequently necessary to employ a snubber or load-line shaping 
network as shown in Figure 16.10. To ensure fast turnoff of the bipolar transistor, 
it is mecessary to prevent saturation by means of an antisaturation diode 
arrangement as shown in Figure 16.6. 
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(a) (b) 
Figure 16.10. Snubber circuits. (a) Simple RC; (5) polarized. 


The power MOSFET requires no antisaturation measures, since it is a majority- 
carrier device. Since the power MOSFET does not experience second breakdown in 
normal operation, a snubber is not used, as it often is with bipolar transistors, for 
the purpose of preventing second breakdown. A snubber may however be fitted 
for a number of other reasons. A MosFET usually has a safe operating area 
permitting switching cycles which apply rated voltage to the MosFET at the same 
time that it is carrying rated current. However, in high-pulse-current applications 
it may be necessary to use a snubber in order to keep the instantaneous junction 
temperature within acceptable limits. A snubber may be used to reduce switching 
losses in the MOSFET in order to limit the average junction temperature in high 
frequency applications. A snubber may be required to limit the rate of rise of 
drain voltage when forward voltage is reapplied immediately after the body—drain 
diode has been conducting and there is a danger that the du/dt capability of the 
device will be exceeded. A snubber may also be required when the load contains 
some unclamped inductance. Power MOSFETs are capable of extremely rapid 
switching, and even a small amount of unclamped inductance can cause excessive 
drain voltage to be developed at turnoff. An alternative to a snubber in this 
situation is a zener-diode clamp or an active clamp which turns the MosFET on if a 
certain level of drain voltage is exceeded (see Figure 9.3). The snubber may also 
be required to damp unwanted oscillations during switching. 


16.1.8. Appropriate Applications 


Performance and cost are the two main issues on which the choice between a 
MOSFET and a bipolar transistor is usually made. In terms of performance, the 
MOSFET has an advantage when high switching frequencies are required, due to its 
fast switching times and low switching losses. The ease of drive and freedom from 
second breakdown are further factors in the MosFET’s favor. The forward voltage 
drop in a MOSFET can be greater or smaller than that in a bipolar transistor of the 
same die size, depending on the voltage rating required. The Rpgion) Of a MOSFET 
is approximately proportional to V*°, so that for a given die size, the voltage 
drop across a high-voltage MOSFET is usually greater than that across a bipolar 
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transistor of the same size, since the voltage drop across a bipolar transistor 
depends less on the voltage rating. At the other end of the scale, the voltage drop 
across a low-voltage power MOSFET, say 100 V or below, is less significant, due to 
the low Rpsion) Of the MOSFET at this voltage rating. 

If switching losses are taken into consideration, the advantage moves further in 
the direction of the MOSFET, since switching losses in a MOSFET are generally much 
lower than those in a bipolar transistor of similar rating. Figure 16.11 shows a 
comparison of the total losses in a 450-V Mosret and a 450-V bipolar transistor of 
comparable current ratings, with switching frequency as a variable [4]. At this 
voltage rating the Mosrer losses are greater than those of the bipolar transistor up 
to about 10kHz. The crossover point of the two curves will be at a lower 
frequency for lower voltage ratings. 
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Figure 16.11. Comparison of mosrer and bipolar losses as a function of frequency at 
junction temperatures of (a) 25°C (b) 125°C. (From [4]. © IEEE 1980.) 
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16.1.9. Avalanche Capability 


Bipolar transistors are rarely capable of withstanding a significant avalanche 
current. First breakdown is rapidly followed by second breakdown and the 
destruction of the transistor. Some devices are available with an avalanche rating 
(Ey,), but power bipolar transistors are not generally rated for operation in the 
avalanching regime. The power MOSFET, on the other hand, has a structure which 
should be capable of supporting a significant amount of current in avalanche 
provided the parasitic bipolar transistor is not activated. The power MosFET has a 
blocking voltage equal to the Vcgs rating of the parasitic bipolar transistor, since 
the base of the bipolar transistor is connected to its emitter. If the bipolar 
transistor in one cell is activated by avalanche current, then the blocking voltage 
of this cell will drop to Verocsus) (see Figure 3.23). This will result in a high local 
concentration of current and eventual second breakdown of the parasitic bipolar 
transistor. 


16.2. MOSFET-AND-BIPOLAR COMBINATIONS 


16.2.1. Introduction 


Neither the MosFET nor the bipolar transistor is an ideal switch—both have their 
advantages and their limitations. The MOsFET can switch quickly, with no storage 
time and no second breakdown. Being voltage-controlled, it is easy to drive. 
However, at high voltage ratings it has a high Roson) and consequently a high 
forward voltage drop. Furthermore the cost of the MOSFET rises steeply as the 
voltage rating increases. The bipolar transistor, on the other hand, can be made 
relatively cheaply at high voltages, with a relatively low forward voltage drop. Its 
disadvantages are that it is prone to second breakdown, has a long storage time 
when operated in saturation, and requires a continuous base current to maintain 
it in conduction. 

There are several ways in which a mosreT and a bipolar transistor may be 
combined, either as discrete components or monolithically, so that the resulting 
switch has some of the advantages of both the mosret and the bipolar transistor. 
The three most common configurations are the cascade (Darlington), the cascode 
(series), and the parallel combination. 

Another bipolar device, the gate turn-off (Gro) thyristor has also proved 
suitable for use in combination with the power MOSFET, producing a switch which 
has some of the useful characteristics of both devices. 


16.2.2. Cascade (Darlington) Combination of MOSFET and Bipolar 
Transistor 


The cascade arrangement, when implemented with two bipolar transistors, is 
more commonly known as the Darlington configuration (see Figure 16.12a). The 
principal advantage of this arrangement is its high beta gain, which is roughly 
equal to the product of the gains of the two individual transistors. The input 
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(a) (b) (c) 


Figure 16.12. Cascade mosret-and-bipolar combinations. (2) Basic bipolar Darlington 
configuration; (b) cascade mosret and bipolar combination with base pull-down resistor; 
(c) cascade MosFerT and bipolar combination with base pulldown resistor and base charge 
extraction diode. 


transistor may be replaced by a MOSFET, as shown in Figure 16.12b, to form a 
MosFET—bipolar Darlington. This arrangement has the virtue that it is voltage- 
controlled rather than current-controlled and, particularly for high-voltage 
devices, is likely to be cheaper than a MosFET of the same current rating. The 
MOSFET used in the combination has to have a voltage rating equal to that of the 
bipolar transistor. A resistor between the base and emitter of the bipolar 
transistor provides a discharge path for charge stored in the base and for collector 
leakage current. The presence of this resistor increases the current that must be 
carried by the MOSFET. 

Figure 16.12c shows the modification necessary in order to ensure fast turnoff 
of the bipolar transistor. Active pulldown for the base of the bipolar transistor is 
achieved by adding a diode between the gate of the mosret and the base of the 
transistor. This permits charge to be extracted from the base of the bipolar 
transistor when a negative voltage is applied to the gate terminal [5]. However, 
the switching speed and storage time of the cascade arrangement remain 
essentially those of the bipolar transistor. 

While the MOSFET carries only a relatively small current, it may be necessary to 
choose a device with a much lower Rpgion) than is dictated by dissipation 
considerations. From Figure 16.13 it can be seen that the collector—emitter 
voltage of the bipolar transistor is given by 


Vor = Var + LpRosion) (16.1) 


Therefore, to achieve a low value of Vog, the value of Rpsion) must be 
correspondingly low. Using a MOsFET with the required value of Rosjony May not 
be economic. For example, suppose the bipolar transistor carries a collector 
current of 10 A with a gain of 10. The base current is therefore 1 A. If Vog is to 
be limited to 1.7 V, and Vgg is 0.7 V, this allows a maximum voltage drop across 
the mosreT of 1 V. Since Jy is 1 A, the maximum allowable Rpgsion) of the MOSFET 
is 1 Q. A power MosFeT with an Rogon) Of 1 Q is capable of handling between 5 and 
8 A, depending on the cooling arrangements. The MOsFET current rating is nearly 
equal to that of the bipolar transistor, and there is little economic justification for 
the arrangement. However, it is possible to envisage situations in which this 


346 MOSFETS AND BIPOLAR TRANSISTORS 






P TpRoscon) 


Figure 16.13. mosretT~—bipolar Darlington connection. 





Figure 16.14. Darlington arrangement with MosFET base drive. 
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Figure 16.15. Monolithic cascade (Darlington) combination of mMosFEer and _ bipolai 
transistor. 


arrangement can be used to greater benefit, for example in the triple Darlington 
arrangement shown in Figure 16.14. The base current provided by the MosFET is 
reduced by an order of magnitude, allowing the use of a device with correspond- 
ingly higher value of Rpscon)- 

The cascade arrangement may be made as a monolithic device in the manner 
shown in Figure 16.15. However, as much as 40% of the silicon area may be 
required for the MosFET subsection [6]. 


16.2.3. Cascode (Series) Combination of MOSFET and Bipolar Transistor 


The cascode method of connection is illustrated in Figure 16.16. When the MosFE1 
is off, the emitter of the transistor is isolated. This means that the bipola 
transistor has no gain with respect to leakage current, and its blocking capability is 
equal to its Vogo rating. This is a major advantage of the cascode arrangement. 
since Vcgo is generally considerably greater than Vcgo. The MOSFET is required tc 
block only the base driver voltage V,. The advantages of the cascode combinatior 
have been recognized by device manufacturers, who are beginning to make the 
arrangement available in module form [7]. 

When the MOSFET turns on, current can flow from the base driver source 
through the base-emitter junction, therby turning on the bipolar transistor. A’ 
turnoff, due to stored charge in its base region, the bipolar transistor does no 
turn off instantaneously, even though its emitter may be isolated. The zener diode 
Z1 clamps the base voltage, thereby limiting the voltage applied to the MOSFET 
The mosret can therefore be a low-voltage, low-cost device. 
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Figure 16.16. Cascode connection of mosFer and bipolar transistor. 
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Figure 16.17. Cascode connection with proportional base drive. 
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The drawback with this circuit is that it is a four-terminal device requiring two 
inputs. The circuit shown in Figure 16.17 overcomes this difficulty by supplying 
the bipolar transistor base current from a current transformer, CT1, located in 
the path of the collector current [8,9]. This has the additional advantage of 
providing a proportional drive to the base, thereby enabling the transistor to 
operate at approximately the same degree of saturation for all values of collector 
current. D2 and R1 provide the base current to initiate the conduction process. 
Cl provides a low-impedance source of base current to aid fast turn-on. 

Another means by which base drive current can be provided for the bipolar 
transistor is by the use of a second MosFET between the collector and the base as 
shown in Figure 16.18 [10,11]. An asymmetric drive to the series MOSFET is 
required to ensure that both mosrets do not conduct simultaneously. The 
drawback of this arrangement is that the base drive mosFeET must be of the same 
voltage rating as the bipolar transistor. 

As well as exploiting the V.go blocking capability of the bipolar transistor, 
cascode operation permits rapid switching, since the negative base current at 


Gate 
drive 
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Figure 16.18. Cascode connection with base supply derived from the collector. 


350 MOSFETS AND BIPOLAR TRANSISTORS 


turnoff can be equal to the collector current. Switching times are reduced by a 
factor of 10 to 15. This reduces the storage time and fall time of the bipolar 
transistor and permits the cascode switch to operate at high switching frequencies 
[12, 13]. In power-supply applications a switching frequency of up to 500 kHz 
would appear to be practical [14]. A further advantage of the arrangement is that 
in the cascode mode of operation the fall time does not vary significantly with 
temperature [15]. The switching performance of the cascode arrangement has 
been analyzed in detail by Lorenz and Amann [16]. 

A further advantage of the cascode circuit is that the possibility of second 
breakdown in the bipolar transistor can be reduced or eliminated [17]. As Figure 





Cc 
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Figure 16.19. Emitter-current defocusing in cascode operation. (a) Normal common: 
emitter operation; (b) cascode operation. 
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16.19 shows, the current-crowding process which occurs at the center of the 
emitter region in common-emitter operation is reduced, since as soon as the 
emitter current has been reduced to zero, the collector current flows away from 
the center of the emitter regions and towards the base connections. 

Cascode operation exposes the bipolar transistor to stresses not normally 
encountered in common-emitter operation. At turnoff, the base connection and 
base region metallizations are called upon to carry a pulse of current equal to the 
value of the collector current. Some transistors may not be designed to withstand 
such levels of base current. Also, energy will be stored in the parasitic inductance 
in the loop formed by the emitter lead, the zener diode, and the base lead. 
During very rapid switching, this energy will be dissipated in avalanche 
breakdown of the base-emitter junction. While this is apparently not deleterious 
to the life of the transistor [15], it does represent an unusual mode of operation 
and must be viewed with caution. 

The cascode arrangement can incorporate inherent current limiting if the base 
voltage of the bipolar transistor is limited by appropriate selection of the zener 
which clamps the base of the bipolar transistor [18, 19]. When the current limit is 
reached, the voltage drop across the MosFET approaches the zener clamp voltage, 
and the voltage available to drive base current in the bipolar is reduced. The 
current limiting cannot be very accurate, however, because of the wide 
temperature variation of the Rpgon) Of the MOSFET. 


16.2.4. MOSFET and Bipolar Transistor in Parallel 


This circuit arrangement is illustrated in Figure 16.20. The Mosret and the bipolar 
transistor both conduct the load current, but at different times. The MOSFET 
carries the load current during turn-on and turnoff, and the bipolar transistor 
carries the load current during steady-state operation. The MosreT has to have the 
same voltage rating as the bipolar transistor, but as it conducts for only short 
periods, its pulse current rating can be exploited. Thus a device with an Rogcon) 
which would be too high to carry load current continuously can be used to carry 
the load current at the beginning of a conduction period while charge builds up in 
the base region of the bipolar transistor, and again during turnoff while charge is 
being removed from the base region. During the rest of the conduction period the 
bipolar transistor carries the current with a forward voltage drop that is much 
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Figure 16.20. Parallel combination of mosrer and bipolar transistor. 
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Figure 16.21. Monolithic parallel combination of mosrert and bipolar transistor. 


lower than would be economically feasible with a MosFeET. The MosFET does the 
switching quickly with low losses, and the bipolar transistor carries the load 
current for most of the time with low conduction losses. By allowing the MosFET 
to do the switching, the possibility of second breakdown of the bipolar transistor 
is avoided. | 

The major drawback of this type of switch is the need for two separate drive 
signals appropriately spaced in time. However, this is not as much of a 
disadvantage as it may seem: the MOSFET is inherently easy to drive, and the 
bipolar transistor, since it is not required to carry the load current during 
the switching interval, can be driven by a very basic driver circuit without the 
facilities normally necessary to ensure fast switching. 

Monolithic versions of this device have been proposed along the lines shown in 
Figure 16.21 [20]. Lateral versions have also been proposed [21]. 


16.2.5. GTO and MOSFET in Cascode 


The cto can also be used in combination with a MoOsFET in the cascode 
configuration as shown in Figure 16.22. This operates in a similar manner to the 
bipolar-transistor cascode arrangement. The Gro is turned on by the turn-on of 
the MosFET. As in the case of the bipolar transistor, a continuous current must be 
supplied to the base, or gate in this case, to ensure that the Gro remains fully 
turned on under all conditions. The Gro cascode has an advantage in that this 
current is likely to be an order of magnitude less than that required in the case of 
the bipolar transistor and therefore more easily and economically supplied. At 
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Figure 16.22. Cascode connection of a Gro and a power MOSFET. 


turnoff the GTo is at a disadvantage in that even after sufficient charge has been 
removed from the gate to cause turnoff of the cro, there will still be charge 
trapped in the remoter parts of the silicon, which will cause the anode 
base-emitter junction to inject for some time after turnoff. This will give rise to a 
tail of anode current which creates losses in the Gro and the gate zener. It is these 
losses which limit the switching frequency of this arrangement and therefore its 
usefulness. 

A high rate of rise of negative gate current is required for fast turnoff of the 
cto. The rate of rise of gate current is essentially determined by the voltage rating 
of the gate zener clamp and the inductance of the gate-cathode loop. Losses in 
the zener and the mosFeT voltage rating limit the zener voltage. The loop 
inductance must be kept very small. This becomes difficult as the current rating 
and therefore the physical size of the Gro increase. At the same time higher 
current rating GTos require even higher values of gate-circuit di/dt. Therefore 
cascode turnoff tends to become ineffective for Gros with a turnoff capability 
greater than 100 A. Furthermore, Wirth [22] has shown that, at least for some 
GTos, similar performance to that obtained with cascode turnoff can be obtained 
with conventional gate turnoff. 

The gate drive current can be derived from the anode in a similar manner to 
that used to derive base current for the bipolar transistor when operated in the 
cascode mode (see Figure 16.18). As with the bipolar-transistor cascode switch, 
the factor limiting the blocking voltage in this arrangement is likely to be the 
voltage rating of the MOSFET. 
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Packaging, Testing, Reliability, and 
Handling | 


17.1. PACKAGING 


17.1.1. Discrete Devices 


Power MOSFETS are readily available in all the conventional power transistor 
packages, such as those shown in Figure 17.1. As with all power transistors, the 
merit of a package is judged by its ability to conduct heat away from the die and 
by the long-term reliability of the device. In addition, because of the switching 
speed of which power MosFETs are capable, the parasitic inductance introduced by 
the package, in particular source inductance, can be an important consideration. 
The package dimensions are obviously important in determining the package 
inductance, but so are other less obvious factors such as whether nickel plating is 
used on the package [1]. 


The following table compares some typical characteristics for popular 
packages: 


Type Also Called Hermetic Rise Rees’ ie 
TO-220 No 1.0 0.5. 7.5 
TO-204 TO-3 | Yes 0.8 0.1 12.5 
TO-247 TO-3P No 0.7 0.1 13.0 
Notes: 


* Typical minimum value; in K/W or °C/W. 
> Mounting surface flat, smooth, and greased; in K/W or °C/W. 
© Measured from the source lead, 6mm from the package, to the center of the die; in nH. 


The largest die that will fit in a TO-220 package is of the order of 25 mm”. Dice 
up to 60mm? are regularly used with the TO-3 package. The Rysion) of low 
voltage dice of these dimensions can be of the same order of magnitude as the 
resistance introduced by the package. The package resistance can be reduced by 
the use of thicker leadthrough pins and then by the use of packages with multiple 
leads. 

The TO-3 is a far from ideal package because it has the electrical connections 
protruding through the surface that is used for heat extraction. In situations 
where a hermetic package is not required, the package of choice is often the 
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Figure 17.1. Common power-mosrFer package types. 


TO-220 because of its low cost and because mounting is easier than for the TO-3. 
However, the power-handling capability of the TO-220 is considerably less than 
that of the TO-3. The TO-3P plastic package combines some of the best features 
of the plastic TO-220 and the metal can TO-3. The TO-3P has the economic 
construction found in the TO-220 yet has the power handling capability of a 
TO-3. In some applications, such as battery-powered equipment, forward voltage 
drop and energy losses must be kept low. Where device dissipation is low, a smaller, 
cheaper package than the TO-220 can then be used, such as the TO-237 [2]. 

The advantages of the plastic TO-3P package cannot be enjoyed by military 
equipment designers requiring hermetic packaging. To meet the military and 
high-reliability requirements for a package that is hermetic but with the 
configuration of the TO-220 and the TO-3P, metal can versions of these devices 
have appeared (Figure 17.2). These packages are seen as resolving the long- 
standing problem of the difficulty of mounting the TO-3 and the lack of hermetic 
sealing of the TO-220, so that it is to be expected that commercial-grade MOSFETs 
will become available in the new packages. The die may be insulated from the 
metal can by an internal layer of beryllia or alumina [3]. . 

A step forward in convenience is the TO-3P package with the tab encapsulated 
in plastic on the upper side (TO-247). The insulated screw hole simplifies 
mounting, since the collets traditionally used to insulate the screw from the metal 
tab can be omitted. An even greater reduction in mounting hardware can be 
achieved when the metal tab is totally enclosed (isolated TO-218), so that the 
only metal parts protruding from the package are the three leads. The traditional 
mica insulator between the heatsink and the metal face of the package can be 
dispensed with [4,5], although the thermal resistance of the insulated package 
may be greater than that of the noninsulated package with a mica washer. 
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Figure 17.2. Hermetic TO-220 package with heat extraction and electrical connection on 
different planes. (Courtesy of International Rectifier Corp.) 


In many applications in which power MOSFETs are used, sensing of the MOSFET 
drain current is either already a necessity or a desirable feature. Current-sensing 
MOSFETs are therefore likely to become widely used, and it is to be expected 
that the more popular packages will be produced in five-lead form for them. 
Some of those already developed are shown in Figure 17.3. Staggering of 
the leads may be necessary to give adequate clearance between PCB tracks. 





Figure 17.3. Five-terminal packages for current-sensing MosFets. (Courtesy of Interna- 
tional Rectifier Corp.) 
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Multilead packages may also be required where the mMosFET die size is large and 
the current rating high, requiring a number of parallel leads to carry the drain and 
source current. Reference 6 describes a power MOSFET employing a single square 
die with a side length of 0.5in. As well as multiple source and drain leads, a 
separate source lead for the gate drive is provided to reduce the effect of source 
inductance on switching time. 


17.1.2. Multipie-Die Packages 


The power MOsFET is renowned for the ease with which devices may be paralleled. 
This is a fortunate attribute, since the maximum practical size of a power-MOSFET 
die is limited by the vist manufacturing methods employed and the consequent 
rapid reduction in yield as the die area increases. High current capability may be 
obtained by paralleling a number of MosFET dice in a single package. Figure 17.4 
shows an example of such a package. Four MOSFET dice are connected together in 
a TO-240 package. A thick copper base is required to protect the dice from strain 
produced by mounting the package on an uneven surface. Current sharing 
between dice is encouraged by close thermal coupling. Current sharing is also 
aided if the dice are taken from adjacent sites on the same wafer [7]. 

As well as connecting all the dice in parallel, packages such as the one shown 
in Figure 17.4 can be connected in other common circuit configurations such as 
the half-bridge circuit (Figure 17.55). Two- and three-phase bridge circuits can be 
fabricated by mounting packages side by side, with bus bars on the top side for 





Figure 17.4. A multiple-die power-mosreT package. (Courtesy of International Rectifier Corp.) 
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Figure 17.5. Typical internal configurations of multiple-die packages. (a) All dice in 
parallel; (b) bridge connection. 


interconnection. Dice may be electrically isolated from the base by a layer of 
alumina or beryllia, providing several kilovolts of isolation. Applications for this 
kind of device include dc motor control, ac motor drives, uninterruptible power 
supplies, and high-frequency welders. 

Common-source inductance in any power MOSFET limits the switching speed of 
the device and is therefore undesirable. The amount of common source 
inductance in multiple die packages tends to be high because of the necessarily 
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large dimensions of the package. However, the common-source inductance can 
be minimized by the provision of an auxiliary source terminal which is connected 
to an appropriate point of the internal source connection bus. Some imbalance in 
the common-source inductance associated with each die is inevitable, so that 
there may be uneven current sharing during turn-on, although this can be 
minimized by a judicious choice of the point at which the auxiliary source is 
connected. Another possible cause of uneven heating is the heat generated in the 
interconnectors due to the skin effect when switching large currents at a high 
frequency. These effects can be minimized by good package design and attention 
to internal layout. 

In parallel-die packages it is usual to locate a resistor of about 10 Q in series 
with the gate of each die in order to suppress parasitic oscillation (see Figure 
17.5). These resistors are located as close as possible to the gate pad of each die. 
Alternatively the resistivity of the gate polysilicon may be made high enough so 
that additional resistance is not required. Because of these series gate resistors, 
further external gate resistance may not be required to ensure circuit stability. 

The value of the drain—gate capacitance tends to be high in packages in which 
dice are paralleled. Therefore, when high rates of rise of drain voltage are 
expected, it is advisable to use a low-impedance gate driver, or even to apply a 
negative gate bias in the orF condition, in order to avoid spurious turn-on due to 
feedback between the drain and the gate [8]. Negative gate bias in the orF state 
can also shorten crossover times, which tend to be lengthened by the high values 
of di/dt in conjunction with the parasitic source inductance [9]. 

The high values of current which can be handled by multiple-die packages 
require a derating of the device in a manner not normally considered necessary 
with single-die devices. Firstly, due to the internal voltage drop produced by the 


di/dt, RATE OF CHANGE OF DRAIN CURRENT (A/us) 
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Figure 17.6. Derating curve for multiple-die package, showing reduction in voltage rating 
with increasing di/dt. 
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Figure 17.7. Derating curve for multiple-die package, showing reduction in current rating 
with increasing frequency. 


parasitic inductance of the package in combination with high values of di/dt, the 
voltage-blocking capability of the device is reduced as di/dt increases (Figure 
17.6). Secondly, due to the skin effect and consequent internal conductor heating, 
the current rating of the device must be reduced as frequency increases. Figure 
17.7 shows typical derating curves. | 

While the economic advantages to the designer of a multiple-die, isolated 
package can be considerable, the current level at which these devices operate and 
the rate at which they are able to switch current require that careful attention be 
paid to circuit layout in order to minimize the generation of EMI and RFI. The 
potential of a circuit for generating interference may be kept to a minimum by 
adopting good circuit layout techniques as illustrated in Figure 17.8. 

For military and other high-reliability applications hermetically sealed pack- 
ages are required. These are typically metal can packages with glass-insulated 
leadthroughs. When the dice are to be electrically isolated from the package, the 
more expensive beryllia isolation is used in preference to alumina, since beryllia 
has a much higher thermal conductivity (0.45 Watt-in/in* °C for Alumina and 5.2 
Watt-in/in? °C for Beryllia). Beryllia is also used in some commercial packages, 
although concerns about the toxicity of beryllia dust, as well as high cost, limit its use. 


17.1.3. Hybrid Packages 


Equipment manufacturers are constantly seeking to reduce component counts in 
order to cut assembly and stocking costs and to increase equipment reliability. 
One method of achieving this is to encapsulate a complete power circuit in a 
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Figure 17.8. Layout for minimum interference when using high-current, multiple-die 
power MOSFETS. 


single package. There are a number of applications with sufficient commonality to 
merit the provision of the module as a standard item. | 

A common application for multiple power MosFETs is the brushless-dc-motor 
drive. Brushless dc motors are commonly used in fractional- and subfractional- 
horsepower drives for such applications as disc memory drives, magnetic tape 
drives, printers, VCRs, and electronic typewriters. In such applications power 
MOSFETs have become widely used because their soa characteristics are superior to 
those of bipolar transistors, they have intrinsic diode structures to handle the 
stator inductive energy, and they can carry very high peak currents, such as are 
encountered during starting conditions with high inertia loads. Furthermore, 
MOSFETS may be driven directly from motor-control logic or a motor-control 
integrated circuit. 

Figure 17.9 shows a typical hybrid motor-drive package. The MOSFETs are 
mounted on a metallized alumina substrate which can typically provide up to 
1.5 kV of isolation between the power devices and the heatsink. The power rating 
of a package of this type when heat-sunk is approximately 50 W. With 500 V 
MosFeTs, this package is capable of controlling motors of up to half a horsepower. 
For low-power drives free air cooling is often adequate, with the package 
mounted either vertically or horizontally to the printed circuit board. Amongst 
the considerations that prompt the designer to choose hydrid modules rather than 
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Figure 17.9. Hybrid MOSFET package for motor control. (Courtesy of International 
Rectifier Corp.) 


discrete power MOSFETs are the space reduction that is possible with modules; the 
reduction in pin connections, which increases reliability; the simplicity of 
obtaining device isolation should the use of a heat sink be necessary; low 
device-to-heatsink capacitance; and a reduced part count. 

Better thermal management is often possible while providing the required 
degree of isolation. In extreme ambient conditions, such as those found under the 
hood of an automobile, it may be necessary to operate at elevated die 
temperatures (for example 175°C). While the die may be reliable at these 
temperatures, this is approaching the temperature limit of some plastic packages. 
Hybrid packaging, on the other hand, can permit reliable operation at higher 
junction temperatures. 


17.1.4. Low-Inductance Packages for Fast Switching 


The inherent switching speed of a power MOSFET is dictated by the carrier transit 
time, which will be in the sub-nanosecond range. The switching times measured 
under normal conditions are a result of the time required to charge the parasitic 
capacitances of the die, and of parasitic inductances in the packaging, which limit 
the rate of rise of current in the drain circuit and the gate circuit. To achieve very 
fast switching requires a low-inductance package as well as a low-impedance gate 
drive to ensure rapid charging and discharging of the input capacitance. Packages 
of the type shown in Figure 17.10 incorporating parallel devices offer high speed, 
high current switching capability. For fast switching it is important that the 
package should incorporate a separate source terminal for the gate return 
connection to reduce inductance common to the drain-source and the gate— 
source circuits. By the use of this kind of package, currents of over a hundred 
amperes have been turned on in a few nanoseconds. Specialist device manufac- 
turers are predicting single-device peak powers of 20kW, average powers of 
5 kW, switching times approaching 1 ns, and switching frequencies in excess of 
10 MHz [10]. The use of stripline packaging of power MosFets has also proved 
beneficial in obtaining a good bandwidth in linear applications [11]. 


17.1.5. Surface Mounting 


The electronics industry is continually seeking ways to reduce the size and cost of 
its products. Surface-mounted components represent a major step in this 
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Figure 17.10. Stripline packaging of power MosFeETs and the use of an auxiliary source 
terminal permit fast switching. 


direction. To date, most progress in surface-mount components has been made in 
integrated circuits. However, with surface-mount technology gaining rapid 
acceptance in all sectors of the semiconductor industry, there is a growing 
demand for discrete semiconductor devices in surface-mount packages. To meet 
this need MOSFETs are becoming available in such packages as the SOT-89 
(TO-243AA) and D-Pak (TO-252AA) (see Figure 17.1). Surface-mount devices 
are held in place with glue or solder paste prior to reflowing the solder in a belt 
furnace, an infrared oven, or a vapor-phase oven. 


17.1.6. Die Attachment 


One of the most important aspects of packaging is the method of die attachment, 
since this has a major influence on the thermal resistance and on the long-term 
reliability of the device. 

The usual method of attaching the silicon die to the package tab or base plate 
is by soldering. The back side (drain) of the MosFeT die is metallized with a 
solderable metal, for instance a nickel-silver combination. The die is usually 
mounted directly onto the copper header or tab. However, the coefficient of 
expansion of copper differs significantly from that of silicon. To relieve the stress 
created by differential expansion when the die heats up, a molybdenum wafer 
may be inserted between the die and the copper base. The coefficient of 
expansion of molybdenum is closer to that of silicon, so that less strain is created 
as a result of a rise in temperature. Unfortunately, molybdenum is expensive and 
is therefore not often used. : 
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In hermetically sealed packages soft solder is used for die mounting. Soft 
solder (typically 93% lead, 5% tin, 2% silver) is malleable enough to absorb the 
differential expansion between the die and the copper base plate or header. In 
nonhermetic packages where oxygen and moisture may be present, soft solder is 
not generally used because of the possibility of oxidation and corrosion. A hard 
solder (typically 65% tin, 25% silver, and 10% antimony) is then used. While 
hard solder is not subject to the corrision problems of soft solder, it is not as good 
as soft solder at buffering the strain between the die and the base. 

An alternative to solder for die attachment is the use of silver-loaded epoxy. 
The epoxy has adequate thermal and electrical conductivity, although its thermal 
resistance is somewhat higher than that of solder. The epoxy has the advantage 
that at high temperatures it softens slightly, thereby relieving the strain caused by 
differential expansion. Enhanced reliability under thermal cycling is claimed for 
this method, particularly when used in conjunction with a molybdenum buffer[12]. 


17.1.7. Active-Area Bonding 


The source pad of a power MOSFET can occupy a significant area of the die. This is 
particularly true of low-voltage devices, which because of their low Rpgiony for 
a given area, have high current ratings. Either a single thick bonding wire or a 
number of thinner bonding wires in parallel are required to carry the source 
current. In either case the bonding pad is large and expensive in terms of silicon 
real estate. A way of avoiding this loss of active silicon area is to bond the source 
wires directly onto the active area of the die. No source pad is provided, and the 
bond is made, usually ultrasonicallly, onto the source metallization covering 
active cells. The ultrasonic bond applies thermal and mechanical stress to the die, 
and therefore due attention must be paid to the possibility of damage to the gate 
oxide. Increasing use of active-area bonding indicates that manufacturers of 
power MosFETS have become confident in this technique. 


17.2. TESTING 
17.2.1. Measuring MOSFET Characteristics 


Methods commonly employed for verifying the principal electrical parameters of 
power MOSFETs are described in Appendix 9. These circuits can be used as the 
basis for high-volume test equipment, for example at incoming inspection at a 
production facility. Test procedures and a definition of MOSFET ratings are given in 
JEDEC Standard 24 [13]. 


17.2.2. Measuring MOSFET Characteristics with a Curve Tracer | 
Curve tracers have generally been designed for making measurements on bipolar 


transistors. While power MOSFETs can be tested satisfactorily on most curve 
tracers, the controls of these instruments have until recently been labeled with 
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reference to bipolar transistors, and the procedure to follow in the case of 
MOSFETs is not immediately obvious. References 14 and 15 detail methods for 
measuring power-MOSFET characteristics on commonly used types of curve tracers. 

Testing MOSFETS On a curve tracer is a straightforward procedure, provided the 
broad correspondence between bipolar-transistor and mosFeT features is borne in 
mind. Table 17.1 matches some features of MosreTs with their bipolar 
counterparts. 

The polarity settings for an n-channel MosFET are the same as those for an npn 
bipolar transistor, and for a p-channel MosFeT the pnp settings are used. For 
measurements with currents above about 20 A, or for pulsed tests not controlled 
by the gate, the use of a pulsed high-current fixture, available for some makes of 
curve tracer, may be necessary. For tests in which there is significant heating of 
the MOSFET, a low repetition rate should be used. For tests involving a slow 
transition through the linear region, a damping resistor of at least 10 Q should be 
connected in series with the gate, close to the gate lead, to prevent oscillation. 


17.2.3. Using oscilloscopes with Power MOSFETs 


When switching power MosFETs, rise and fall times of the order of ten 
nanoseconds are not uncommon. To accurately measure and detect all the 
features in power-MOsFET waveforms it is essential to use an oscilloscope of 
adequate bandwidth. In fast-switching applications an oscilloscope bandwidth of 
100 MHz is usually required, although 60 MHz may be just adequate. With 
wide-bandwidth oscilloscopes, however, ringing is often visible. This may be a 
normal feature of the circuit operation, or it may be generated within the 
parasitic inductances and capacitances of the probe. If the probe is responsible for 
the ringing, a clean trace can often be obtained, at the expense of using two 
channels per waveform, by making a differential measurement [16]. 


17.2.4. Measuring Power-MOSFET Temperatures 


The surface temperature of power MOSFETs in a metal package, such as a TO-3, 
can be measured by removing the top of the can and examining the die with an 
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infrared camera. Where an infrared camera is not available, or if the device is 
plastic-encapsulated and the package is not to be damaged, the temperature of 
the die must be determined by electrical means. _ 

Three temperature-sensitive parameters are commonly used. These are the 
on-state drain—-source resistance, the forward drop of the body—drain diode, and 
the threshold voltage. The method chosen will depend to some extent on how the 
device is being used or tested. The nature of the circuit which incorporates the 
MOSFET may allow one particular parameter to be used more conveniently than 
the others, or one parameter may provide a more accurate measurement than 
another. For instance, the threshold voltage appears to give a temperature closest 
to the peak device temperature, while the body—drain voltage shows least 
variation in calibration from device to device [17]. 

For a constant forward current, the sensitivity to temperature change of the 
voltage drop across the body-drain diode (Vp) is given by: 


dVsp_— Eo/e — Vsp 
dT T (17.1) 


where E,» is the 0-K band-gap energy and e is the electron charge. Typically the 
sensitivity of Vsp is -2mV/°C. A negative gate voltage during the measurement 
would appear to be helpful in minimizing variations in the sensitivity of Vep 
between devices [18]. 

The increase of Rpsjony With increasing temperature depends on the device, 
ranging from an increase of 0.6%/°C for low-voltage devices to 0.9%/°C for 
high-voltage devices. It must be remembered that Rpsjon) is dependent on Vos 
and to a small extent on Jp. | 

The relationship between gate voltage (Vcs) and temperature for a low value 
of drain current in the constant current region is given by 


dVos _ (22) dk dV; 
ar. \e@) af ar (17.2) 


and & is given in Chapter 3 as 


k= - Coxe (17.3) 


where w is the channel width, / is the channel length, C,, is the gate oxide 
capacitance per unit area, and yu, is the electron mobility in the channel inversion 
layer. This gives a threshold voltage sensitivity of approximately —6 mV/°C. 

For an approximate temperature measurement, data-sheet curves of parameter 
variation with temperature can be used. For more accurate measurement the 
device must be calibrated, for instance by immersion in a temperature-controlled bath. 


368 PACKAGING, TESTING, RELIABILITY, AND HANDLING 


17.3. RELIABILITY 


17.3.1. Reliability Testing 


Reliability theory in relation to power MOSFETs is discussed in Chapter 5. This 
present chapter seeks to show some of the ways that the results derived from 
reliability testing may be applied in circuit design. 

A number of tests are used to establish the reliability of power MOSFETs. Some 
are among those commonly applied to power semiconductor devices, while others 
are specific to power MOSFETs. Obtaining the necessary number of failures under 
normal operating conditions for statistically valid results is not usually possible 
within a reasonable time. Therefore the test is accelerated by increasing the stress 
conditions above their normal level [19]. For example, the temperature may be 
raised above the normal maximum allowable value. The failure rate at lower 
temperatures can be predicted from the Arrhenius model [20]. The model is 
described by Equation (5.10). It is common practice in the semiconductor 
industry to scale failure rates using the Arrhenius acceleration factor. The 
applicability of this model is discussed in Section 5.2.2. 

An important aspect of MosFeT reliability is the lifetime of the gate oxide. 
Like all insulators, the gate oxide degrades at a rate determined by the 
temperature and the applied voltage. At normal values of gate voltage and device 
temperature, the life of a power MOSFET gate is likely to be far greater than the 
lifetime of any equipment in which it is used. Figure 17.11 shows typical 
gate-oxide life data. | 

Commonly applied to all power semiconductors, the high-temperature reverse- 
bias (HTRB) test assesses the long-term reliability of the voltage blocking capability 
of the device. Forward voltage, typically 80% of the voltage rating, is applied to 
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Figure 17.11. Power-mosFeT gate-oxide life data. 
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Figure 17.12. Power-MosFET HTRB life data. The three solid lines represent upper 
confidence limits based on the number of samples subjected to the lifetest. 


the device at an elevated junction temperature. Figure 17.12 shows an example of 
POwer-MOSFET HTRB lifetime data. 

Other commonly applied tests of reliability include power cycling (thermal 
cycling with heating by device dissipation), temperature cycling (external heating) 
and a combined temperature and humidity test [21]. 


17.3.2. Lifetime Data 


Traditionally, reliability results have been presented in terms of mean time 
between failures (MTBF) or median time to failure. While these results have their 
value, they do not necessarily tell the designer what he most needs to know. For 
example, the MrBF, while providing the equipment designer with a measure of 
long-term reliability [22], does not give specific information about the all- 
important first few percent (or fraction of a percent) of device failures, since it is 
based on the constant-failure-rate section of the classic bathtub curve (see Figure 
5.5). Of greatest interest to the designer is the time to failure of a small 
percentage of devices—say 1% or 0.1%. For example, if it has been decided that 
one failure per hundred units over five years is an acceptable failure rate for the 
equipment, and each unit contains one critical component, the designer knows 
that the time to accumulate 1% failure of that component must be at least five 
years. If there are ten such components per unit, then no more than 0.1% of the 
components may fail in five years. Therefore a useful way of presenting MOSFET 
reliability data is a graph of number of failures expected versus elapsed time. 


17.3.3. Gate-Oxide Lifetime Calculation 


A gate voltage of 10 or 12 V is adequate to ensure that a MosFET stays fully turned 
on in most applications. However, in applications where high peak currents are 
encountered, a greater gate voltage may be required to ensure that the device 
does not go into the pinch-off region with a consequent increase in drain-to-source 
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Figure 17.13. Relationship between Rpsjon), Jp, and Vos for an IRF 130. 


voltage. This is particularly true of low-voltage devices, which have high current 
ratings compared with their high-voltage counterparts. The channel region is 
called upon to carry higher peak currents, and a greater gate voltage is required. 
Under such circumstances, it can be the gate-oxide lifetime which limits the 
allowable peak drain current. The following example illustrates one way in which 
gate-oxide reliability information may be used in the selection of a device. 

A circuit uses a IRF 130 to switch a current of 35 A with a duty cycle of 10%. 
The designer wants to know how long it will take to accumulate 1% failures 
under these conditions. The supply voltage is low with respect to the voltage 
rating of the device, so that the uTrs failure rate is not significant. The device is 
to be operated at a maximum junction temperature of 140°C. 

Figure 17.13 shows the relationship between Rpsiony, the drain current, and the 
gate voltage for an IRF 130 at 7, = 25°C. From this it can be seen that a practical 
minimum for the gate voltage, taking into consideration device dissipation and 
the possible spread in threshold and transconductance characteristics, is 16 V. 
From the gate lifetime curves in Figure 17.11, the time to accumulate 1% failures 
at T; = 140°C and Vgs = 16 V is 10* hours. The mosret duty cycle is 0.1. Therefore 
the time to accrue 10* hours of exposure to a gate voltage of 16 V is given by 


t = 10*/0.1 = 100,000 hours = 11.4 years (17.4) 


If this time to 1% failure is unacceptable, then a device with a lower Rpsion) Must 
be used so that the required drain current can be obtained with a lower 
gate-source voltage. A lower Rpsion) Will also result in less dissipation and a 
lower junction temperature with the same heatsink, thereby extending the life of 
the device. However, as will be seen from Figure 17.11, gate voltage is the most 
significant factor in determining gate-oxide lifetime. 


17.3.4. HTRB Lifetime Caiculation 


The blocking capability of a semiconductor device gradually deteriorates over its 
life, due to the migration of ionic contaminants under the influence of the electric 
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field. Particularly when a power semiconductor is operating at a high junction 
temperature and blocking a high voltage, it is necessary to consult the HrRB 
reliability data to ensure that the failure rate resulting from HTRB wearout is 
acceptable. The following example illustrates how utrs lifetime data may be used 
to determine if the desired level of equipment reliability can be achieved. 

A power supply is to be designed that will provide a continuous output of 
250 W to a dedicated load, twenty-four hours per day. The circuit employs two 
MOSFETs as the power-switching elements. The MosFets and their heatsinks are to 
be chosen so that there are no more than 0.1% accumulated failures over 5 years. 
This corresponds to one unit per thousand failing in 5 years. 

First, the gate-oxide lifetime is checked. The maximum applied gate voltage 
has been set at 10 V. This is quite adequate to ensure full enhancement of the 
channel of the MosFET when the drain current is at its maximum value. The 
junction temperature is as yet unknown but is estimated as no greater than 90°C. 
From Figure 17.11 the time to 1% accumulated failures under these conditions is 
found to be 1141 years. This suggests that gate failure rates are low enough to be 
ignored. More detailed reliability data [21] confirms this. 

Next, the maximum allowable junction temperature is obtained from the HTRB 
failure graph. Assuming a conduction duty cycle of 45% for each device, the 
number of device hours (blocking voltage) per 1000 units in 5 years is given by 


t=5 X 365.25 x 24 x 1000 x 2 x 0.55 
= 4.82 x 10’ device-hours (17.5) 


The failure rate in Fits (failures in 10° hours) is given by 


= awe = 21 FIT (17.6) 
~ 4.82 x 107 © i 
From the nrrs failure-rate graph (Figure 17.12) the maximum allowable junction 
temperature is 84°C. Assuming a half-bridge circuit operating from 220 V minus 
15% (low line condition) and an efficiency of 80%, the peak current in each 
device will be 2.7 A at a duty cycle of 45% (assuming a rectangular waveform). 

Comparing two different devices which might be used in this application 
illustrates how the HTRB reliability criterion can be met by a range of MOSFETS. 
The two devices are: 


1. The IRF430 (Ros(onymax = 2-4Q at 84°C; junction-to-case thermal 
resistance = 1.8°C/W). 

2. The IRF 440 (Rosconymax = 1.369 at 84°C; junction-to-case thermal 
resistance = 1.1°C/W). 


The next stage of the design is to choose a heatsink for each device that will 
ensure that the peak junction temperature does not exceed 84°C. For the IRF 43¢ 
the conduction losses are given by 


Po=PR x 6 
= (2.7) x 2.4 x 0.45 =7.9W (17.7) 
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where 6 is the conduction duty cycle. Assuming an ambient temperature of 45°C, 
the temperature rise between the junction and ambient is given by 


Tia = 84-45 = 39°C | (17.8) 
The junction-to-ambient thermal resistance required is given by 


Resa = Tya/Pe 
= 39/7.9 = 4.9°C/W (17.9) 


If the case-to-sink thermal resistance is discounted, the sink-to-ambient thermal 
resistance is therefore 


Rusa = Risa — Rusc 


=4.9—-1.8=3.1°C/W (17.10) 
For the IRF 440 the conduction losses are given by 


Po=PR xd . 
= (2.7)? x 1.36 x 0.45 = 4.46'W (17.11) 


Therefore, from Equation (17.9), the junction-to-ambient thermal resistance 
required is given by 


Resa = Tya/Pe 
= 39/4.46 = 8.7°C/W (17.12) 


The sink-to-ambient thermal resistance required is therefore 
Rinsa = 8.7 = 1.1 = 7.6°C/W (17.13) 


Comparing the heatsink thermal resistances required for each device (3.1°C/W 
for the IRF 430 and 7.6°C/W for the IRF 440) shows that the designer’s reliability 
objectives can be achieved by employing either a low resistance device on a small 
heatsink or a higher resistance device on a large heatsink. Considerations such as 
size, cost, and efficiency will determine which is more suitable. 


17.3.5. Power Cycling 


The die bond in any power semiconductor eventually fatigues if submitted to a 
sufficient number of thermal cycles. This is due mainly to differential expansion 
between the silicon and the solder or metal surface to which it is attached. The 
failure rate is dependent on the temperature excursion in each power cycle. 
Figure 17.14 shows the relationships between accumulated failures, the number of 
power cycles, and the temperature excursion for a MosFET with a die size of 
6.5 mm X 6.5mm. Failure rates are generally greatest for the largest die, so that 
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Figure 17.14. Typical power-cycling reliability data. 


this information may be used for smaller dice mounted in the same manner to 
obtain a conservative estimate of their reliability. 

As an example of the use of these curves, consider the reliability of a piece of 
equipment which is turned on and off once an hour. The equipment contains one 
MOSFET operating at a temperature of 100°C above ambient. The designer wishes 
to know the time to accumulate 0.1% failures. From Figure 17.14 it can be seen 
that, for a AT of 100°C, the number of cycles to accumulate 0.1% failures is 
10,000. Therefore the time to accumulate 0.1% failures is given by 


— 10,000 


t= 74 X 365 = 27 years (17.14) 


17.3.6. Induced Failures 


Components which are found to be free of infant-mortality failures when tested 
by the manufacturer can exhibit early failures after mounting in equipment. 
These failures are usually the result of poor handling or poor mounting. 

Electrostatic discharge (EspD) can partially puncture the gate oxide, allowing the 
device to work sufficiently well for the equipment to pass inspection, but finally 
causing device failure after a few hours, days, or weeks of operation. The 
creation of these ‘“walking-wounded” devices can be avoided by the application 
of EsD protection measures during equipment assembly (see Appendix 8). Partial 
gate failures can be detected by measuring the time constant of the decay of gate 
charge [23]. | 

Failures may be induced during mounting by the application of excessive 
torque to mounting screws or by attempting to mount the device on an uneven 
surface. This will cause deformation of the metal base on which the die is 
mounted. The strain will be transmitted to the die so that either the die or the die 
bond suffers mechanical failure during thermal cycling. The mechanical shock 
produced by the cropping of unsoldered leads or the bending of leads too close to 
the package can also damage the die. During soldering the lead temperature and 
soldering time specified in the data sheet (see Appendix 7) must not be exceeded. 
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17.4. HANDLING POWER MOSFETs 


Handling techniques for power MOSFETs are governed by the necessity to prevent 
damage to the gate oxide by Esp. Compared with mos logic circuits, power 
MOSFETS are more robust because of their larger gate capacitance. Nevertheless, 
when large numbers of devices are being handled, some failures will occur if 
proper ESD procedures are not followed, with unfortunate consequences for the 
purchaser’s opinion of the quality of the device [24]. Esp protection measures are 
described in detail in Appendix 8. 
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ME CHAPTER 18 


Modeling Power MOSFETS 





18.1. INTRODUCTION 
Power-MosFET modeling has a variety of objectives: 


1. Modeling of carrier behavior within the silicon die. 

2. Simulation of switching using piecewise analysis. 

3. Device modeling for high-frequency linear applications. 
4, Circuit simulation using sPIcE. 


Models of type 1 seek to explain the behavior of power MosFETs in terms of 
carrier movement and interaction of carriers with the crystal lattice. Central to 
these models is a resolution of the equations describing charge distribution and 
electric field within the device. Such models have been produced which predict 
power MosrFeT behavior at this level with varying degrees of sophistication [1-5]. 

Models of type 2 seek to predict the behavior of MOSFETs in switching circuits 
using a set of equations to describe various aspects of the power MOSFETS’ 
behavior. Analysis is usually on a piecewise basis, with separate equations or sets 
of equations being invoked for different phases of the switching process [6-9]. In 
some cases it may be convenient to separate the device into separate cells to 
model device behavior, for instance when determining the effect of gate 
resistance and capacitance on the spread of conduction across the die [10]. 

Type-3 models are used for small- or large-signal analysis of power MOSFETS 
operating in the linear regime, for instance in an audio or rf amplifier [11]. Circuit 
elements originating in the package as well as in the silicon die are incorporated 
in the model. In such models the components of the equivalent circuit are 
assumed linear, and the frequency response, stability, etc. are calculated in the 
usual manner. 

Type-4 models are based on the ubiquitous spice computer program for circuit 
modeling. While spice has a built-in MosFET model, it requires modification to 
achieve good accuracy when applied to power MOSFETS. 


18.2. SPICE MODELING OF POWER MOSFETS 


18.2.1. Limitations of Built-in MOSFET Models 


The built-in mMosrFeT models in sPICE 1 are more attuned to the modeling of 
low-voltage lateral MosFets such as might be encountered in integrated circuits 
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than to vertical pbMos power MosFeETs. The built-in models are unable to simulate 
some of the features of a power MOSFET, such as the variable drain—gate 
capacitance, the pinch effect between cells, and the body—drain diode, which are 
important in determining the response of the device. 

In the absence of a suitable built-in model, the power MOSFET is usually 
simulated by combining further elements with the built-in MosFET model to enable 
it to give a more faithful representation of the power MosFeT. An example of such 
a subcircuit, along with a description of methods for extracting the subcircuit 
values for data-sheet parameters, is given in Reference 12. 

The model described in Reference 12 successfully models the basic switching 
and dc behavior of the power MosFET. However, there have been a number of 
attempts to increase the sophistication of this model [13-17]. Other proposed 
power-MosFET models have adopted a significantly different approach [18, 19]. 
The distinguishing aspects of the model are the ways in which they seek to 
implement subcircuit representation of various features. 


18.2.2. Drain—Gate Capacitance 


While the major test of a mMosFeT model for small-signal applications is its 
behavior in the linear regime, assessment of a power MOSFET model is usually 
based on its ability to accurately reproduce the switching of the device. The 
drain—gate (Miller) capacitance is a critical factor in determining the switching 
behavior of a power MosFET. This capacitance varies with drain—gate voltage, and 
therefore an accurate power-MOsFET model requires an accurate method of 
representing the variation in Cpg (see Section 3.6.3). 

The model described in Reference 12 uses a fixed value for CpG, with the 
possibility of replacing this with the junction capacitance of a pn junction for 
increased accuracy. However, the pn-junction method cannot generally cope with 
the wide variation of Cpg found in most power MOSFETs. 

An alternative arrangement is shown in Figure 18.1. The method used here is 
to represent Cpg by a polynomial based on the drain—gate voltage [17, 20]. The 
voltage-dependent capacitor is connected in series with an offset voltage, required 
to make the capacitance decrease with increasing drain—gate voltage. 

Another approach is to use a fixed value of drain—gate capacitance but to 
modulate the conductivity of the path between the capacitor and the drain by use 
of a jFET [19]. The sFeT serves the double purpose of representing the pinch effect 
between cells and of controlling the influence of the fixed drain—gate capacitance 
in order to mimic the action of a variable capacitance. When_a large value Cpg 1s 
effectively isolated by the sreT, only a smaller value Cpgq is left to represent the 
drain—gate capacitance. The abrupt change in Cpg that occurs as the accumulation 
layer forms in the drain region under the gate oxide cannot be modeled in a 
completely satisfactory fashion by this method. Therefore a current-controlled 
current source is added in parallel with the drain-gate capacitance across the 
built-in MOSFET model. 

Another method of simulating the change in Cp, with drain—gate voltage is by 
the use of the derivative function, where this is available [21]. The drain—gate 
capacitor is modeled as a voltage dependent current source. This source invokes 
the pDERIV derivative function to implement the relationship between current, 
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model of mosfet 


Source 


Figure 18.1. Power-mMosFeT model using a polynomial-controlled drain—gate capacitance. 


capacitance and du/dt: 


du 
i=C ai (18.1) 


The capacitance variation is therefore represented as a ramp between two fixed 
values (see Figure 18.2). This models the abrupt change in capacitance which 
occurs as the accumulation layer forms. In Figure 18.2 this corresponds to the 
point Vop = —1 V. This method models the capacitance variation less accurately 
at low values of capacitance, but for switching considerations accuracy at high 
capacitance values is more important. 


380 MODELING POWER MOSFETS 





Van (V) 


Figure 18.2. Capacitance modeling using a derivative function. (Courtesy AB Associates, 
Tampa, Florida.) 


18.2.3. Computer-Time Requirements 


While a MOSFET model must be judged by its accuracy, another important 
consideration is the computer time required to analyze a circuit containing the 
model. Simpler models tend to use less computer time. With the more 
sophisticated models a circuit analysis can use several hours of computer time. 

Where circuit components other than the MOSFET dominate the behavior of the 
circuit, the MOSFET can be replaced, at least for a first try, by the simple model 
shown in Figure 18.3 in order to reduce computer time. The voltage source is 
given an arbitrarily high value during the period when the MOSFET is off. This 
ensures that the diode is reversed biased and no current flows during this time. 
When the mosFeT is on, the blocking voltage is reduced to zero. 


ae 


+ 


q 


Figure 18.3. Simplified MosFET model 
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Special-Purpose MOSFETs 





19.1. CURRENT-SENSING MOSFETs 


19.1.1. Current Sensing 


Many power-MosFeT applications incorporate device current sensing to implement 
control or protection features. Traditional current-sensing techniques suffer from 
a number of problems. Current-sensing resistors are inefficient, increasing heat 
removal problems. Current-sense transformers have bandwidth and saturation 
limitations, and Hall-effect devices need to be sophisticated to overcome accuracy 
and temperature-dependence problems. Wire-wound resistors and transformers 
introduce inductance into the circuit, which limits high-frequency operation. 
Furthermore, all these methods involve extra components that must be sourced 
and stocked, put some obstacle in the way of automated assembly, use relatively 
bulky components, and increase equipment cost. Current-sensing MosFETs have 
the benefits that special current-sensing components are not essential, automated 
assembly capability is not affected, and switching performance is unimpaired. 

Current-sensing MOSFETS have been developed to meet the need of current 
monitoring in the power device. In current-sensing MOSFETs a known fraction of 
the source current is diverted into a second, independent source terminal. This 
had led to the device being sometimes called a current mirror [1]. The sense 
current is typically of the order of 759 of the drain current, and can be converted 
into a scaled-voltage indication of the drain current in a way that is efficient in 
terms of power, cost, and board space. 


19.1.2. Principle of Operation 


A vertical diffused power MOSFET consists of many parallel cells formed on the 
upper surface of the silicon die. An enhanced channel is formed around the edge 
of each cell to allow vertical drain—source conduction. When fully inverted, the 
channel regions act as many similar resistors in parallel, all with equal, positive 
temperature coefficients. This situation results in current being evenly distributed 
between cells. It is this even distribution of current that allows current sensing by 
the detection of the current flowing through a few cells, thereby giving a scaled 
indication of the total drain—source current. 


19.1.3. Structure 


The source metallization covering a small number of ordinary cells is isolated from 
the main source metallization. A separate bonding pad is provided to allow 
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Figure 19.1. Current-sensing MosFET die. The sense cells are visible just above the central 
current-sense bonding pad. Just above that is the Kelvin source bonding pad. The main 
source pad is at the top of the picture; the gate pad is at the bottom. The dots on the 
source pads are shorts to the underlying p* region, used to give the device improved 
avalanche and dv/d¢ characteristics. (Courtesy of International Rectifier Corp.) 
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Figure 19.2. Current-sensing MosFET. (a) Schematic representation; (b) circuit symbol. 
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connection of the sources of the isolated cells to the current-sense terminal. Two 
connections are made to the main source metallization via separate bonding pads. 
One connection is used as the main source terminal and carries the main source 
current. The other, known as the Kelvin contact, is connected to the main source 
metallization close to the sense ceils. The Kelvin terminal is used to provide a 
return path for the diverted sense current. The Kelvin contact is located close to 
the source cells in order to minimize the voltage drop in the main source 
metallization. Figure 19.1 shows a photograph of a current-sensing MOSFET die. 
The equivalent circuit of the device is shown in Figure 19.2, along with the circuit 
symbol for the device. As Figure 19.2 shows, the current-sense MOSFET can be 
represented by two parallel devices—a main device and a sense device. The ratio 
of main-device current to sense-device current is termed the sense ratio, and is 
denoted by r. The intrinsic sense ratio 7p is that ratio obtained when the effect on 
current distribution of the measuring system and any parasitic elements is zero. 


19.1.4. Static Characteristics 


An equivalent circuit for a fully enhanced device is shown in Figure 19.3, with 
typical element values for a 100-V device and a 500-V device. 

With the source and the sense terminals connected together, all cells have 
essentially equal gate-source bias. The gate voltage must exceed the minimum 
necessary gate voltage by two or three volts so that the effects of parasitic voltage 
drops within the device and its package are minimized. Under these conditions 








SOURCE KELVIN SENSE 


Figure 19.3. Equivalent circuit of a fully enhanced current-sensing mosFrer for static 
conditions for a 100 V device (IRC 530) and a 500 V device (IRC 830). 
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the channel resistance can be assumed to be the same for all cells. In Figure 19.3 
the equivalent resistance of the parallel cells of the sense device is shown as Ro, 
and that of the main device cells is shown as Ry. Thus 


Re = nRu (19.1) 


where n is the cell ratio. Rp is the bulk drain resistance of the device, and R; 
represents terminal resistances, including metallization, bonding-wire, and post 
resistances. 

With the sense and source terminals connected, and neglecting parasitic 
resistances, the ratio of main-cell to sense-cell current is given by 


Mas (19.2) 


Thus, in the absence of any external resistance, the sense ratio is theoretically 
equal to the cell ratio. Since Rc and Ry are altered in the same proportion by 
changes in temperature, drain-current magnitude, and manufacturing spread in 
Rpscon)» the sense ratio remains constant with variation of these conditions. If, 
however, parasitic resistances external to the silicon die are introduced into the 
two current paths, the sense ratio will be disturbed from its intrinsic value, as 
Figure 19.4a shows. Furthermore, the external resistances will not behave in the 
same way as Rc, and Ry, and therefore the sense ratio becomes dependent on 
temperature, current magnitude, and spread in Rpgion). Parasitic impedances can 
also affect the current ratio. The Kelvin connection is designed to reduce the 
amount of parasitic resistance and inductance in series with the main cells. The 
Kelvin connection provides a path for returning the sensing current to the source 
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Figure 19.4. Preserving the sense ratio by using the Kelvin source. (a) Sense current 
returned to the source terminal; (b) sense current returned to the Kelvin source. 


19.1. CURRENT-SENSING MOSFETS 387 






lp 
Fe tig re ears re ae Sek ee ey ee ee ~~ 
| | cane ee 
| | 3 Rc/Ry 
| 
| | SENSE RATIO = CELL RATIO 
— _J 
Ip 
RTC 


O SOURCE O 
KELVIN SENSE 


(6) 
Figure 19.4. (Continued) 


without including the source wire bond, the source pin, and much of the source 
metallization. As Figure 19.46 illustrates, the sense ratio is then less dependent 
on parasitic resistances. , 

The typical data-sheet characteristics shown in Figure 19.5 are based on the 
virtual-earth current-sensing method (see Section 19.1.7) and therefore reflect 
variations of the sensing ratio of the packaged device with no external resistance 
introduced into the sensing circuit. The nominal intrinsic sense ratio of this device 
is specified as 1665, with Ip = 14 A, Vos = 10 V, and T, = 25°C. The graphs show a 
possible manufacturing spread of 2.5% in the sense ratio and a shift in ratio of 
approximately 0.3% for a change in temperature of 100°C. 
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Figure 19.5. Variation of the sense ratio with (a) gate voltage, (b) junction temperature, 
and (c) drain current. 


388 § SPECIAL-PURPOSE MOSFETS 
19.1.5. Reverse Conduction 


With the Mosret off and current flowing through the integral diode, the current 
again divides between the main cells and the sense cells. However, this division of 
the current is not necessarily in the same ratio as for forward conduction, since 
although the ratio of the channel resistances may be the same, there may be 
differences in the voltage drops of the diodes. The sense current may therefore 
only be used to give an approximate indication of the device current. A more 
accurate current measurement may be obtained if the channel is turned on during 
diode conduction [2]. Provided the forward drop is below approximately 0.6 V, 
the current will tend to divide in the ratio of the resistances of the main and sense 
cells. 

During reverse recovery of the MOSFET intrinsic diode, large sense-current 
spikes will be produced when the drain—source voltage is rising due to the 
recovery current of the sense-cell diodes. 


19.1.6. Dynamic Characteristics 


Parasitic capacitances associated with the sense and main devices are not in the 
same ratio as the intrinsic current sense ratio due to the capacitance of the current 
sense bondpad. This suggests that at turnoff there will be spurious spikes in the 
sense signal due to the charging of the output capacitance of the MOsFET as the 
drain voltage rises. However, in practice, other factors dominate [3]. 

Current spikes observed at turn-on and turn-off often originate in the measuring 
equipment. The current sense ratio of a current-sensing MOSFET is typically in the 
region of 1500:1. Signals of the order of a few millamps or a few tens of millivolts 
are therefore being measured in intimate proximity to circuits carrying tens of 
amps, with rates of change of current of tens or hundreds of amps per 
microsecond. Voltages that can swamp the signal are easily generated in the 
sensing circuit and the ground lead of an oscilloscope probe. Induced errors 
usually take the form of spikes of opposite polarity at turn-on and turn-off. Even 
wrapping the ground lead around the probe tip can be insufficient protection. A 
clean signal may be obtained by removing the probe tip and soldering the sense 
resistor across the inner tip and the adjacent earth sheath. The resistor is then 
located directly across the sense and Kelvin leads of the mMosFEeT package. 

Once these precautions have been taken, the sense signal will still contain false 
peaks at turn-on and turn-off. These peaks are due to a difference in current ratio 
between the linear operating region and the fully enhanced operating region. In 
the linear, or constant-current, region the current divides in the ratio of the total 
channel widths of the main and sense cells. In the fully enhanced region the 
current division between the main and sense cells is determined mainly by the 
ratio of the path resistances. Generally, the ratio of the resistance of the drift 
region of the sense cells to the resistance of the drift region of the main cells is 
close but not identical to the sense ratio in the linear region. When an external 
sense resistor is included in the sense path, the ratio of path resistances becomes 
significantly different. 

There is another effect at work during the switching interval that tends to 
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produce spurious signals—transformer action. Even if all magnetic coupling 
between the main and sense circuits external to the device package is eliminated, 
there remains the possibility of coupling within the package itself. The drain and 
source leads form the primary of a transformer, while the sense and Kelvin leads 
form a secondary. In the usual lead configuration the two loops overlap. 
Therefore the package constitutes a poorly coupled 1:1 transformer. Since the 
current ratio in the two circuits is of the order 1500:1, even a low degree of 
coupling can induce a significant error, and large spikes should be expected in the 
sense signal during periods of high di/dt. These spikes do not in fact appear 
during switching since for most of the switching interval the MosFET is in the linear 
region and the current in the sense circuit is a function of the transconductance of 
the sense cells and the gate voltage. However, transformer action will induce 
spikes in the current sense signal if the current sense MOSFET is maintained on, 
and its drain current is switched by some external means. The transformer effect 
clearly has implications for the bandwidth of the current-sensing MosFeT [3]. 


19.1.7. Virtual-Earth Sensing Method 


Two methods are commonly employed for obtaining a scaled voltage indication of 
drain current. These are the virtual-earth method and the series-resistor method. 
The virtual-earth method is less sensitive to temperature variations, while the 
series resistor method is simpler and cheaper. 

The virtual-earth method is illustrated in Figure 19.6. The virtual-earth action 
of the operational amplifier ensures that the sense and Kelvin pins are effectively 
at the same voltage, so that no voltage which might upset the sense ratio is 
introduced into the sensing circuit. Operational-amplifier input bias currents do 
not significantly affect the current ratio. For example, using the device whose 
characteristics are given in Figure 19.5, an input bias current of 500nA would 
result in an error of 0.1% for a drain current of 0.8 A. Amplifiers with bias 
currents less than 25nA are readily available. If necessary, bias-current offset 





Figure 19.6. Virtual-earth sensing circuit. 
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may be reduced by locating a resistor between the noninverting terminal and 
ground. Input offset voltage adds directly to the output voltage. The error it 
introduces may be significant if a low gain has been chosen. For example, 
peak-detection circuitry may involve comparing the output with a 200-mV 
reference. A maximum offset of 2mV or so would then be required from the 
operational amplifier. 

The operational amplifier must also have a slew rate adequate to allow it to 
track rapid changes in current. For example, with 0.5-V/A output, and the 
MOSFET switching 10 A in 100ns, an amplifier slew rate of 50 V/us would be 
required. Many power-supply and motor-control integrated circuits use a current 
limit threshold voltage of the order of 200 to 300 mV, in which case a slew rate of 
2 to 3 V/us would be adequate. 

Capacitance charging currents give rise to sense-current spikes. Current spikes 
may also be present as part of normal circuit operation, for example diode 
reverse-recovery spikes. If it is required that these should not trigger overcurrent 
detection circuitry, filtering or blanking of the spikes may be necessary [4]. An 
RC filter may be incorporated in the operational-amplifier circuit. The 
operational-amplifier output should not be allowed to be driven into saturation, 
as the overload recovery time is likely to be long. A zener diode, located across 
the feedback resistor, may be used to limit the output-voltage swing. Also, the 
operational amplifier will leave the linear mode if the output becomes slew-rate- 
limited. Delays in changing slewing directions may cause very short sub- 
microsecond spikes to appear as pulses 1 to 2 us wide. These may be difficult to 
filter and may trigger overcurrent detection circuitry. Therefore slew-rate-limited 
operation should be avoided. 

The disadvantages associated with the virtual-earth circuit are that (a) dual 
power supplies are required, (b) the current-sense voltage indication is negative, 
(c) an active device is required to accomplish the current to voltage transforma- 
tion. These disadvantages are overcome, at the expense of reduced accuracy, with 
the series-resistor method. | 


19.1.8. Series-Resistor Sensing Method 


The voltage output is obtained by placing a resistor in the path between sense and 
Kelvin, as shown in Figure 19.7a. The voltage across the resistor is a scaled 
voltage indication of the device current. In some applications the control circuits 
may of necessity be referenced to the source connection. In this case the source 
and Kelvin pins have to be connected as shown in Figure 19.7b, and the 
consequent loss in sensing accuracy due to the inclusion of the parasitic source 
resistance has to be accepted. 

The effect of including the series sensing resistor in the sense circuit is to 
increase the sense ratio. Figure 19.8 shows the equivalent circuit with the sensing 
resistor included. The sense ratio is then given by 


pase, 19.3 
Ru 0 ( be ) 


Therefore it is possible to calculate the sense ratio for a given value of Rs, once 
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(a) (d) 


Figure 19.7. Sense-resistor connections. (a) Via the Kelvin source; (b) via the main 
source. 


Ry and 7 are known. However, Ry is the main device cell resistance; it is subject 
to manufacturing spread and is strongly dependent on temperature. Therefore r 
will vary with these parameters. The variation increases as Rg increases, until the 
limiting case of Rs>>Rc is reached when the voltage across Rc is essentially 
equal to the voltage across the main cell resistance. Then the main device cell 
resistance is being used to monitor device current, and the current sense output is 
equal to the drain voltage. | 

A second disadvantage associated with the resistor sensing method is that the 


Kelvin 





O Source 


Figure 19.8. Alteration of the current ratio due to the addition of a sensing resistor. 
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Figure 19.9. Resistor sensing circuit with amplification. 


sensitivity range is limited. The circuit sensitivity is given by: 


Viense a Rs 


Ip (r+1) 








sensitivity = (19.4) 


As Rg increases, r increases and the maximum available sensitivity approaches a 
limit. To obtain a higher output voltage, or to allow the use of a low-value 
sensing resistor in order to reduce the effect of temperature on the sense ratio, an 
operational amplifier may be used to amplify and buffer the sense voltage as 
shown in Figure 19.9. The operational amplifier is connected so that a positive 
output is obtained and only a single positive supply is required. However, the 
input common-mode voltage range of the amplifier must include the lower power 
rail. 

The static accuracy is dependent on operational-amplifier offsets. The input 
offset voltage of the amplifier adds directly to the sense voltage and therefore 
must be kept small relative to Viense at the lowest current value that is of interest. 
Input bias currents may cause significant error if the noninverting effective source 
resistance is large. 


19.1.9. Applications 


Current-sensing MOSFETs find application in all circuits where current is a 
controlled parameter, for example in motor drives, where current and torque are 
directly related. Current sensing allows fault protection in power supplies, motor 
controllers, and other equipment in which overload protection is required. 
Start-up current limiting in lamp and motor loads can extend system life and 
reduce component cost. Current-waveform shaping is also possible for such 
applications as print-hammer drivers, solenoids, and stepper-motor windings. 
The Kelvin contact of the current-sensing MOSFET may act as a gate return path 
in circuits in which very fast switching is required. By referencing the gate drive 
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circuit to the Kelvin pin, the common-mode source inductance associated with the 
main source lead is eliminated and faster turn-on is possible. 

Power supplies often incorporate a current-sensing function which can be 
implemented with the current-sense MOSFET. In resonant power converters the 
current-sense signal may be used to implement zero-crossing turn-off. Also, 
current-mode control of power supplies, which requires sensing of the current in 
the switching device, is becoming widely used. Examples of this application are 
given in Chapter 11. 


19.2. RADIATION-HARDENED POWER MOSFETs 


19.2.1. Introduction 


This section deals with the effects of certain kinds of radiation, both naturally 
occurring and man-made, on the operation of power electronic circuits containing 
power MOSFETs. Both ionizing and non-ionizing radiation are considered, along 
with the origins and damage effects of primary radiation interactions and 
secondary induced interactions. The effects of radiation can be limited by circuit 
design strategies and the use of radiation-resistant (rad-hard) MosFets [5-8]. 


19.2.2. Types of Radiation 


The principal kinds of radiation in the operating environment of an electronic 
system are gamma rays, X-rays, neutrons, trapped protons and electrons, and 
cosmic rays. The rate of incidence of gamma rays is of considerable interest when 
One considers the effects of nuclear weapon bursts on electronics. This rate 
quantity is usually known as “gamma dot”, or the time derivative of the gamma 
flux, expressed in rad (Si)/s. Another type of radiation, known as electromagnetic 
pulse (EMP), is generated by nuclear-weapon bursts. While of great interest to 
circuit and system designers, this does not affect devices and will not be discussed 
here. 

Types of radiation may be broadly classified into two categories: ionizing and 
non-ionizing. Photon radiation in the gamma and X-ray part of the spectrum is a 
primary constituent of ionizing radiation. Gamma rays and X-rays are both 
photons, differing only in their wavelengths. Gamma rays have wavelengths of a 
fraction of an angstrom, while X-rays have wavelengths of several angstroms. 
X-rays interact with atoms primarily through the Compton effect, in which a 
loosely bound electron is scattered along with the incident photon, resulting in 
ionization of the atom. In a higher-energy interaction, a high-energy photon 
(gamma ray), upon approaching a nucleus, may be annihilated, resulting in the 
production of an electron—positron pair. At low photon energies, the matter 
interaction is via the photoelectric effect, in which an electron is scattered and the 
incident photon is absorbed. In all cases electrons are scattered. These electrons 
possess both charge and mass. They therefore readily interact with matter, 
causing electrical (and chemical) changes to occur. Secondary ionizing radiation 
is generated when these free electrons collide with the atoms, resulting in 
bremsstrahlung X-rays. 
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Trapped protons and electrons are contained by the earth’s magnetic field in 
regions known as the Van Allen belts. These belts form a torus about the earth 
with the fields converging in the regions of the north and south poles. 
Additionally, a magnetic anomaly known as the South Atlantic Anomaly (SAA) 
causes a convergence of the field lines in that area. Protons, being both massive 
and charged, interact readily with matter, causing ionization damage. Due to 
their mass, they also cause displacement damage similar to that produced by 
neutrons. Electrons cause direct ionization damage and produce further secon- 
dary interactions via bremsstrahlung radiation. 

In addition to protons and electrons, the near-earth radiation environment 
contains many heavy ions which stream in from the sun and from deep space. 
These ions (cosmic rays) mainly range from mass numbers around that of iron to 
simple protons. These particles are responsible for a form of radiation damage 
known as single-event upset (SEU), in which a single ion can cause a logic circuit 
to change state or fail. They also have the potential to cause failure in a power 
MOSFET. Various shielding strategies have been developed to deal with seu, so 
that the particles expend their energy in some intervening medium. 

The final constituent of the radiation environment is the neutron. The neutron, 
having no charge, does not cause direct ionization damage. However, it is 
relatively massive and causes displacement damage within crystal structures. It 
can also induce reactions which result in the emission of ionizing electrons and 
photons. Secondary gamma radiation can cause ionization damage even though 
the incident neutron does not. A similar situation exists when an excited nucleus 
returns to its ground state by emitting an electron or a photon. 


19.2.3. Radiation Effects in MOSFETs 


In crystal structures of the sort found in semiconductors, ionizing radiation forms 
electron—hole charge separations, or “pairs”. These electron—hole pairs have two 
primary effects in a power MOSFET structure, depending upon where they are 
formed. In the relatively high mobility material which constitutes the MosFeT body 
and epitaxial diffusions, electron—hole pairs have a very brief existence. They 
either recombine or are swept out very rapidly. If the circuit configuration 
permits, a large pulse of drain~source current can result (Figure 19.10). In a 
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Figure 19.10. Photocurrent waveform produced by a pulse of gamma radiation. 
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bipolar transistor this may well result in second-breakdown failure. Power 
MOSFETS in which the parasitic bipolar transistor is effectively muted should be 
better able to resist damage due to radiation-induced turn-on, provided soa 
failure of the parasitic bipolar transistor can be avoided [9—11]. 

If, however, the electron-hole pairs are generated in the very low-mobility 
areas of the gate oxide or interface states, recombination is very slow, resulting in 
persistent charge separations. The negative components (electrons) of these pairs 
are removed upon reaching the gate structure by virtue of the gate bias voltage 
applied to the MosFET. This same gate bias voltage causes the positive components 
(holes) to collect at the oxide—channel interface, where they act as a permanent 
bias source. The proximity of these charges to the channel interface enhances this 
effect. The presence of this charge results in the equivalent Vgs of the MosFET 
moving in the negative direction and eventually, after sufficient exposure to 
ionizing radiation, becoming negative. At this point, the MosFreT, which began as 
an enhancement-mode device, becomes a depletion-mode device (n-channel 
MOSFET). 

The above discussion assumes low to moderate dose rates. At high dose rate 
[10* rad(Si)/s], recombination rates are insufficient to rid the structure of charge 
separations, resulting in reduced blocking voltage capability and very high drain 
currents. These photon induced currents (photocurrents) may be many times the 
steady current rating of the device. The only terrestrial source of such high 
gamma rates is a nuclear-weapon burst. Various circuit strategies have been 
developed to deal with this event and are described in Section 19.2.8. 

Neutrons are primarily non-ionizing due to their lack of electric charge, and 
interact with semiconductor crystal structures by causing displacements of the 
constituent atoms. These defects (called Frankel defects) act to deplete the 
majority carriers (electrons) in the channel structure, resulting in increased 
resistivity. This effect is most pronounced in material where dopant concentra- 
tions are initially small, such as high-voltage MosFETs. One may view this process 
as the canceling of donor atoms in the doped material, resulting in fewer free 
electrons available as carriers. 

The secondary ionizing effects of neutron interactions should not be over- 
looked, as these effects became pronounced at high neutron fluence levels 
(10'° n/cm? s). Gamma rays, bremsstrahlung X-rays, and Compton electrons are 
generated when neutrons interact with both the semiconductor material and the 
material used to package the device. The ionizing effects due to the secondary 
radiation emissions following neutron bombardment are identical to those of 
incident gamma radiation. 


19.2.4. Effects of lonizing Radiation on the Characteristics of Standard 
Power MOSFETS 


The main effect of ionizing radiation is to introduce charges into the gate oxide 
which produce a shift in the threshold voltage [12]. The threshold voltage of 
n-channel MOSFETS decreases with increasing total dose (Figure 19.11) while for 
p-channel mosFets the threshold voltage increases (Figure 19.12). This change of 
threshold is essentially independent of dose rate and depends only on the total 
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| 19.11. Gate threshold voltage versus total dose for a conventional n-channel power 
MOSFET (IRF 130). 
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Figure 19.12. Gate threshold voltage versus total dose for a conventional p-channel power 
MOSFET (IRF 9132). 
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dose, except when the temperature excursions of the die are sufficient to 
accelerate recombination of this charge to a point where significant decay occurs. 

As can be seen from Figure 19.11, the variation in threshold voltage is roughly 
independent of bias conditions for doses of up to about 30 krad. Thereafter the 
threshold voltage decreases much more rapidly for the biased-on condition. The 
threshold shift appears to be essentially independent of frequency and drain-— 
source voltage [13]. Gate drive circuitry can be designed to nullify the threshold 
shift by overriding it with an appropriate level of biasing. For very heavy dose 
levels this may not be possible if the bias voltage required exceeds the maximum 
allowable gate-source voltage. Application of power to the main circuit may have 
to be delayed at switch-on in order to allow the gate bias-generating circuitry to 
become operative. 


19.2.5. Effects of lonizing Radiation on Leakage Current 


Figure 19.13 shows the effect on drain—source leakage current of total radiation 
dose for a p-channel power MosFET. Since for a p-channel MosFeT the threshold 
voltage becomes more negative with increasing total dose, the increased leakage 
current cannot be due to the threshold voltage approaching the gate voltage. 
Leakage current increases with radiation dose due to the trapping of charge in the 
oxide covering the field termination structure. This charge causes a local increase 
in electric field and leads to increased leakage current or, conversely, breakdown 
at a lower voltage. However, experiments on p-channel MosFeEts suggest that this 
explanation is simplistic and in fact the mechanisms at work are more complex 
[14]. Generally, the decrease in breakdown voltage increases with the applied 
drain—source voltage during irradiation [15]. The fall in blocking voltage will 
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Figure 19.13. Drain—source leakage current versus total dose for a conventional p-channel 
power MOSFET (IRF 9132). 
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require the selection of a device with a voltage rating high enough to 
accommodate the fall in blocking voltage produced by the radiation. This results 
in a higher Rpscon) and a device that is more susceptible to a shift in Rpsion) due to 
neutron radiation. 


19.2.6. Effects of Non-ionizing Radiation on the Characteristics of 
Standard Power MOSFETS | 


The effect of neutron radiation is to increase the Rpgion) of the power MOSFET. An 
empirically determined expression [16] gives the relationship between resistivity 
and neutron fluence: 


= Po ex (aa) 19.5 
Pa Po p 4447077 ( : ) 


where p, is the resistivity after exposure, Po is the resistivity before radiation, ® 
is the neutron fluence, and no is the starting dopant density. The increase of 
Ryscon) depends on the resistivity of the silicon, and therefore on the MOSFET 
voltage rating [17]. For 100-V mosrets the increase is small, but at 400-V it is 
significant (Figure 19.14). The increase of ON resistance will result in increased 
conduction losses in switching applications but will have little effect in linear 
applications. In switching applications allowance may be made for the increased 
Ryscon) by selecting a device with an appropriately low initial value of Rpson)- 
Alternatively, the increase in Rpscon) can be accepted and allowance made for the 
increased power dissipation by use of an appropriate-sized heatsink. Neutron 
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Figure 19.14. on resistance versus neutron fluence level for conventional MOSFETS. 


19.2. RADIATION-HARDENED POWER MOSFETS 399 


radiation also has a major effect on the forward voltage drop of the icsT (see 
Section 20.2). This is due more to the effect of the radiation on minority-carrier 
lifetime than to an increase in the resistivity of the silicon [18]. 


19.2.7. Radiation Countermeasures 


In order to construct electronic circuits capable of operating reliably in hostile 
radiation environments, strategies must be adopted to protect the semiconductor 
devices. These strategies fall into three broad categories: 


1. System shielding. 
2. Radiation-tolerant circuit topologies. 
3. Radiation-hardened semiconductors. 


In system shielding a suitable material is interposed between the radiation 
source and the electronics. This material is chosen to deplete the energy of the 
incident radiation by collisions with the material atoms or absorption in nuclear 
reactions [19]. The degree to which this is used depends on the application. In 
stationary land-based applications, such as in nuclear power plants, lead shielding 
is practical but in space applications weight restrictions severely limit the amount 
of shielding that is possible. Similarly, more shielding is possible in land vehicles 
and ships than in aircraft. 


19.2.8. Circuit Designs to Protect MOSFETs against the Effects of 
Radiation | 


Radiation-resistant circuit topologies are ones in which there is reduced sensitivity 
of the circuit to abnormal behavior of the semiconductor components, the 
objective being to prevent permanent damage to any circuit component. For 
example, circuits may be designed so that passive components limit the current 
which flows between the power rails if all semiconductor components lose their 
blocking capability [20]. Conventional buck converter and boost converter circuits 
are unsuitable in this respect, as Figure 19.15 shows. Push—pull and resonant 
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Figure 19.15. Conventional converter circuits experience short circuits between the powe1 
rails when semiconductors lose their blocking capability due to gamma radiation. 
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Figure 19.16. Power converter circuits capable of surviving prompt gamma pulses. (a) 
Weinberg converter; (b) resonant converter. 


circuits, such as those shown in Figure 19.16, rely on inductance to absorb 
power-rail voltage for the brief period during a gamma-ray pulse when ail 
semiconductor devices are likely to be conducting. Alternatively a radiation 
detector, such as a p—i—n diode, can initiate shutdown of the equipment with 
crowbarring of supply rails, as illustrated in Figure 19.17. As well as crowbarring, 
all FeT channels can be turned on to divert current away from the parasitic bipolar 
transistor, thereby reducing the chance of second breakdown. 
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Figure 19.17. Circuit protection by radiation detection and shutdown. Circuits can be 
protected against damage if the gamma radiation is detected by a p-i-n diode which shuts 
down the circuit and triggers the crowbar. 
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19.2.9. Radiation-Resistant Power MOSFETS 


Radiation hardened (“‘rad-hard”’) power mosFets have been successfully produced 
and continue to be a focus of intense effort. Manufacturers are as yet reluctant to 
discuss the methods used to obtain resistance to radiation, in part because of the 
obvious military applications for these devices, although some work has been 
reported [21, 22]. It is clear that the gate-oxide structure traditionally employed in 
power MOSFETs requires modification to reduce the threshold shift resulting from 
ionizing radiation (23]. There can be no doubt that presently available rad-hard 
MOSFETS are capable of withstanding large doses of radiation without suffering 
disabling loss of tranconductance or a major shift in threshold voltage. 

Assessing the quality of radiation-resistant devices poses some difficulties, 
since the device is altered by radiation and radiation sources are not always 
readily available. Nondestructive testing of some characteristics is possible [24]. 
Where verification of product quality involves irreversible changes in the device 
tested, the product has to be sampled. The number of samples required to obtain 
statistically valid results may be reduced by testing the samples beyond normal 
limits [25]. Bias conditions applied to the device in the minutes after exposure to 
radiation influence the degree of permanent threshold shift and therefore may 
affect the accuracy of the measurements [26]. 


19.3. LOW-THRESHOLD-VOLTAGE MOSFETs 


In an attempt to make power MOSFETs more compatible with 5-V logic, some 
manufacturers have introduced MosFETs with a threshold voltage that is typically 
half that of standard ones. They can therefore be driven directly from trL or 
other 5-V logic families without the need for level shifting. The reduction in 
threshold voltage is usually achieved by a reduction in the thickness of the gate 
oxide, typically from 1000 to 500A [27]. Since the gate oxide is thinner, less 
voltage is required to produce the same electric field in the silicon under the gate 
and the same inversion depth. Halving the thickness of the gate oxide halves the 
threshold voltage and doubles the transconductance of the MosFEr. The threshold 
voltage may also be reduced by a reduction of the doping density of the body 
region [28], but considerations such as the need to avoid punchthrough restrict 
the adjustment to the threshold voltage that can be made by this means. 

Since low threshold voltage and high transconductance are generally desirable 
features, it is worth considering why the oxide thickness in ordinary power 
mosrets is 1000 A and not 500A. The primary reason is that it becomes more 
difficult to grow an oxide layer of the required integrity as the oxide thickness 
decreases. Defects and variation in thickness become a more serious problem as 
the oxide thickness approaches the dimension of the defect. Furthermore, 
hot-electron effects, ion migration, and a lower activation energy for gate-failure 
phenomena all make it more difficult to maintain an acceptable lifetime for the 
gate. However, despite these difficulties, power MOSFETs with a threshold voltage 
in the range of 1 to 2 V can be made and are widely available. 

Halving the gate oxide thickness increases gate-source and drain—source 
capacitances. An increase in these capacitances will tend to increase switching 
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times, while the lowering of the threshold voltage has the opposite effect. For 
most of the turn-on period when the drain voltage is falling, the drain region is 
separated from the gate by the parasitic FET between cells (see Section 3.6.2). 
However, the transconductance of the device is higher, giving an enhanced Miller 
effect. There are thus a number of opposing influences on the switching time. A 
direct comparison of the switching speed of low-threshold MosFETs with that of 
ordinary MOSFETs is difficult to make, since the gate-drive conditions are 
necessarily different for the two types of device. If the gate drive is assumed to be 
a voltage generator in series with a resistor, the value of the voltage generator 
should clearly be halved for the low-threshold device (for a device with half the 
threshold voltage), while the series resistor may either be kept the same, be 
halved to give the same initial value of gate current, or be reduced by a factor of 
four to give the same initial gate power. If one maintains the same initial gate 
power, the switching time of the low-threshold MosFET is almost half that of an 
equivalent conventional device [29]. 

Applications for low-threshold power mosrets include interfacing with 5-V 
logic circuits and use in battery-operated equipment where insufficient voltage 
may be available to fully turn on normal-threshold voltage devices. However, in 
many interface applications, where the load is an LED, a lamp, a relay, or a 
solenoid, the fast switching capability of the power MosFET is not of particular 
benefit, and the choice between the power mosFeT and the bipolar Darlington 
transistor in this application tends to hinge on cost. It should not be assumed that 
full enhancement of the logic-level MosFET is achievable when driven from any 
5-V logic. For example, the guaranteed minimum high-level output voltage of 
low-power Schottky logic (2.4 V) is inadequate for full enhancement of most 
logic-level power MosFETs [30]. 
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ME CHAPTER 20 


Other MOS Power Devices 


20.1. INTRODUCTION 


The power MOSFET has spawned a variety of power semiconductor devices in 
which the current is carried by many cells in parallel. The techniques proven to be 
effective in the power MOSFET have been applied in other power devices, even 
where a fine cellular structure is not essential. For example, designers of bipolar 
transistors have adopted the cellular structure as a means of obtaining better soa 
characteristics [1]. However, the bipolar transistor is not a field-effect device and 
therefore is not dealt with here. 
The essential principles employed in the power MOSFET are: 


¢ Current divided between many cells 

¢ Current flow controlled by a low-voltage field-effect switch 

¢ High voltage held off by pinch effect between cells 

* Vertical current flow through the die (even if the cell structure is lateral) 


Devices based on these principles include the insulated-gate bipolar transistor 
(1GBT), the Mos-controlled thyristor (mcr), the static induction transistor (sir), and 
the static induction thyristor (srrH). The sir (also called field-controlled diode or 
gridistor) is a junction field-effect transistor and therefore does not come within 
the scope of a book on mos devices. Similarly, the situ (also called field- 
controlled thyristor), a four-layer latching version of the srr, is not discussed. 
However, the 1cGsT and the mcr are mos cellular devices and therefore have a 
place in a book on power mos devices. A comparison of their characteristics 
shows that there are some areas of application where these devices may be more 
appropriate than a power mosret [2, 3}. 


20.2. THE IGBT 


20.2.1. Principle of Operation 


The insulated-gate bipolar transistor developed from the power MosFET. Devices 
of the 1GBT type have been given various trade names such as IGT, COMFET 
(conductivity-modulated ret), and GEMFET (gain-enhanced mosFET), but we 
refer to it here by the JEDEC preferred term icsT. The basic structure of the 
n-channel iGBT is shown in Figure 20.1. A power mMosFet is formed in an n-type 
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Figure 20.1. 1cst construction. 


epitaxial layer in the conventional manner. However, the substrate on which the 
epitaxial layer has been grown is p-type rather than n-type [4, 5]. 

Current flow across the junction between the n-type epitaxial layer and the 
p-type substrate results in minority-carrier injection into the epitaxial layer. This 
results in conductivity modulation of the epitaxial layer, reducing its resistance. 
This permits operating current densities up to five times that of equivalent bipolar 
transistors and twenty times that of power MosFETs to be achieved [6]. The icat 
symbol (see Figure 20.5 below) reflects both the Mos gate input and the bipolar 
transistor action resulting from minority-carrier injection. Like the mMosFeT and 
the bipolar transistor, the icBT may be viewed as a charge-control device [7] (see 
Section 16.1.2). 

A variant of the iGBT structure has been proposed in which the p-type substrate 
is partly replaced by a Schottky rectifier junction. The potential benefit of this 
arrangement is an improved tradeoff between switching speed and forward 
voltage drop [8]. A considerable reduction in 1cpT forward voltage drop has also 
been demonstrated when the traditional surface pMmos-type gate structure is 
replaced by vertical trenches [9]. Silicon-wafer direct bonding is another 
technology that appears to be appropriate to icBT manufacture in that it facilitates 
the fabrication of buffer layers for optimizing switching performance [10, 11]. 


20.2.2. Characteristics 


Conductivity modulation of the epitaxial region is particularly useful in high- 
voltage devices in which the broad epitaxial n-base region would otherwise 
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Figure 20.2. Trade-off between forward voltage drop and turn-off time for n-channel 
IGBTs. From Baliga [12]. © IEEE 1984. — 


present a high resistance to current flow. However, there is a penalty in the form 
of stored minority-carrier charge, the effect of which is to introduce delay in the 
turnoff process. The operating frequency of the IcsT is thereby restricted. If the 
minority-carrier lifetime is reduced, for example by electron irradiation, the 
turnoff time can be reduced at the expense of increased forward voltage drop, as 
Figure 20.2 shows [12]. With little lifetime killing, IcpTs are limited to 
low-frequency applications such as line-supplied phase-control circuits. With 
heavier radiation doses, operation up to 10 kHz has proved feasible, and it is 
expected that the icpT will become an important device at 20 kHz and above. 
Parallel operation of IGBTs is possible, although paralleling requires the 
precautions that are normally taken both with MosFEeTs and with bipolar 
transistors, such as series gate resistors and emitter resistor ballasting [13]. 
Except in the case of asymmetric devices (see Section 20.2.5), the presence of 
a diode junction between the substrate and the epitaxial region allows the device 
to block reverse voltage, a useful feature in some applications. However, the field 
termination at the edge of the die also needs to be designed to block reverse 
voltage. IGBTs are usually made by the planar process on square dies which are 
scribed from the wafer. If high reverse blocking capability is required, the 
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junction between the p* substrate and the n™ epitaxial region requires 
passivation. 

A useful feature of 1GBts is that n- and p-channel devices of a given die area 
and a given voltage rating have similar forward voltage drops and therefore a 
similar current-carrying capability [14, 15]. This is in contrast to power MOSFETs, 
in which the p-channel device has a considerably greater Rpsjon) than an 
n-channel device of the same size and voltage rating. The conductivity modula- 
tion present in 1cBTs masks the difference in resistivity of the epitaxial regions of 
the p and n devices. The availability of complementary devices facilitates the 
design of high-voltage bridge circuits, since both devices can operate with the 
emitter connected to a supply rail, while the gate drive voltage is derived from the 
other supply rail. 

The transconductance of the icsT is typically twice that of the equivalent 
power MosFET. This is due to the gain of the pnp transistor composed of the 
p-type substrate, the n-type epitaxial region, and the p-type MosFET body region. 
A convenient model for understanding 1cst behavior is shown in Figure 20.3. In 
this model the MOSFET current constitutes the base current of the pnp transistor. It 
has become common practice to name the terminals of the ict by analogy with 
the bipolar transistor, so that the substrate terminal is called the collector and the 
source region of the MosFET is called the emitter. Clearly this conflicts with the 
model in which only the MosFET and the pnp transistor are shown. Another school 
of thought calls the substrate the anode and the source the cathode, by analogy 
with the thyristor, since the icBT is effectively a four-layer device. 


Om 


GO 


MOSFET 
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Figure 20.3. 1csT equivalent circuit. 
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20.2.3. Latchup 


The 1cpt may be viewed as a four-layer device and therefore, as the equivalent 
circuit (Figure 20.4) shows, embodies a pair of regeneratively connected npn and 
pnp transistors. The device is therefore capable of thyristor action, and one of the 
major objectives of iGBT design is to prevent latchup and consequent loss of gate 
control. Latchup results when the base-emitter junction of the npn transistor of 
the equivalent circuit (the junction between body and source of the MOSFET 
structure) becomes forward-biased. Forward bias of this junction will occur when 
the voltage drop produced by lateral current flow in the p-type body-channel 
region exceeds approximately 0.7V. In practice latching is produced when a 
certain value of load current is exceeded, since some of the injected hole current 
will flow laterally in this region. Latchup is detectable by a fall in the on-state 
forward voltage drop to below the normal level. 

The value of load current at which latchup occurs depends on the junction 
temperature. At higher temperatures the sheet resistance of the body region is 
elevated while the Vg of the npn transistor section is reduced. Both these effects 
make it easier for the base-emitter junction to become forward-biased, so that 
latchup occurs at a lower value of load current. Latchup in IGBTs also occurs more 
readily during turnoff, so that the dynamic latchup current is less than the static 
latchup current. The faster the device turns off, the lower the value of the 
dynamic latchup current. Therefore asymmetric gate driver circuits like that 
shown in Figure 20.5 are required to slow turnoff without compromising turn-on 
speed [16, 17]. 

Much effort has been concentrated on improving the characteristics of the IcBT 


MOSFET npn 


pnp 


Figure 20.4. 1cstT equivalent circuit including parasitic thyristor structure. 
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Figure 20.5. Polarized icpT gate drive to prevent latchup on turnoff. 


to the extent that the latching current may lie outside the soa of the device and 
therefore in theory latching will never be encountered [18,19]. One design 
incorporates sufficient source resistance to have a ballasting effect, so that under 
high-current conditions the gain of the npn transistor section is reduced 
sufficiently to prevent latching [20]. (In the Mos scr, which has an almost identical 
structure to the 1GBT, latching is allowed to occur at a low value of the anode 
current, and turnoff can only be achieved by reversing the load current [21]. A 
triac with Mos gate turn-on has also been produced [22].) 
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Figure 20.6. icar turnoff waveforms. 
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20.2.4. Switching Waveforms 


The waveforms associated with turnoff of the icpr are shown in Figure 20.6. The 
most salient feature is the rapid fall in load current to an intermediate value, 
followed by the gradual decay of the remaining current. The initial rapid fall is 
caused by the turnoff of the MosFreT current. As the gate voltage drops below the 
threshold voltage, electron flow through the channel ceases. The pnp base current 
in the model (Figure 20.4) therefore ceases. However, the high concentration of 
minority carriers present in the n™ region continues to support hole current. The 
pnp transistor continues to conduct until the charge in its base region recombines 
or is swept out. 


20.2.5. Reducing the Turnoff Time 


A power device becomes more useful when it can operate efficiently at a 
frequency above the range of human hearing—typically taken as 20 kHz. To 
achieve this with an ict the storage and turnoff times must be reduced below the 
values which would result from the normal MosFET process. This is commonly 
achieved in two ways. The minority-carrier lifetime can be reduced by increasing 
the concentration of recombination centers in the epitaxial silicon layer. 
Heavy-metal doping is not favored in this type of device, because of the risk of 
gate-oxide contamination. Electron, proton, or neutron irradiation [23] is the 
preferred method, since damage to the oxide which the radiation produces can 
largely be annealed out by heating the die. Lifetime killing results in a faster 
device, but also increases the forward voltage drop. The static latching current is 
increased, since the irradiation reduces the gain of the npn and pnp sections, but 
their dynamic latching current may be reduced [6]. 

A second method of reducing the storage time involves the introduction of an 
n* epitaxial layer beneath the n~ epitaxial layer, as shown in Figure 20.7. By 
adjusting the dopant concentration of this layer and its thickness the turnoff time 
can be reduced [24,25]. The presence of the n* layer also reduces the emitter 
injection efficiency of the p* substrate. This reduces the loop gain of the 
npn-and-pnp transistor pair, thereby raising the value of the latching current 
[26-28]. At the same time the reverse blocking capability of this junction is 
reduced, but since the field termination is not usually able to support a high 
reverse voltage, this is not a significant loss. The presence of the n* buffer region 
allows the doping of the n™ region to be reduced, since the heavily doped n* 
region will act as a stopper to the depletion region, which would otherwise reach 
through to the substrate. The more uniform electric field which this produces in 
the n™ layer allows the width of this region to be reduced. However, this does not 
necessarily mean a reduction in forward voltage drop, in view of the reduced 
injection efficiency of the substrate—epilayer junction, although an improvement 
in switching speed can be obtained [29]. Much research interest has been focused 
on the reduction of the turnoff time by the use of multiple epitaxial layers with 
differing lifetimes and doping densities [30-33] and by the use of collector and 
emitter shorts [34—36]. It is therefore to be expected that 1cpT performance will 
continue to improve as these technologies make their way into the market. 
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Figure 20.7. 1cst with buffer layer. 


20.2.6. Applications 


In high-voltage applications the low forward drop of the icsT compared with that 
of the MosFET makes the icBT a candidate for off-line applications where the 
switching frequency is below 10 kHz. The principal use for the iGBT is therefore 
likely to be in motor drives operating from 240V ac (or 120V ac with a 
voltage-doubler input stage) where 1-kHz switching is required for six-step 
operation or where the pwM frequency is of the order of a few kilohertz [37]. The 
faster IGBTs may also be used in 20-kHz “‘silent’’ pwm inverters (38, 39] and 
switched-mode power supplies [40, 41]. 

The 1GBT has also been suggested as a suitable device for use in snaactive- 
discharge automobile electronic ignition systems [42]. In this application the 
switching device is required to operate at a relatively low frequency, to block high 
voltage, and to have a low forward voltage drop. While the forward voltage drop 
may not be as low as that obtainable with a bipolar transistor, the soa may allow 
active clamping (see Section 9.3) to be used to absorb stored energy in the coil 
when the secondary is open circuit. 


20.3. MOS-CONTROLLED THYRISTOR (MCT) 


20.3.1. Principle of Operation 


The mcr [43, 44], also known as the mos-cto [45], is a four-layer latching device, 
the turnoff and turn-on of which are under the control of mos gates. The basic 
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Figure 20.8. mcr structure. 


MCT structure is shown in Figure 20.8. The structure resembles that of the 1cBT 
except that a further layer has been added, so that it is inherently a four-layer 
device and thus merits the name thyristor rather than transistor. An equivalent- 
circuit model is given in Figure 20.9. The p-base is connected to the n-cathode via 
a MOSFET channel and the surface metallization. When this channel is inverted, 
the base-emitter junction of the npn section of the thyristor structure is shorted, 
thereby suppressing the regenerative switching action of the four layers and 
turning the device off. When the gate voltage is at the same potential as the 
cathode, the channel does not conduct and there is no cathode shorting of the 
thyristor structure. The loop gain of the thyristor npn-and-pnp equivalent 
transistor pair is such that the device easily latches when the shorting is removed. 


20.3.2. Triggering 


The stimulus for latching may be provided in several ways. One proposal is for a 
separate Mos structure at selected sites on the die [45]. In this case conduction has 
to propagate from these sites across the die in the way normally associated with 
SCR triggering. Another proposal is to trigger the device with capacitive currents 
generated by the step in gate voltage at turn-on [46]. To turn on the p-channel 
McT shown in Figure 20.8 the gate voltage goes from negative to positive, since 
the p-channel MosFET must be turned off. The positive-going leading edge can be 
used to induce a capacitive current in the lateral p region of sufficient magnitude 
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Figure 20.9. mcr equivalent circuit. 


to trigger the thyristor. An alternative structure in which the same gate controls 
turn-on as well as turnoff is shown in Figure 20.10. 

Due to regenerative thyristor action, the mcr can be operated at a current 
density several times higher than is possible with the icst. However, it may not 
be possible to turn the mcr off satisfactorily at such high current densities. 
Turn-on of the device will be fast due to the regenerative turn-on action, but turn 
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Figure 20.10. mcr structure with gate turn-on. 
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off is slowed by minority-carrier storage, and lifetime killing may be required to 
obtain a short storage time and a small current tail. Applications for this device 
are similar to those for the icBT, in particular, motor drives [47]. 


20.4. POWER INTEGRATED CIRCUITS (PICs) 


20.4.1. Introduction 


The power MOSFET is manufactured using techniques similar to those used to 
fabricate logic circuits. Optimum MosrFeT cell densities appear to be in the range 
of 1 to 2 million cells per square inch, with feature sizes of a few micrometers. 
This is similar to the dimensions of the features of early cmos integrated circuits. 
It is therefore a logical step to seek to incorporate control functions on the 
pOwer-MOSFET die, so that the power MOSFET can become more versatile or the 
cost of expensive external control circuitry can be eliminated and equipment 
reliability improved. However, this requires low-voltage logic circuits to operate 
on the same die as a relatively high-voltage power transistor, so that a means of 
isolating the different structures is central to the construction of a pic. In addition, 
to obtain efficient use of the silicon area, the power transistor must operate at a 
temperature of the order of 150°C, subjecting the logic elements to temperatures 
and temperature cycling beyond the range normally experienced by integrated 
circuits. 

Power integrated circuits vary in the complexity of the on-board intelligence, 
and various categories of device may be identified. Simplest of all is the device 
that is essentially a power transitor with some on-board control functions such as 
thermal shutdown, overcurrent limiting, shaping of the control signal, and 
device-status feedback [48-51]. A function commonly required in pics is a 
high-side drive circuit which permits an n-channel MosFET to operate with its drain 
tied to the positive supply rail [52]. The complexity of the pic increases when 
timing and signal-processing functions are incorporated—as, for example, in 
bridge-type power-supply circuits, which require level shifting for the upper 
device, timing logic to avoid overlap, pwmM waveform generation, and control 
circuits [53]. At the other extreme, the pic may be principally a logic circuit with 
One or more power devices to give the outputs the capability of driving external 
loads. There is obviously a whole spectrum of complexity between the extremes, 
and the manufacturing technology employed depends to some extent on the 
category of device [54]. 

A market sector which is attractive to the manufacturers of power integrated 
circuits is the automotive market. As the number of electrically operated 
accessories on cars has increased, so has the weight, cost, and complexity of the 
wiring. When a large number of these accessories are operated from door- 
mounted switches, the problem of accommodating a bundle of wires within the 
door and at the door hinge may be insurmountable. An attractive solution to this 
problem is the use of a single-wire distribution system with multiplexed signaling 
to power integrated circuits which control the electrical loads. A number of 
designs of such switches have been developed [55-57]. 
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20.4.2. PIC Technology 


Some pic technologies are illustrated in Figure 20.11. 

In the self-isolated process shown in Figure 20.11a isolation is achieved by 
surrounding the high-voltage drain region with the source region, which is at low 
voltage. Because the lateral structure occupies a large silicon area, this type of 
construction is used for low-power devices [58]. 

The process shown in Figure 20.11b employs dielectric isolation of sections of 
the circuit. Grooves are etched in the silicon surface, oxidized, and filled with 
polysilicon. The apexes of the grooves are lapped away to leave isolated islands of 
epitaxial material in which the power device can be fabricated [59]. Vertical 
power MOSFETs can be created if the wells are first lined with a heavy n~-diffusion 
as shown in Figure 20.115. 
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Figure 20.11. Power-integrated-circuit technologies. (a) Self-isolated; (b) dielectrically 
isolated; (c) junction isolation with lateral power MosFET; (d) junction isolation with 
vertical power MOSFET. | 
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Figure 20.11. (Continued) 


Both lateral and vertical power MosFETs are possible with junction isolation, as 
shown in Figure 20.11c and d. In this process the high-voltage devices are built in 
pockets of n-type material isolated from low-voltage regions by wells of p* 
diffusions. Figure 20.11c shows a lateral version that allows the construction of 
more than one power device on a die. Figure 20.11d shows a version in which the 
pOWer MOSFET is a vertical device, allowing higher current densities. The drain 
current is allowed to flow vertically to the back side of the die through a 
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low-resistivity n* region that penetrates the p-type horizontal isolating layer. This 
type of construction only allows one power device per die. 


20.4.3. PIC Example 


An example of a power integrated circuit is shown in Figure 20.12. This is a 
low-power (5-W), 15-V-output switching regulator capable of operating from a 
wide range of input voltages (100 to 450 V) [60]. The five-pin, junction-isolated 
device uses a lateral power mosFeT for power control and a mixture of bipolar and 
Mos logic and interface circuits. The structure includes double polysilicon 
depositions, high-voltage crossovers, pnp and npn bipolar devices, and lateral 
DMOS power devices. High-value thin-film resistors are used for level shifting and 
for processing high-voltage signals [61]. High blocking capability is achieved by 
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Figure 20.12. Photograph of buck converter pic die. (Courtesy of International Rectifier Corp.) 
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two-dimensional charge control (RESURF). Only a diode, an inductor, and a 
capacitor are required with the Pic to form a complete buck regulator. 

Internal power for the chip is supplied from the output, with an auxiliary 
supply from the input supplying essential functions during startup and under fault 
conditions. The pic includes undervoltage lockout and overtemperature shut- 
down. Full enhancement of the n-channel power MosFeET is obtained with a 
bootstrap circuit fed from the outpt voltage in order to obtain high efficiency. 
Switching times are of the order of 30 ns. The device can be used in a wide variety 
of switched-mode power-supply circuits, both isolated and non-isolated [61], 
demonstrating that flexibility is not necessarily sacrificed when a power device 
and control circuit are monolithically integrated. 


20.4.4. Basic PICs 


The level of complexity required for a device to qualify as a power integrated 
circuit is open to debate. In a sense every power MOSFET is an integrated circuit in 
that it contains thousands of integrated transistors, all connected in parallel, 
although this would clearly be a trivial use of the term. Less trivial examples 
include devices in which transistors, separate from the main power transistor, 
perform some function distinct from power switching. 

One such example is the power MosFET with integral gate drive [62] (see Figure 
20.13). To achieve maximum efficiency, resonant converters operating at switch- 
ing frequencies of the order of 10 MHz or greater require fast turnoff of the 
power switch. An integral gate drive greatly reduces the inductance of the gate 
capacitance discharge path, thereby making it possible to turn the MosFET off in a 
few nanoseconds. 

The self-thermal-protecting power MosFET [63] is another example of a device 
which could be called a pic by virtue of incorporating a gate control function. The 
device utilizes pn junctions built into the polysilicon layer as thermal sensors. At 


Figure 20.13. Power MosFErT with integrated gate driver. 
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a critical temperature the forward voltage drop of these diodes falls, activating a 
bistable latch which turns off the main transistor. 
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Ms APPENDIX 1 





Basic Electrostatic Theory of the 
Depletion Layer 


At its simplest, the electrostatic theory of the pn junction assumes an abrupt 
interface between uniformly doped n-type and p-type regions. The contact 
potential Vip between the p and n regions (see Section 2.2), together with any 
applied bias voltage Vo, causes the regions on either side of the junction to be 
depleted of their majority carriers. This gives rise to a local space-charge density 
proportional to the local doping concentration. This is positive in the n-type 
region and negative in the p-type region, as shown in Figure Al.1. Let the 
depletion layer extend a distance /,, into the p-type region, and a distance /, into 
the n-type region. Then, the charge per unit area, Qp, stored in the depletion 
layer on either side of the junction is given by 


lOp| = engl, = enpl, (A1.1) 


where n, is the acceptor concentration in the p region and mp is the donor 
concentration in the n region. 

Set the x-coordinate perpendicular to the junction, with the origin at the 
junction and the p region on the positive side, and apply Poisson’s law: 


VV = —p/€€s; (A1.2) 
where V is the local potential, p the local charge density, €.; the relative 


permittivity of silicon (=11.9), and é€ the permittivity of free space. In our 
one-dimensional system, this reduces to 





Ven, 

dx? a Eo€s; (A1.3) 
for x >0, while for x <0 we have 

@?2V —eny 

7a ea (A1.4) 


The electric field strength, E = —dV/dx, is assumed to be zero for all x < —1,, and 
for all x > I). Its maximum value, Ey, occurs at the junction, x = 0. The local 
potential V is defined to be zero at x = 0, for convenience. 
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(@) 


(5) 


(c) 


(d) 





Figure Al.1. Depletion layer at pn junction. (a) Showing greater extent into the more 
lightly doped region, in this case the p-type region; (b) net charge concentration assuming 
uniform doping and negligible free carrier concentration in the depletion layer; (c) electric 
field strength; (d) potential variation. 


Applying these boundary conditions, Equation (A1.3) integrates to give 


dV en,(x —I,) 
oem (A1.5) 


for /,>x>0, and Equation (A1.4) integrates to give 


dv = eny(x + 1,) 


ae as) (A1.6) 
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for —1,<x <0. Integrating each expression again, we obtain 


en,/€p€s; 
Vie 
(*) 4x* 1x 
for 1,>x >0, and 
END/ Eg €s; 
Vij = + 
(*) Ay? + 1x 


for —!,<x <0. These relationships are plotted in Figure A1.1. 


The total change of potential across the depletion layer is 


Ver — Vo = V(—In) — V(lp) 


Cnpl, engl? 
=e 
2€p€s 2€0€s; 


= Q}/2e€€s; 
1/np + 1/na 


where we have substituted Equation (A1.1). 
Thus, 
2€€€si(Vep — Vo)\"” 
IQp| = (ese 2) 
1/np+1/na 
Qp 


=o 


A 


eee 
emt 


(*£etailVer = “oy 
e(1/np + 1/n,) 


Fir 


io 
0 


fn 


| 


= 


enn 
i (=SotsVer = ve)" 
e(1/np + 1/n,) 


D 


Note that the total depletion layer width /p is given by 


lp = ly + lL 
a (Poise — Vo)(/np + ~/Pa)" 
e 


and that 








€ 
a: ( 2e(Vcp — Vo) : 
E9€si(1/np + 1/na) 


(A1.7) 


(A1.8) 


(A1.9) 


(A1.10) 


(A1.11) 


(A1.12) 


(A1.13) 


(A1.14) 


(A1.15) 


(A1.16) 
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Figure Al.2. Reduction of depletion layer in p-type region as doping concentration in 
n-type region is reduced. (a) Linear scales; (b) log scale for (np/n,). As (np/n,) >, 


b> bow: 
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The variation of J, with np, assuming that Vo and 7, remain constant, is shown 
in Figure Al.2. The very small variation of Vcp with mp is neglected on the 
assumption that Vo is large and negative. It can be seen that for a given applied 
voltage Vo, reducing mp reduces the penetration of the depletion layer into the p 
region. Of course, the converse is also true. 

The importance of this theory in the design of high-voltage MosFETs is 
explained in Chapters 1 and 2. In order to minimize channel-length modulation 
caused by the drain—source voltage, the channel region should be more heavily 
doped than the drain drift region. For exactly similar reasons the base region of a 
bipolar junction transistor should be more heavily doped than the collector 
region. This minimizes base-width modulation by the collector voltage, the Early effect. 


Another important quantity that affects several aspects of device performance 
is the total static self-capacitance per unit area of the pn junctions. We shall write 
this as Cy, and it is given by Cy=|Qp|/Vo. Often of greater significance is the 
incremental self-capacitance, C;=d(|Qp|)/dVo>. When (—Vj)>>Vop, we can 
neglect the contact potential in evaluating C; and C;. Then 


Om (epee TaD) 
~ (=a) (A1.17) 
and 
C= (sae— gainer TO) 
= (aa) | (A1.18) 


These expressions are obtained directly from Equation (A1.11). 

Often in modeling the behavior of MOsFETs, situations arise where V¢p is not 
negligible in comparison with —V, and the full expressions have to be used. It is 
then convenient to express the effective junction capacitance in terms of the 
incremental capacitance per unit area at zero applied bias Cy. This is obtained by 
setting V, = 0 in the full expression for C;. Thus 


Cy = (— “ee si _—_ )" (A1.19 
30 \2Vop(L/np + 1/n,) 2”) 
Then 
Va 1/2 


The incremental capacitance C, is a function of the change in Qp and the 
change in /p brought about by a change in Vo. It is therefore a function of the 
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properties of the semiconductor at the depletion-layer edges. In the case of an 
abrupt, one-sided junction, the variation of C,; with Vo can be used to obtain the 
doping-level profile. For a p*n junction, it can easily be shown that the donor 
doping level at a distance x perpendicular to the junction, np(x), is related to C, 
and Vo as 





Cc? /dC,;\7! 
Np(x) = * (=) 


CEES; dV 


ge [<(4)] (A1.21 
26 y€q LdVy \C? mee 


Of course, a similar expression can be obtained for an n*p junction. This theory 
forms the basis of the C—V profiling method. 

A transition between two bias voltages, V, and V,, involves a change in the 
charge stored at the junction given by 





2e ; 1/2 
hos (5s) [(Vep — V3)? — (Vor — Va)#7] 
= 2Cyo( Vep)!2{(Vep — Vs)! — (Vep — Vi)" ] (A1.22) 


For that particular voltage one the en then appears to present an 
effective capacitance 


AQp 
V.-V, 





(Cy)etx = 


— V,)"° — (Ver - we 


V, 
= 2C so Vep)2L a Wav, (A1.23) 


Although they are algebraically very cumbersome, these expressions do make 
arithmetic calculations more straightforward, especially in digital applications 
where the transition potentials, V, and V,, are usually well defined. They are 
often 0 and 5 V, respectively, or perhaps 0 and 10 V in the case of power devices. 
The parameters Vcep and Cy are known from the manufacturing process and the 
device design. 
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The Formation of Depletion, Inversion, 
and Accumulation Layers at the Silicon 
Surface 





A depletion layer can be formed in the silicon surface region as well as at a pn 
junction, if the majority carriers are expelled from the surface layer by externally 
applied electric fields. As in the case of the pn junction, the remaining ionized 
dopant atoms set up a local space charge, and Poisson’s law has to be satisfied. In 
a planar geometry this again reduces to a one-dimensional problem. Consider the 
case of p-type material, and let the x-coordinate be directed into the semiconduc- 
tor, perpendicular to the surface. The coordinate origin is taken to be at the 
surface, as shown in Figure A2.1. The depletion layer extends a distance /, into 
the semiconductor, at which point dV/dx = 0. We set V =0 for x =/,. Thus, for 
0<x</,, 








av ee A13 
dx? €n€s; ( : ) 
dv ena 
fe Ge. (l,-x)=—-E (A2.1) 
ena 
V= —x) 
2€p€si (lp x) (A2.2) 
Thus, the voltage dropped across the depletion layer is 
AV= V(0) — Vil) = V(0) = en gl? /2€€s; (A2.3) 
and the electric field strength at the surface is 
E(0) = engl,/ €9€s; = Es; . (A2.4) 


Assume that the semiconductor surface is covered with a coating of oxide. In 
the semiconductor the relative permittivity is €s; = 11.9, whereas in the oxide it is 
€,x = 3.9. Flux continuity across the oxide—semiconductor interface requires that 


€o€siEsi = €0€ oxox + Oss (A2.5) 
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Figure A2.1. Formation of depletion layer at semiconductor surface. (a) Surface region; 
(b) electric field strength; (c) variation of internal potential. Note in (b) that the 
discontinuity in E at the oxide/semiconductor interface is the net effect of the change in €, 
and the presence of the interface charge. The total change in internal potential shown in 
(c) comprises the contact potential, Vcp, plus any applied voltage between gate and bulk 
semiconductor, Von. Thus, Vop + Vep = Vox + AV, in agreement with Equation (2.5). 


where E,, is the electric field strength in the oxide and Qsg is the positive surface 
charge density present at the interface, as discussed in Section 2.2. Two results 
follow from this. The first is that the static charge per unit area stored in the 
depletion layer is 

Op = enal, = €0€siEsi 


= (2e€p€sit a AV) 2 | . | (A2.6) 


using Equations (A2.3) and (A2.4). The second is that the voltage dropped across 
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the gate oxide is 
(€p€siEsi — Oss)tox 
€0€ ox 


Vox = Eoxtox = 


_ Yv- Qss 


oe (A2.7) 


where C,, = €9€ox/tox is the gate-oxide capacitance per unit area. Here we have 
used Equation (A2.5). 

In Figure 2.6 it can be seen that the voltage applied between the gate and the 
bulk semiconductor, which is represented on the diagram by the difference in the 
Fermi levels in the two regions, is given by 


Vos = Vox + AV = Vop (A2.8) 
where Vcp is the contact potential between the gate and the bulk semiconductor, 


Vises < In 452 (2.6) 





nj 


In Section 2.2 it is explained that an inversion layer is formed at the silicon 
surface, in addition to the depletion layer, when 


AV = AV = 2(—Vipouy 


2KT 
Sig (2.9) 
é n; 


Thus at threshold, Vog = Vy, and AV =AV,,, so that putting these values into 
equation (A2.8) we obtain 


Vy = Vax + AVin — Ver 


= Yo~ Oss , AVan — Vep (A2.9) 
om | 

where Qp is given by Equation (A2.6) with AV = AV. In Equation (A2.9) we 

have neglected as small the voltages dropped across the inversion layer and across 

the depleted surface of the poly-Si gate. 


In p-type material the inversion layer is characterized as a very thin surface 
layer of additional negative charge comprising free electrons. This is illustrated in 
Figure A2.2. It can most easily be treated as having a negative surface charge 
density, —Qy,, which subtracts from Qss, the fixed positive interface charge. 
Because the depletion layer is sensibly unchanged above threshold, Q,, increases 
the electric field in the gate oxide and hence increases V,,. Equations (A2.5) and 
(A2.7) then become 


Eg€siEsi + On = €0€oxE ox + Oss (A2.10) 
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Figure A2.2. Formation of inversion layer. (a) Charge layers at semiconductor surface; 
(b) electric field strength; (c) internal potential. 





and - 
Vox = Qv + On ~ Oss (A2.11) 
Ca 
Thus, 
Vos = Vox + AVan — Ver 
_ @o+ Qn = Qss | AVin - Vee 
Cox 
=Vr+ Ou (A2.12) 


Cox 
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Figure A2.3. Formation of accumulation layer. (a2) Charge distribution; (b) electric field 
strength; (c) internal potential. 


Rearranging, we obtain 
On = Cox(Vor oe Vr) (A2.13) 


In other circumstances the surface of the p-type semiconductor may be at a 
more negative potential than the bulk material. Then an accumulation layer 
forms, as shown in Figure A2.3. Because the hole concentration increases 
exponentially with the change in potential, the accumulation layer is very thin and 
can be treated as having a positive surface charge density, Q,,, which adds to 
Qss. Thus, in this case, Equation (A2.5) should be modified to 


En€siEsi = €o€oxEox + Oss + Oar =9 (A2.14) 


on the assumption that beyond the accumulation layer the field in the bulk 
semiconductor is zero. 
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With an n-type bulk semiconductor region the polarities required to produce 
depletion, inversion, and accumulation layers are reversed, except that Qsg 
remains positive, and V-p becomes small if the gate is also doped n-type. Thus, in 
region ®) of the vpMos FET shown in Figure 2.1, a positive gate potential raises the 
potential at the surface of the n-type bulk silicon and so tends to form an 
accumulation layer under the gate oxide. 
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More Rigorous Theory of the 
Formation of Inversion and 
Accumulation Layers 


The theory presented in Appendices 1 and 2 assumed that at all places the bulk 
semiconductor was in one of two possible states: either neutral or fully depleted. 
When accumulation and inversion layers formed, they were represented as thin 
layers having a certain surface charge density. The validity of these approxima- 
tions is confirmed by the more rigorous solution of Poisson’s equation in 
semiconductor material given here. The analysis is again one-dimensional and 
assumes uniform doping and complete lateral uniformity. The x-coordinate is 
taken to be perpendicular to the silicon surface, and Poisson’s equation becomes 


dx? Esi€o 





(n—p+na~Np) (A3.1) 


In Equation (A3.1), as in the main text, V, is the midband potential (that is, 
the potential corresponding to the position of the Fermi level in intrinsic material) 
measured with respect to the actual potential of the Fermi level. The concentra- 
tions of free electrons, n, and holes, p, at any point are then given by 


n =n, exp(eV,/kT) (A3.2) 
p=n;,exp(—eV,/kKT) (A3.3) 


where 7; is the intrinsic carrier concentration, which in silicon at room 
temperature (298 K) has a value of about 1.5 x 10'°m7°*. At this temperature 
kT /e =0.0257 V. The other variables in Equation (A3.1) have their usual 
meanings: € = 8.854 x 107'* F/m is the permittivity of free space; €s, = 11.9 is 
the relative permittivity of silicon; n, is the local concentration of acceptor 
impurities; mp is the local concentration of donors. In p-type material we may put 
Ap = 0. 

It is convenient to normalize V, against kKT/e by putting w= eV,/kT; then 
Equation (A3.1) becomes 


kT dy _e(n—p+na) 


ae eee. (A3.4) 
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Substituting for n and p from Equations (A3.2) and (A3.3) gives 





eet oY — ne ¥ 
dx? KT ese (nie me * na) 
na 
= te + : 
a = (24 na —_ ¥ 1) (AS 5) 


It is also convenient to normalize distance to the Debye length Lp= 
(kT€9€s;/nae")? by putting X=x/Lp. If in addition we put K =2n,/n,, 
Equation (A3.5) reduces to 


2 


qx? = K sinh py +1 (A3.6) 
We expect the potential to change smoothly from its value at the surface, we, 
to its value deep in the bulk semiconductor, wy... Equation (A3.6) may be solved 
numerically, subject to these boundary conditions. Some solutions are shown in 
Figure A3.1.* They are compared with the solutions from the usual, simple 
theory which omits the sinh jy term in the equation. For the simple theory the 
origin of the X-coordinate is positioned to coincide with the boundary of the 
depletion layer and the neutral bulk material. Then, the equations reduce to 


d*y 

ax! 

d d 

=X, so that 0 at X = 0 and for all X >0 


W — Wa = 4X", giving w=wy..at X =0 and for all XY>0 


This solution is represented by the dotted curves in Figure A3.1. The semicon- 
ductor surface on this simple theory is positioned where w= ws, that is, at 
—[2(ws — y..)]'*. Furthermore, y =0 at 


X=X)=-(-2y.)"” (A3.7) 


In order to facilitate comparison between the full solution and the simple 
theory, the point y =0, X = Xp is taken to be a fixed point where both solutions 
are coincident. For the full solution we know that at X=~, w=wy. and 
dy/dX = d?y/dX? =0. Putting these values into Equation (A3.6) gives 


a = sinh (—1/K) = —In(—2/K) (A3.8) 


* The authors are grateful to Dr. I. B. Stewart of Bristol University Computer Centre for carrying out 
these calculations, which are similar to those first published by R. H. Kingston and S. F. Neustadter, 
J. Appl. Phys., 26, pp. 718-720 (1955). 


FORMATION OF INVERSION AND ACCUMULATION LAYERS 439 


Equation (A3.6) may be integrated directly to give 


oY = ~[2K(cosh y — cosh y.) + 2(y ~ ya) (A3.9) 


With the given fixed point of y=0 at X=X,, Equation (A3.9) may be 


integrated numerically to find the position of the semiconductor surface, Xz, 
given that the surface potential is ws: 


X,=Xot+ | F(w) dy (A3.10) 





30 
(a) 


Figure A3.1. Potential variation under the semiconductor surface for different values of 
surface potential. (a2) K = 107°; (b) K = 107°; (c) K=10~’. Normalized units (w, X) are 
used for potential and distance. The curves are centered on yw =0, X = Xo. The position 
X =0 corresponds to the boundary between the depletion layer and the neutral, bulk 
semiconductor under the conditions of the simple theory. The circles represent the locus of 
the relative surface position, Xs, for different values of the surface potential, ws. For 
Ws < Wa, an accumulation layer forms, and the surface is assumed to be positioned at X =0 
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30 
(b) 


Figure A3.1. (Continued) 


where 


F(w) = V3 [K(cosh y —cosh pau) + ( — pa)J-? (A3.11) 


The full solution from X, to +0 (taken as X = +10) may then be obtained using 
a finite-difference routine. The locus of the points (ws, Xs) lies close to the set of 
curves given by the full solutions, which are shown as the full curves in Figure 
A3.1. The pinning of the depletion layer with the formation of the inversion layer 
at large positive values of ws can be seen, as can the slight divergence of the two 
solutions around X = 0. 

The total negative surface charge density in the depletion—inversion layer, 
Qn+Qn, is given directly by (dy/dX) y, in units normalized against Q)= 
(n,kT€€s;)'". The fixed negative space charge of the depleted region, Qp, may 
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Figure A3.1. (Continued) 


be calculated from 


go (@ 


ie + (X — Xp) (A3.12) 


dX 


Any free-electron charge in a surface inversion layer is then given by 
On (SS) Qp 
oe A3.13 
Qo ~ \dX) x, Qo ee 


In Figure A3.2 we have plotted Xr, the depth of the inversion layer as 
normally defined, and the potential difference across it, (Aw), against the 
inversion-layer charge Qy,. Thus, Xj, = Xs; — X(— wp.) and (Ap)it = Ws — (— Poo), 
on the usual assumption that the inversion layer forms where y = —w... There is, 
of course, some free-electron charge at the surface before this point is reached, as 
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Figure A3.2. Potential dropped across the inversion layer, Ay;,, and its width, Xj, as a 
function of the inversion layer charge, Q,,/Qo. Normalized units. 


can be seen in the figure. This accounts for the so-called subthreshold current 
normally observed in mMosFET devices and discussed in Section 3.3. The theoretical 
definition of “threshold” is thus, to a degree, arbitrary and is chosen to give a 
simple physical definition. 

The rapid increase in Qn for a small increase in wy, that was discussed in 
Section 2.2 is made clear in Figure A3.2. 

At room temperature and under normal operating conditions the mobile 
inversion layer charge is limited to Q;,/Q)=10 to 100. Thus, X;,~0.6 and 
(Ay) ~5 to 10. In comparison, the thickness of the depletion region, as 
normally defined, and the fixed charge contained in it are both given in 
normalized units by 2[In(n,/n;)|'”, which is typically in the region of 7 to 8. This 
means that the thickness of the inverted region is some 8% of that of the 
depletion layer that separates it from the bulk semiconductor, and some 0.1 to 
0.2 V is dropped across it. 

We have extended the graph shown in Figure A3.2 to illustrate what would 
happen at larger values of ys and (Aw). Although Qy, grows exponentially as 
the potential increases, the inversion-layer thickness remains almost constant. 
The increased free charge occupies a very thin surface layer. In fact, the lower 
limit to the thickness is set by quantum theory. This essentially two-dimensional 
structure can be produced at low temperatures in mos devices and leads to a 
number of interesting and unusual physical properties. 
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Figures A3.1 and A3.2 are plotted for values of the doping parameter K of 
10-5, 107°, and 10~’. At room temperature the corresponding values of the 
boundary and normalizing parameters are 


Na Lp Qo 
K (m~*) Poo Xo (nm) (Cm~’) 
1075 3x1077  —12.2 —4,94 74 3.56 x 1075 
10~° 3x107% —14.5 —5,39 23.4 1.125 x 1074 
3x 1077 1x10" —15.7 —5.61 13.0 2.08 x 1074 
107” 3x107 —16.8 —5.80 7.4 3.56 x 1074 


It is instructive to re-evaluate these for a temperature of 125°C (398K) when 
n,~6 x 10'® m3, and again at —55°C (218 K) when n,=5 x 10 m7. 

In Figure A3.1 curves have been included for cases where Ws < ., so that an 
accumulation layer forms at the surface. In these cases the surface has been taken 
to be at X=0. It can be seen that the effective normalized thickness of the 
accumulation layer is in the region of 1 to 2, with the bulk of the excess charge 
confined to a layer that is thin compared to the thickness of a normal depletion 
layer (7 to 8). The use of the simple model of Appendix 2 is thus largely 
vindicated for both accumulation and inversion layers. 
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Channel Transconductance 


A4.1. THE TURNED-ON CONDITION 


In Appendix 2 we show that the charge per unit area in the channel inversion 
lay er, On, is 


On = Cox(Ves — Vr) (A2.13) 


where C,, = €€ox/tox is the capacitance per unit area of the gate oxide, and V; is 
a threshold voltage, which depends on the channel doping concentration. This 
equation assumes that the source and the bulk semiconductor are at the same 
potential: Vos = Vag. When significant drain current flows through the inverted 
channel, an ohmic voltage, Vo,, develops along the channel. As a result, the 
depletion-layer charge density varies along the length of the channel, as does Qy,. 
Equation (A2.13) has to be modified. It is no longer possible for the electrons in 
the inversion layer to maintain thermodynamic equilibrium with the source 
electrons. However, charge conservation has to be satisfied, as do the laws of 
electrostatics. 

To deal with this problem, we use the system of coordinates defined in Figure 
3.3a. First consider an element of the channel, dy, at a distance y from the 
source. Assume that at this point, the local channel potential has increased to 
V(y) above the source potential. The local value of the inversion-layer charge 
density, Q1(y), is diminished for two reasons: first, because of the increased 
voltage dropped across the depletion layer, AV;, + V(y), and secondly, because 
of the extra fixed charge contained in the expanded depletion layer, Qp(y). This 
becomes 


Ov(y) = (2eecesit [A Vin + V(y)]}2 (A4.1) 


The potential difference between the gate and the bulk semiconductor, which was 
previously given by Equation (A2.8), now becomes 


Vos = Vx + AVrn + V(y) = Vop (A4.2) 


The first term on the right-hand side, which was previously given by Equation 
(A2.11), is now 


_ Qvly) + On(y) — Qss 


Vox 
Cox 


(A4.3) 
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with Qp(y) given by Equation (A4.1). The expression for Q;,(y) thus takes the 
form 


Only) = Oss + Col Vos + Ver — AVen — V(y)] 
“= {2e€p€gina[AVen + V(y)}} (A4.4) 


To obtain Equation (A4.4) we have rearranged Equation (A4.3) and substituted 
for Qp(y) using Equation (A4.1). 

What we have really done here is to apply Poisson’s equation in one dimension 
in the direction perpendicular to the semiconductor surface. This is on the 
assumption that the rate of change of electric field strength along the channel (in 
the y-direction) is much smaller than its rate of change through the channel in the 
x-direction. This approximation is the equivalent of Shockley’s “gradual channel” 
approach in the theory of the junction FET. It ceases to be valid at the drain end 
of the channel as pinchoff is aproached. 

In order to satisfy charge continuity along the channel, we require that: 


Ip = On(y)wva = —Qn(y)wu-£, = constant (A4.5) 
Here, 


vg =the electron drift velocity, 
i. = the electron mobility, 
E, = —dV(y)/dy is the electric field along the channel. 


Note that we have defined Q,, to be >0, even though in an n-channel device it 
represents free electrons. Likewise, under normal operating conditions [p > 0 and 
dV(y)/dy >0. Thus, 


dV 
- = constant (A4.6) 





Ip 
Wite = Qn(y) 
The total voltage along the channel may be obtained by rearranging Equation 


‘A4.6) and integrating y from 0 to /, and V from 0 to V(/) = Va: 


In ft, (% | 
s [ dy = i On(y) dV (A4.7) 





wu 


Substituting for Qy.(y) using Equation (A4.4) yields 


Ipl ve 
ar = | {Oss + C.x(Voes + Vop so AV) = C.x.V(y) 


— (2e€p€gina) [AV + V(y)]'7} dV 
= {Oss + Cox(Ves + Vop a AVrn)} Von Te 4Ca.Vin 
— 4(2e€gégina)?{(A Van + Ven)?” — AVTH} (A4.8) 
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This expression may be simplified by substituting Cp as defined in Equation 
(3.18). This represents the depletion layer capacitance at y = 0 at threshold, when 
AV= AVrn? 











Cp = (€€€ sit a/2 AVy,)'” (A4.9) 
We may also substitute V; for the threshold voltage, as defined by Equation 
(2.10): 
0) — 
Vr = Q(0) = Oss AVen — Ver (2.10) 
2€€ gE jn AV. v2 _ 
ut o€sitta AVrn) O88 | AV — Vow 
Cox 
Cc 
= AV (1 + 2=2) _ Ys _ Vop (A4.10) 
Then, 
Inl 2Cp Z Ven 2 Vig vo" 
= (Vos — Va)Von~ WV En + SAVE |S + = ) | 
ew ox (Vos — Va)Von 2 rom AV m3 t AVm 3 1+ Vn, 


(A4.11) 


For very small values of Vo, such that Vo,<< AVr,, we may use a binomial 
expansion of the final term of Equation (A4.11) to give 














Ip! 2C 
= Vz)Ven — 4V2n + 
UbeW Cox (Vos — rT) Ch 2 Ch + Cc. 
4 Cn ay al 3 Ven 3 Ven, -1) 
Ck oes 2AVry, 8 AVA, 
Cc 
= (Ves — Vr)Ven— 3VGn (1 es =) (A4.12) 


At low drain current, when Vo, << Ves — Vr, Equation (A4.12) approximates to: 
Ip! /wue Cos = (Vos = Vr) Von (A4. 13) 


as does Equation (3.10) of the simple theory. But at higher currents, the Va, 
term becomes significant and its coefficient is increased by the factor 1 + Cp/C,, 
in comparison with the simple theory. For vbMos devices this is very significant 
because of the high channel doping concentration n,. Using the values 
tox = 100 nm and n, =1 x 10” m7’, we have Cp = 3C,,. Then, Equation (A4.12) 
becomes 


. w 
Ip = He 7 Coxl(Vas — Vr)Ven — 2Veul (A4.14) 


Remember, this applies only for Vo, «< AV;,—in this case, for Vo, <0.81 V. 
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An alternative way of expressing Equation (A4.8) is in terms of an effective 
threshold voltage V;, that varies slowly with Vo): 


Ipl/mewCox = (Vos — Vii) Von ~ 3VEn (A4.15) 
This has the same form as Equation (3.9), but now 


_ (Qn) — Oss 
M1 = 


Ox 


+ AVan — Ver (A4.16) 


where (Qp) is an average value of the depletion-layer charge density along the 
channel, taken with respect to the channel voltage: 


Von 
[~ Ceevesita) [A Vin + Vy}? aV 


(Qp) = - Ven 
dV 
0 
yu (AVm + Vex)? — AVE 


Sad $(2eegesina V; 
Ch 


(A4.17) 


Clearly, (Qp) and V;, are larger than Qp and V,, respectively. As a result, J, 
and Jpsa) are smaller than the values predicted by the simple theory Byes in 
Section 3.2 of Chapter 3. 

Differentiation of Equation (A4.7) shows that 


Ip et 

aVen a = He Qr(!) 

so that, at pinchoff, Qy(/) =0 and Ip/9Vc, = 0. The drain current thus makes a 
smooth transition into the constant current regime. 


A4.2. AFTER PINCHOFF 


In Section 3.2 we suggest that pinchoff occurs and the constant-current region 
starts when Q,(/)=0, and this has been corroborated by the theory just 
presented. However, a closer examination of this theory shows it to be riddled 
with self-contradictions. For example, with Q, (/) = 0, current continuity requires 
that v4=© at the drain end of the channel. Even if E, became infinite at y =/, 
we have seen that that the carrier drift velocity saturates at a value of 
9.2 x 10* m/s (u,) for fields higher than about 5 x 10° V/m (E,). In Section 3.2 we 
also discuss what happens when the electric field along the channel becomes so 
large that the carriers travel at their saturation drift velocity along most of the 
length of the channel. This leads to Equation (3.14), but it brings further 
problems. Adapting Equation (A4.5) to this situation would imply 


= On (y)wu, = constant (A4.18) 
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With v, fixed, Qy must be independent of y. But that is not possible if the 
channel voltage, V(y) is to vary, which it must in order to provide the field, E,, 
in the first place. So what really happens? 

We start to try to unravel this problem by simplifying the assumed variation of 
drift velocity with electric field. We take the mobility to remain constant for 
0<E<E,, and assume that the drift velocity saturates at v, for E > E,. This is 
shown in Figure 3.5, where it can be seen that it represents an overestimate of pu, 
at high fields. | 

As long as 


On(y) > Ip/wu, (A4.19) 


everywhere in the channel, the assumptions that led to Equation (A4.8) remain 
valid. Consider first a situation in which Veg is held constant and Vpg is increased, 
thereby increasing Vc, and 4, according to Equation (A4.8). Note that Qn (y) is 
smallest at the drain end of the channel, and that Q,,(/) decreases as Jy and Va, 
increase: 


On(!) = Oss + Cox(Vas + Ver — AVrn — Ven) 
- [2eegegina(AVrn ae Von) ]* (A4.20) 


We have obtained Equation (A4.20) by substituting y=/ and V(J) = Va, into 
Equation (A4.4). 


When the limiting condition of (A4.19) is reached at the drain end of the 
channel—that is, 


oe Ip _ Lpvsary 
Onl) = cn ae | (A4.21) 


—the drain current Jp ceases to increase with further increase in Vps, remaining 
constant at Ip = Ipsaty. The potential variation along the channel, V(y), and with 
it the charge distribution Oy, (y), becomes “pinned”. They are not significantly 
influenced by further increase in Vps. Any such increase simply sets up the 
familiar space-charge layer at the channel—drain junction. Conditions in the 
channel are not affected unless the space-charge layer causes a significant 
reduction in the channel length /. With the high channel doping levels used in 
VDMOS FETS, this should not occur. 

We now have a new definition of pinchoff. The drain current, Jp, is given by 
Equation (A4.8), the inversion layer charge density at the drain end of the 
channel. Qy,(y), is given by Equation (A4.20), and at pinchoff they are related 
by Equation (A4.21). To calculate Ipysa) we have to solve these equations 
simultaneously. The effect of the new theory is to cause a further reduction in the 
predicted value of Ipisaty, compared with the simple theory of Chapter 3 and with 
Equation (A4.11). 

It is interesting to see how conditions in the channel become “pinned” in the 
way we have described. Once vu, is reached at the drain end, larger values of [p 
would require an increase in Q,,(/). But that is not possible without reducing 


450 APPENDIX 4 


V(i) = Ve, and hence Jp itself. Thus VQ, becomes fixed, and the drain current 
saturates. 

We have seen that, just above threshold, Ipjsy,) and hence Qy(/) are 
proportional to (Vas — Vr)*. But Qr(0) is proportional to Vos — Vy. With larger 
gate voltages applied and hence larger drain currents, Q,(/) becomes an 
appreciable fraction of Q,,(0). Then, both are constrained to increase together in 
direct proportion to Vgs— Vy, and so Ipysary also becomes proportional to 
Vos ces Vr. 

At the drain end of the channel the gradual channel approximation no longer 
applies. Indeed, in order to account for the current and voltage distributions 
here, we may have to invoke two new effects. One is that the carrier 
concentration gradient may become sufficiently high for diffusion to account for a 
significant proportion of the total current. The other is that the potential 
gradients parallel and perpendicular to the channel may become comparable in 
magnitude, with the result that Poisson’s equation has to be satisfied in two 
dimensions. | 

The assumed discontinuity in the variation of vg with E, gives rise to a 
discontinuity in each Jp versus Vps curve. It is clear from Figure 3.1 that no such 
sharp transitions occur in practice. The use of a device model that implies this can 
lead to difficulties in some circuit modelling and simulation packages. 

To model an actual device more closely, two further effects have to be 
considered. First, the correct relationship of drift velocity versus electric field 
should be used. This will tend to reduce the value of J, at higher values of Va, 
and to smooth out the onset of saturation. Higher values of E, are needed to 
support a given current than those predicted by the idealized curve. Secondly, 
due notice should be taken of the dopant concentration gradient along the 
channel from source to drain. This is a consequence of the double diffusion 
process used to define the channel. It means that Qp(y) increases with V(y) at a 
rate less than that predicted by Equation (A4.1). As a result, Oy (y) decreases 
less than the amount predicted by Equation (A4.4), and the reduction in Ipjsaty 
compared to the simple theory is less than Equation (A4.8) would suggest. 

For more precise modeling, both effects may be put into the theory just 
discussed. We may use the appropriate function for n,(y), derived from the 
double diffusion process. This needs to be introduced into Equation (A4.4) to 
obtain Q,,(y). It is then necessary to use numerical methods to solve Equation 
(A4.7) for Jp as a function of Vo,. We may also find a more satisfactory way to 
define the field-dependent mobility, u.(E,), or the drift velocity, uy(E,). The 
empirical expression proposed in Ref. 2 of Chapter 3 is 


UeEy 
[1+ (ueE,/v,) 
The saturation drift velocity, v,, and the index, a, were determined to give a best 


fit. Their values were 92,300 m/s and 1.92, respectively. The low field mobility, 
4., depends on the normal field, E,: 


va(Ey) = (A4.22) 


Ho 


SENT sa (4.23) 


He 


where E, = 30.5 V/um and c = 0.657. 
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Neither of these expressions is very convenient for analysis, and they were 
obtained from carefully prepared specimens having a much lower doping level 
than that of a typical power mosret. The effect of using a=2 and w=1 in 
Equation (A4.22) is shown in Figure 3.5. Putting a=1 does significantly 
underestimate the drift velocity, just as our earlier approximation overestimated 
it. But it does permit a straightforward analytical solution of the device equations 
to be obtained. Equation (A4.5) becomes: 


= —2nwn, 





D4 E,/E,) (A4.24) 
where E, = u,/u,.. Thus, 
IpnE 
b+——= —Onwu.£, 
dV 
Ip = (Qi. WHe — [p/Es) dy (A4.25) 


Integrating the left hand side from 0 to / and the right hand side from 0 to Vq,, as 
before, we obtain: 


Io(! + Ven/E.) = | Onwu. dV (A4.26) 


Carrying out the integration as before, yields Equation (A4.8) or (A4.11), with / 
replaced by / + Vq,/E,. The effect of the reduced high field mobility is simply to 
cause an apparent increase in the length of the channel of VQ,/E,. With 
E,=1.85 V/um, and /=1ym, the effective length of the channel is doubled 
when Vo, = 1.85 V. 

The electron mobility at low longitudinal fields also varies with the mean 
normal field in the inversion layer, E,, which can easily be related to the gate 
voltage: 


Pere * 
E,= (Qn - 20n) (A4.27) 
€0€ si 
Qn a (= aYn)" oo 

a aan 16[V/um] (A4.28) 

On - Cox(Vos — Vr) _ ox "Gs ~ YT Ves — Vr 

2Eo€Es; 2€0€si Es, 2tox 
Then, 

E,/{[V/um] = 16[1 + 0.1(Ves — Vz)] (A4.30) 


Equation (A4.23) is also not a very convenient form for obtaining analytical 
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solutions, although an even more complex, semi-empirical, expression has been 
proposed [1]. This fits a wide range of experimental results of different workers, 
and takes account of several expected carrier scattering mechanisms and their 
variation with temperature, field, doping concentration, and surface condition. 
The surface charge density, Qss, is expected to give rise to significant scattering, 
even though it is shielded by electrostatic screening at high carrier densities. This 
has been confirmed by experiment [2]. 

It is most convenient if the data for the variation of pu, with E,,. can be fitted to 
Equation (A4.23) with c = 1. Then, 


Uo 


(1+ E/E) (A4.31) 


he = 


Approximate values for 4 and Ep» under the conditions obtaining in a power 
MOSFET are 0.06 m’/Vs and 30 V/um, respectively. Thus, substituting Equation 
(A4.30), we obtain: 


Heo 


[1+ (Vas — Vz)] et 2) 


Le = 


where [eo = 0.052 m*/Vs and 6 = 0.014 V—!. 
Putting all these effects together, the equation for the linear region of the 
characteristics becomes: 


IC. 2 Vv, 2 Ve, \32 
1)C.x{(Vos — Vr)Ven —4 on tal 5+ s t= ( <=) |} 
; Pas {( GS +t) Von Vin AV 3 AV 3 l+ay 
"7 (1 + O(Ves a aT + eo Von! lu] 
(A4.33) 


The drain current saturates when OJp/9Vo,=0, so there is no discontinuity at 
that point. 

To represent our typical IRF540 device, we have assumed the following 
parameters, using slightly larger values for 4.9 and 0: 


‘Meo = 0.06 m?/Vs w/l=1.4 x 10° 
Cox = 3.45 X 1074 F/m? Cp = 10.2 x 107* F/m? 
@=0.02 Vv"! lu./Uep = 1.3 V 


In SI units, Equation (A4.33) then becomes: 


30{(Vos — 3.5)Von — 4V Eq + 3.9[F + 1.24Veqy, — 4(1 + 1.24Vey,)7>7F} 


I= 
7 [1 + 0.02(Vgg — 3.5) + 0.93Veu] 


and 
Vps = Von + IpR DS(on) (A4. 34) 
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It is Equation (A4.34) that is plotted in Figure 3.7 and the corresponding values 
of Ipcsaty) are Shown in Figures 3.4 and 3.6. 
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Cell Geometry 


In Section 3.4 the device transconductance g,,, and hence the current-controlling 
capability of the MOSFET, are shown to be proportional to the gate width w. As a 
result, an important design objective must be to obtain as wide a gate as possible 
on a given area of silicon. 

In principle, vpMos FET gates may be laid out as linear arrays, interdigitated 
with the source, as shown in Figure 3.9a. Then, the gate width per unit area is 
simply w/A =1/a, where a is the pitch of the array. Photolithographic line 
definition and mask registration set a lower limit to the pitch size. 

Aside from these considerations, it is also important that spacing between the 
channel diffusions, b, should always exceed a certain minimum value. The reason 
for this is that built into the vpMos structure is a parasitic JFET in series with the 
drain. This is described in Section 3.6. It is most likely to have a serious effect in 
high-voltage devices, in which the epitaxial layer is more lightly doped. What 
happens is that the conduction path below the gate is pinched off by the depletion 
layers that form around the junction with the p-type regions. 

The alternative to the linear gate geometry is a cellular array. There are 
several reasons why, in practice, the latter is normally preferred. By comparison, 
the linear structures have a lower packing density (w/A), they give rise to a 
higher device capacitance, and they usually require rather more complicated 
photolithographic masks. The long gate fingers give rise to significant resistance 
when a polycrystalline silicon gate is used, and this causes turn-on delays. 
However, one manufacturer advocates the use of a linear metal gate structure, in 
conjunction with a simple four-mask fabrication process, for producing inexpen- 
sive high-voltage devices. Another, quite sophisticated interdigitated design has 
been made for high-frequency applications [1]. 

Several different cellular structures have been proposed, and of these, a few 
remain in widespread production by different manufacturers. Designs have used 
cells of hexagonal, square, and even triangular shape, and they have been based 
on square or hexagonal lattices. Some of the options are illustrated in Figure 3.9. 
Technological advances have led to a reduction of the cell pitch, and hence to 
larger values of gate width for a given chip size. More than three million cells per 
square inch have been obtained, giving gate widths exceeding 1m on a 10-mm? 
chip (100 x 150 mil). Reducing cell dimensions also gives rise to a more uniform 
current distribution in lower-voltage devices, for reasons discussed in Section 3.5, 
and this brings the further benefit that it lowers Rpscon). 

Let us assume that the need to avoid the effects of the parasitic FET, together 
with the level of technology used in fabrication, sets a lower limit on the spacing 
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between adjacent channel diffusions under the gate oxide. Note that this distance, 
b, is about 5 um less than the breadth of the polysilicon arms forming the gate 
web. (It must be clearly distinguished from the gate width, w, which depends on 
the total length of these arms.) Then, for each of the possible cell structures there 
is an optimum cell pitch that maximizes the value of w/A, the gate width per unit 
area. Consider the case shown in Figure 3.9b, where hexagonal cells of side s lie 
on a hexagonal lattice of pitch a. Each cell occupies an area V3 a?/2 and provides 
a gate width of 6s. The geometry of the configuration means that a=b + V3s. 
Thus, 


12s 


w 
A V3(b+V3sy a 


Differentiating with respect to s and setting the derivative equal to zero shows 
that w/A is a maximum when s = b/V3, and hence a = 2b. Thus, 


w 1 \ ee? 
Ee ere vree 


Results for other cell patterns may be derived similarly and are set out in Table 
A5.1. On this argument the hexagon-on-hexagon, square-on-square, and triangle- 
on-hexagon arrangements are equally good, and have a slight advantage over the 
others. 

Clearly, the smaller b can be made, and with it a, the larger is (w/A) max. 
However, the limit on 5 is far from being the only constraint. In particular, the 
need to make a low-resistance ohmic contact to the source means that the cell size 


TABLE A5.1. Optimum Cell Geometries 





Condition 





Figure Configuration Constraint for (w/A) max (W/A) max 

3.9(a) Linear a=b+s s—>0 1/a=1/b 

3.9(b) Hexagons a=b+V3s s=b/V3 1/b = 1/V35 =2/a 
on hexagonal 
lattice 

3.9(c) | Hexagons on a=b+2s s=b/2 3/4b =3/8s =3/2a 
square lattice 

3.9(d) Squares on a=b+s s=b 1/b =1/s =2/a 
square lattice 

3.9(e) | Squares on a=b+V2s s=b/V2 1/V2 b =2/s = V2/a 
an offset 
square lattice 

3.9(f) Squares on a~=(2/V3)\(b+s)  s=b V3/2b = V3/2s = 2/a 
a hexagonal 
lattice 

3.9(g) Triangles on a= V3(V3b +5) =V3b 1/b = V3/s =6/a 

hexagonal 


lattice 
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Figure A5.1. Variation of gate width per unit area with cell size. Hexagons on a hexagonal 
lattice with b = 14 um. 


s may not be made too small either. As a result, it is normal practice for the cell 
pitch a to be made rather larger (for a given value of b) than the optimum cell 
pitch predicted by the simple theory and set out in Table A5S.1. The important 
parameter (w/A)max iS not very sensitive to such variations, as can be seen in 
Figure A5.1. Thus, the HEXFET shown in Figure 3.10a has b=14 um but 
a = 38 um (s = 144m). Even so, the gate width per unit area is 0.067 m/mm*, 
compared with the optimum value of 0.071 m/mm? when a = 28 um (s = 8 um). 

There are two other important considerations. The first is concerned with the 
added resistance that results from the higher current density under the gate oxide 
between the p diffusions. This is less when the shortest distance between adjacent 
cells lies between their vertices rather than their sides. This goes some way to 
redress the slight disadvantage of the arrangements of Figures 3.9c, e, and f. The 
second consideration is the need for an even distribution of current around the 
whole width of the channel. This is obtained more easily with the more obtuse 
vertices of the hexagonal cell than it is with square or triangular cells. 

Overall it can be said that the theoretical advantages of one cell arrangement 
over another are at most marginal. What matters is the exploitation of their 
respective merits by the development of sophisticated, specialized manufacturing 
techniques. 
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ON-Resistance and Breakdown Voltage 


A6.1. BASIC EQUATIONS 


Here we give a simple theoretical treatment of the expected functional relation- 
ship between the avalanche breakdown voltage Vg and the basic ohmic resistance 
R of a planar p*n-n* diode structure. It should be understood that R is the 
resistance presented by the n™ layer to a uniformly distributed current of majority 
electrons, when there is no conductivity modulation by minority carriers. We 
shall show how an optimum doping profile may be determined, in theory. 
However, of greater significance is the form of the variation of R with Vz. 
The resistance of such a diode of area, A, is given by 


_ ae 


(A6.1) 


In Equation (A6.1) the x-coordinate is defined to be perpendicular to the 
junctions, with its origin at the p*n™ junction. The total thickness of the n7 
region is d. The value of np(x), the donor concentration, may vary locally, and 
with it so does the local value of the resistivity p. As usual, e is the electronic 
charge and mu, the electron mobility. At 25°C and low doping levels, u.= 
0.15 m’/Vs. This value becomes 0.07 m?/V s at 125°C and 0.32 m2/Vs at —55°C. 
The electron mobility also varies with mp, which is a matter we return to. 

Under conditions of reverse bias the electric field is determined by Poisson’s 
equation, as shown in Appendix 1. The maximum field occurs at the p*n7 
junction, as shown in Figure A6.1. Two situations are illustrated. Both assume 
that mp is uniform. In the first case the depletion layer has not quite reached 
through to the n-n” junction. Raising the applied voltage increases the field by 
the same amount everywhere until the breakdown field Ey, is reached at the p*n™ 
junction at the voltage Vg. In the case illustrated this has caused reachthrough. 
At low values of np, Eg = 2.2 x 10’ V/m. This value also varies slowly with np, as 
we discuss in due course. The total voltage dropped across the reverse-biased 
structure is 


[22 


0 €o€s;j 


d 
Va = Egd — [ ax'| dx (A6.2) 
0 
Note that we have neglected as very small the voltages dropped in the p* and n* 
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Figure A6.1. The p*n-n* junction under reverse bias. Heavy cross-hatching shows extent 
of depletion layer at low voltage when it just reaches the n-n* junction. The lighter 
hatching shows the depletion layer at breakdown when E reaches Eg. 


regions, which are represented by the areas shaded in those regions. They are 
usually quite negligible compared to the voltage across the n™ region. | 


A6.2. FUNCTIONAL RELATIONSHIP 


Ideally we wish to find the doping profile np(x) that minimizes RA in Equation 

(A6.1). However, the functional relationship between RA and V, can be 

established without going through the full minimization procedure. We do this 

first for the simpler case when rp is uniform. It is important to understand that 

this does not affect the functional relationship, only the optimum value of RA. 
With uniform doping, Equation (A6.1) becomes: ; 





RA = d/npen-. | (A6.3) 

and Equation (A6.2) becomes 
Va = End — 2002 A6.4 
B B Deceu (A6.4) 


When rp is very small, the field remains constant at Ep, and Vg~Egd, as 
shown in Figure A6.2a. When np is such that the depletion layer just reaches 
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AE 





(a) (b) 


Figure A6.2. Effect of doping profile on electric field distribution. (a) With very lightly 
doped n™ region; (6) more heavily doped n™ region, such that breakdown and 
reachthrough occur at the same voltage; (c) field distribution corresponding to the 
optimum doping profile of Equation (A6.26). Note that V, is represented by the hatched 
areas under the curves of E,, and that dE/dx = (n, — np)e/(€oés;). In (a), Eg ~ constant, 
so that V, ~ Egd. In (b), Va = $Epd. 


through to d, as shown in Figure A6.2b, Vg ~4Egd. In general we may write 
Vg = Egd/a (A6.5) 


where a is a constant between 1 and 2. Then, eliminating d from Equation 
(A6.4), 


1\ €9€5,E2 
Np = 2(1 = -) i (A6.6) 
so that 
d a’V2, 
(A6.7) 


Ape 2(a— Lu €o€ si EX 


Thus we have the result that RA « V4. 

This relationship needs to be modified to allow for the dependences of Eg and 
ut. on the doping concentration np. These are shown in Figures A6.3 and A6.4. 
Clearly, the dependence of E has much greater effect because of the third-power 
relationship in Equation (A6.7). 

In order to keep the analysis general, put uw.*np5* and Egxnyp. Then 
Equation (A6.3) becomes 


RA =k,dn5°-” (A6.8) 
and Equation (A6.6) becomes, after rearrangement, 


Ve = kn? /np = konp5-™ (A6.9) 
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Figure A6.3. Variation of breakdown field with doping concentration. The curve shown is 
for an abrupt, asymmetric, plane p*n junction. 


Substituting Equations (A6.5) and (A6.9) into Equation (A6.8) gives 


V, 
RA=k, — n5O- = k,Vang-*) 
B 
=k,VZ (A6. 19% 
where 
2~-x—y | 
ey (A6.11) 


We have introduced the coefficients k,, k,, and k; in order to simplify the 
constant terms in the expressions. 

From Figures A6.3 and A6.4, it can be seen that over a narrow range of values 
of ny, in the region of 10** m~? (the region of interest to us), x = 0.06 and y ~ 0.1. 
These values give w = 2.3. This would be different at other values of np. Indeed, 
we should expect a@ to increase at higher doping levels. This helps to explain why 
several different values for a are to be found qouted in the literature. For 
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Figure A6.4. Variation of bulk electron mobility with doping concentration. 
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example, a well-established empirical relationship [1] between V, and np for 
silicon p*n diodes that do not “reach through”’ is (in SI units) 


Va = 60(np/ 10°)-3 (A6. 12) 


If we use Equation (A1.15) from Appendix 1 in conjunction with this by putting 
Eg = Eo, Va = Vo — Vep, and 1/n, = 0, we obtain 


2enp Va\ 
E,= (2) (A6.13) 
E0€si 
=k,ny* (A6.14) 


That is, y=0.125. With x =0, this gives a = 2.5. Another quoted approximation 
[2] is 
Ex = 78 x 10°V 3°? (A6.15) 


Substituting Equation (A6.12) gives 
Eg = ksnh (A6. 16) 


Using x = 0 and y =0.15 in Equation (A6.11) gives the frequently quoted value 
aw =2.6. With the constants evaluated, 


(RA) optimum = 4 X 107° Vg" Qm? — (Vg in volts) (A6.17) 


A6.3. OPTIMIZATION WITH UNIFORM DOPING 


We wish to minimise RA (that is, d/np), subject to the constraint imposed by 
Equation (A6.4). This equation may be arranged as | 
d\* 2€€s:\En/d\  2€0€s; 
(=) -=otsite (S) 4 “Ses y, =0 (A6.18) 
Np enp Np enn 
We are seeking the value of np which gives the lowest value of d/np consistent 
with Equation (A6.18). To simplify the algebra, put y = d/np, b = 2€o€s;Es/en}, 
and c = 2€9€s;V_/en>. Then Equation (A6.18) may be written as 


f(y)=y’?— by +c =0 (A6.19) 


One way of solving this type of problem is to introduce a Lagrange 
undetermined multiplier 4 and seek the minimum with respect to mp of 
y +Af(y). This requires that 


rs) db dc 
oa? +A =constant ~~ (- a tee = 
an [y + AF (y)]y=constant = Al —y Frees in 
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That is, 
- = dc/dnp 
y Ymin db/dnyp 
Je 2E€ges Vp (=) e (22) 
é Nb 2€g€si;Ep —2 
= 3V,/2np Ep | (A6.20) 


Substitution of Equation (A6.20) back into Equation (A6.19) or (A6.18) yields 
the required optimum value for np: 


9V2 2€9€siEp 3Ve 2€o€si Vp 








4nbER en InpEy” enh 
Therefore, 
a a <ocs2 (A6.21) 
so that 
Np = 4€9€5,E5/9eVg = (Np)opt (A6.21a) 
and 
d 3V5, 9eVa_ 
5 DBs Retakb 
. ) 
: a (A6.21b) 
Hence, 
d 27V3, 
npehte Be oesiMeES wee 
At 25°C, with u, = 0.15 m*/Vs and Ey =2.2 x 10’ V/m, 
RA=2X10""'V3.Qm? (Vg in volts) (A6.23) 


Although this may be quite a neat piece of analysis, it clearly suffers from a 
number of serious shortcomings. In the first place, there is the assumption of a 
uniform doping profile. Next is the neglect of the variation of E, with np. Finally 
there is the neglect of the variation of u. with np. However, the analysis may 
readily be extended to deal with each of these factors, as shown in the next 
section. 


ON RESISTANCE AND BREAKDOWN VOLTAGE 465 


A6.4. OPTIMUM DOPING PROFILE 


The optimization procedure using Lagrange multipliers may be extended so as to 
obtain the optimum doping profile required to minimize RA [2]. When np is a 
function of position, 





_f_da _ f* —dx 
gf feria Geeta (6.24) 
and ; 
ae i ~F dx (A6.25) 


a solution of which was given as Equation (A6.2). The optimum profile [2] is 
found to be 


2 
€o€siER 


nol) = 5,1 — 2Eax/3V,) 2 


(A6.26) 


That is, the donor doping density is lowest just before the p*n~ junction and 
increases with x, becoming large as x > d = 3V,/2E x. The corresponding electric 
field distribution is shown in Figure A6.2(c) This profile gives 


(RA) min = 3V8/€0€site Ep (A6.27) 


This represents an 11% improvement over the case of uniform doping, as given 
by Equation (A6.22). 

Still further refinement to the theory could be obtained by putting the 
empirical variations of FE, with 4. and 7p into the analysis at the beginning of the 
optimization procedure. To the knowledge of the authors this analysis has not 
been published, and the problem is left to the interested reader with time to 
spare. However, this detail is academic in view of the lateral nonuniformities in 
actual devices caused by the source and channel diffusions. And it does not affect 
the predicted functional relationship between RA and Vg in optimized devices. 
This should involve a power law with an index in the region of 2.5, and a 
coefficient in SI units of about 6 x 107. Thus, 


(RA) ope = 6 X 107 V35Qm? —_(Vz in volts) (A6.28) 


Equation (A6.28) is plotted as the “theoretical limit” in Figure 3.14. As 
explained in Section 3.5, more important considerations associated with the 
lateral nonuniformity of the current distribution in real devices determine the best 
doping profile to use in practice. 
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A Power-MOSFET Data Sheet 





A7.1. INTRODUCTION 


Figure A7.1 shows a typical power-mosFeT data sheet. Data sheets from different 
manufacturers initially were very similar, especially where they used the same 
industry-standard part numbers. However, as new ratings have been introduced, 
manufacturers have adopted different rating methods and styles of presentation. 
Some of these alternatives are identified in the notes that follow. The notes refer 
to sections in the specimen data sheet which have the appropriate number 
alongside in the left-hand margin. 


A7.2. NOTES ON DATA-SHEET FEATURES 


1. Power-mosFeT Symbol. Some manufacturers have chosen to use a zener- 
diode symbol to represent the integral body—drain diode in order to draw 
attention to the repetitive avalanche capability. oe continue to use an 
ordinary diode symbol. 

2. Product-Summary Ip Rating. The value given for the Jp rating in product 
summaries and brief device descriptions is usually the Jp rating with the case 
temperature held at 25°C. In practice it is impossible for the case temperature to 
be held at 25°C while the device is carrying this current unless it is cooled by 
exotic means. However, it has become common practice in the power- 
semiconductor industry to use the 7; =25°C value for the current rating of the 
MOSFET. A more usable current rating is given by the Jp rating with the case 
temperature held at 100°C, given later in the data sheet. The use of a plainly 
optimistic value for the MOSFET current rating has its parallel in bipolar-transistor 
data sheets, where it is common to assign an J, rating to the transistor which is in 
practice not usable because of the low gain of the transistor at that value. 

3. Voltage Downgrades. Devices are usually selected for voltage breakdown 
after packaging. Manufacturers commonly sell two voltage grades of the same 
device—‘‘prime” devices which meet the higher voltage specification, and 
“downgrade” devices which meet a lower voltage specification. Since the 
thickness of the epitaxial drain region is the same in both cases, the Rpscony is the 
same, so that the lower-voltage device does not have an optimally low value of 
Rpsion): Devices may also be graded according to Rpscon). 

4. Device Marking. As well as the part number, manufacturers commonly 
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INTERNATIONAL RECTIFIER 





REPETITIVE AVALANCHE AND dv/dt RATED* 
LOWER ON STATE RESISTANCE, 175°C OPERATING TEMPERATURE 


HEXFET® TRANSISTORS 


N-CHANNEL 
POWER MOSFETs 





IRFS40 

IR-F-S41 

IRFS42 
IRFS43 





100 Volt, 0.077 Ohm HEXFET 
TO-220AB Plastic Package 


The HEXFET® technology is the key to international 

Rectifier's advanced line of power MOSFET transistors. 

The efficient geometry and unique processing of this latest 

“State of the Art” design achieves: very low on-state 

resistance combined with high transconductance; superior 
- reverse energy and diode recovery dv/dt capability. 


The HEXFET transistors also feature all of the well 
established advantages of MOSFETs such as voitage 
control, very fast switching, ease of paralleling and 
temperature stability of the electrical parameters. 

They are weil suited for applications such as switching 


power supplies, motor controls, inverters, choppers, audio 
amplifiers and high energy pulse circuits. 


CASE STYLE AND DIMENSIONS 


10.54 (0.415) 
MAX, 
/, 


15.09 (0.594) 
MAX. 





: 


13.97 (0.550) 
MAX. 


‘This data sheet applies to product with batch codes that begin with a digit, ie. 2A3B 


Product Summary 
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Part Number 
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FEATURES: 
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@ Ease of Paralleling 


10.54 (0.415) 
2.87 0.143) 10. 
- : 3.78 (0.148 
} | Eocene A 


1$.09 (0.594) 
14 84 (0.586) 


TERM 4 - 
ORAIN 


1.32 (0.052) 
1.22 42.08 


TEAM 3 - SOURCE 
TERM 2 - DAAIN 
TERM! ~ GATE 


2790 10) 
2.7910 690) 





§.33 (0.210) 


13.9) 10 550) rere 
347 S30) 


g SECTION Rmx 
& $1 106.020) 
41 (0016) 


—-l be 0.939 10 037) 
20810114) a6H (0.077) 
264 (i 10a) 

Case Styie TO-220A8 

Dimensions in Millimeters and (inches! 





140 (0.055) 
T1510 005) 





Figure A7.1. Power-MosFeT data sheet. 
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Figure A7.1. (Continued) 
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Source-Drain Diode Ratings and Characteristics 
a. 
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include the date of manufacture. Typically this consists of a four-digit number in 
which the first two digits represent the year and the second two the week. Thus a 
device marked 8723 would have been made in the 23rd week of 1987. Some 
manufacturers use their own code which is not readily interpretable by the user. 

5. Current Rating at T.= 25°C. (See note 2.) This rating is the value of the 
drain current which will raise the die temperature to its maximum allowable value 
while the case is held at 25°C. The maximum allowable dissipation is 150 W at a 
die temperature of 175°C. The Rpgon) of the device is 0.0772 at a die 
temperature of 25°C. From the graph shown in Figure 9 of the data sheet, the 
resistance of the die at 175°C is 2.5 times its resistance at 25°C. Therefore, since 
the power dissipation in the die is given by 


P, = TiRopscon) (A7. 1) 


the current rating at 7. = 25°C is then 


Ip = V(Fa/ Rpscon)) 


_,/_ 10 
~ V0.077 x 2.5 
=27.9A (A7.2) 


This agrees with the data-sheet value to within the accuracy to which the graph of 
Rysiony Versus temperature may be read, and the data sheet is self-consistent. 


6. Current Rating at T-= 100°C. (See note 2.) Jp may be calculated in the 
manner described in note 5 except that P, will be reduced because of the higher 
case temperature. The allowable power dissipation is given by 


Rec 


p, = Lien — 100 (T in °C) (A7.3) 


7. Pulsed Drain Current. This is the maximum allowable value of the drain 
current and is typically four times the 25°C average-current rating. The 
dissipation is such that this level of current can only be sustained for a short time. 
without exceeding the maximum allowable die temperature. The soa graph 
(Figure 4 of the data sheet) gives an indication of the allowable length of a 
current pulse for a given current magnitude. The value of Jpy is mainly 
determined by reliability considerations relating to such factors,as bonding-wire 
fatigue and metal migration. Power MosFets will generally survive pulses of 
current in excess of [py provided the die temperature does not reach a harmful 
level, although repetitive exposure to overcurrents will compromise the reliability 
of the device. | 

8. Maximum Allowable Power Dissipation. This is the power dissipation 
which will raise the die temperature to the maximum allowable value when the 
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case temperature is held at 25°C. Therefore in this case 


P = Tycmax) = 25°C 
d= 
Rec 
_ 175-25 


== = 150 W (A7.4) 





9. Linear Derating Factor. Enables P,; to be adjusted in accordance with the 
case temperature. 

10. Maximum Allowable Gate—Source Voltage. This is determined by the 
thickness of the gate oxide and its dielectric qualities. +20V is almost an 
accepted standard for this rating, except that at least one manufacturer offers 
+40 V, while low-threshold devices can be expected to have lower limits. The 
margin between the maximum allowable value and the voltage at which the oxide 
breakdown will occur varies from manufacturer to manufacturer. For standard 
power MOSFETs with a 20-V limit, a well-controlled manufacturing process should 
be able to deliver gate-oxide breakdown voltages of the order of 50 V with a 
spread of a few volts. In a last resort this gives the user some security against 
accidental gate overvoltage, but, as the graph in Figure 18 of the data sheet 
shows, exposure to voltages above the allowed limit can rapidly cause degrada- 
tion of the gate oxide. The gate may also carry a rating which guarantees that the 
oxide will not rupture below a given voltage [1]. 

11. Single-Pulse Avalanche Energy. This is the maximum energy dissipation 
allowed during avalanche breakdown for a single pulse of avalanche current. The 
test circuit is described in Figure 14a and 6 of the data sheet, while the conditions 
of the rating are given in note @. The value of avalanche energy given here is 
valid only when the starting temperature of the die is 25°C. The graph given in 
Figure 14 shows how this value must be reduced for other starting temperatures. 
Other manufacturers use a different method of specifying avalanche energy. The 
topic is discussed more fully in Section 3.6.4. 


12. Avalanche Current. The maximum allowable current in avalanche break- 
down. Note @ of the data sheet is a reminder that avalanche current produces 
die heating and maximum junction temperature limitations must be observed 
however heating occurs. While some manufacturers prefer to specify avalanche 
capability in terms of an unclamped inductive load test [2], there is a school of 
thought which prefers to specify avalanche rating as an extension of the 
conventional SOA graph [3]. 

13. Repetitive Avalanche Energy. The repetitive avalanche energy rating is the 
highest value of repetitive avalanche current that can be allowed (see data-sheet 
note @). The duration and frequency of the pulses are limited by the 
requirement not to exceed the maximum junction temperature. 

14. Diode-recovery du/dt. The maximum rate of rise of drain—source voltage 
permitted upon recovery of the body—drain diode. The rating conditions are 
given in data-sheet note G). Other manufacturers have different names for this 
rating and different methods of specification. See Section 3.6.4 for a full 
discussion of the topic. 
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15. Maximum Junction Operating Temperature. This is determined primarily 
by reliability considerations. The maximum die temperature is that temperature 
which gives an acceptable device lifetime when blocking rated voltage. With the 
passage of time, ion migration leads to an increase in leakage current. At low 
operating temperatures this effect is negligible, but at high operating tempera- 
tures the device eventually may no longer meet the specification and may even 
fail due to a thermal runaway. A typical maximum junction-temperature rating 
for a power MOSFET is 150°C, although, as in this case, some lower-voltage devices 
may be rated at a higher temperature where reliability tests show that this is 
merited. 


16. Drain-Source Breakdown Voltage. The maximum allowable drain current 
at the rated breakdown voltage is 250 4A. The temperature relevant to this 
condition is 25°C. This is stated in the table heading—‘‘Electrical Characteristics 
@ Te =25°C...”. 

17. Static Drain-Source On-State Resistance. Usually measured using a low 
duty cycle pulsed drain current to reduce heating of the die. 

18. On-State Drain Current. This is not a widely used rating. It represents a 
guarantee of the transconductance of the device at rated current. It ensures that 
the device will conduct rated current with Vos = 10 V. 


19. Gate Threshold Voltage. The gate voltage required to produce 250 uA of 
drain current is guaranteed to be not greater than 4.0 V. At the same time it is 
guaranteed that at a gate voltage of 2.0 V the drain current will be less than 
250 uA. For most power MOsFeETs a drain current of 250 uA is, in theory, likely to 
be in the subthreshold region (Section 3.3). 

20. Forward Transconductance. A benchmark point on the transconductance 
curve (see Figure 6 of the data sheet). Note the importance of temperature in this 
rating. | 

21. Zero-Gate-Voltage Drain Current. This is the corollary of the drain— 
source breakdown voltage rating in that the maximum allowable drain current in 
the oFF state is the condition used for specifying the breakdown voltage. The 
maximum current is also given for a higher-temperature, lower-voltage condition. 

22. Forward Gate-Source Leakage Current. The maximum gate-source cur- 
rent that can be expected if the gate is “healthy”. A greater leakage current than 
this implies that the gate oxide has been damaged. A device with some degree of 
gate-oxide damage may continue to function but early failure is a high 
probability. Typical gate leakage currents are much lower than the figure given 
here. 

23. Reverse Gate-Source Leakage Current. See note 22. 

24. Total Gate Charge. This is another benchmark rating. It gives the 
maximum charge drawn by the gate when its voltage is changed from 0 to +10 V 
to turn on a current of 28 A from a supply of 0.8 times the voltage rating of the 
device. The magnitude of the drain current has little influence on the total 
charge-transfer value, but, as can be seen from Figure 11 of the data sheet, the 
supply voltage does affect the total charge, due to differences in the charge 
transferred through the drain—gate capacitance. The maximum value of the total 
charge for a given gate voltage can be obtained by interpolating from the 
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maximum value quoted in the numerical data and the shape of the curve given in 
Figure 11 of the data sheet. The total gate charge is an important quantity, since 
the charge multiplied by the switching frequency gives the average current passing 
through the gate driver circuit due to charging and discharging of the gate [4]. 

The total gate charge can also be used to calculate the turn-on time of the MOSFET 
(see Section 4.4). Designers are usually interested in the amount of charge that is 
transferred during switching rather than capacitance values. Therefore manufac- 
turers have moved from guaranteeing maximum values of input, Miller, and 
output capacitances to guaranteeing a maximum value of total gate charge, 
gate-to-source charge, and Miller charge. 


25. Gate-to-Source Charge. This is the charge required to raise the gate 
voltage to the threshold voltage. It represents a maximum value for the area 
under the first sloping section of the graph shown in Figure 11 of the data sheet. 

26. Gate-to-Drain Charge. This is the charge required during the period when 
the MOSFET is turning on and the drain voltage is falling. Feedback from the drain 
to the gate through the drain-source capacitance keeps the gate voltage 
approximately constant during this phase of turn-on. The gate-to-drain charge 
represents the maximum area under the flat os of the curve shown in Figure 11 
of the data sheet. 


27. Turn-on Delay Time, Rise Time, Turnoff Delay Time, Fall Time. These 
times are dependent on the parasitic capacitances of the MosFET, the package 
inductance, and to a very large extent the test circuit used to make the 
measurements. These ratings are usually included in imitation of the delay-time, 
rise-time, storage-time, and fall-time ratings given on bipolar-transistor data 
sheets. Time constants associated with majority-carrier flow in a power MOSFET 
are negligibly short compared with the effects associated with the interaction 
between the gate drive circuit, the load, and the parasitic capacitances and 
inductances of the MOSFET. However, the switching times of power MOSFETs are 
often quoted as a yardstick of comparison even though they are quite meaningless 
without a description of the test circuit. Manufacturers make comparison more 
difficult by using a wide variety of test circuits. 

28. See note 27. 

29. See note 27. 

30. See note 27. 


31. Internal Drain Inductance. Of interest to designers requiring a precise 
knowledge of circuit inductances. Drain inductance is a function of the package 
style, with TO-220 packaged devices having a low inductance and devices in a 
TO-3 steel can having a relatively high inductance. Except in very low-inductance 
circuits, the drain inductance is usually swamped by the circuit wiring inductance. 

32. Internal Source Inductance. This is a significant parameter, since it places 
a limitation on the ultimate switching speed that can be attained. The source 
inductance is common to the drain—source current path as well as the gate circuit. 
At turn-on a voltage is developed across the source inductance by the source 
current di/dt. This voltage opposes the voltage applied to the gate, thereby 
retarding turn-on (see Chapter 4). 


33. Input Capacitance. This is a typical value, since gate charge values have 
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become the guaranteed figures of merit with respect to switching speed and gate 
current. The input capacitance is formed from several elements, and the equation 
showing how the input capacitance is derived from measured values of these 
elements is shown in Figure 10 of the data sheet. Figure 10 shows how 
capacitance varies with drain—source voltage. The input capacitance is specified at 
a drain-source voltage of 25 V. The fact that the capacitance curve still has a 
significant slope at this point and that the shape of the capacitance curve varies 
between manufacturers has led to the replacement of capacitance values by 
charge values as guarantees of performance and yardsticks of comparison. The 
curves show capacitance values for the condition Vg; =0 with Vps varying. The 
curves may be continued to the left by fixing Vps at zero and increasing Vos, since 
it is the gate drain voltage which is the significant factor in the variation of these 
capacitance values (see Figure 3.18). Capacitance measurements are made using a 
small-amplitude 1-MHz signal. 


34. Output Capacitance. See note 33. 

35. Reverse Transfer Capacitance. Also called the Miller capacitance. The 
smallest of the capacitances, but the one having the greatest influence at turn-on, 
due to the Miller effect. See note 33. 

35A. Continuous Source Current. The forward drop across the body—drain 
diode when conducting a current equal to the [p-rating of the MOSFET is usually 
less than the forward drop when the MosFeT is conducting in the forward 
direction. This is due to conductivity modulation of the drain drift region by 
minority-carrier injection during diode conduction. The significance of this is that 
the diode can safely be given a source-current rating equal to the /p-rating of the 
device, since the dissipation will be less than that produced by a drain current of 
the same magnitude. Therefore it is common practice to give the J; and the Jp 
ratings the same value. In many cases J; could be made greater than Jp if 
required, but there are few applications in which average diode current is likely to 
be greater than average forward MOSFET current. Large low-voltage devices with 
very low values of Rpsjony could have a lower forward drop in the forward 
direction than when carrying the same current in the reverse direction through 
the body—drain diode. In that case it might not be possible to give J, the same 
value as Ip. | 

36. Pulsed Source Current. The pulsed-source-current rating is determined by 
the same reliability considerations that fix the pulsed-drain-current rating and is 
therefore the same. 


37. Diode Forward Voltage. This is the guaranteed maximum forward drop of 
the body—drain diode at the specified value of source current. Figure 7 of the data 
sheet shows the relationship between diode current and diode voltage. p-channel 
devices may well have a much larger diode forward drop than n-channel devices 
of the same voltage rating and die area. The cause of this is to be found in the 
metal—silicon interface between the source metallization and the n-type body 
region. A poor-quality Schottky barrier diode with a low breakdown voltage is 
formed, which contributes significantly to the total voltage drop. 

38. Reverse-Recovery Time. This is the reverse-recovery time of the body- 
drain diode under the specified conditions of source current, temperature, and 
di/dt. A wide spread in this parameter is to be expected, given that the 
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body—drain diode is an incidental product of the pMos process and manufacturers 
do not generally seek tight control over its characteristics, preferring instead to 
optimize the process to yield consistently to the MosFET specifications. 

39. Reverse-Recovery Charge. See note 38. 


40. Forward Turn-on Time. Any voltage spikes appearing across the device as 
the diode is forward biased are likely to be a result of di/d¢ and the package 
inductance rather than the forward-recovery characteristics of the body—drain 
diode. 


41. Junction-to-Case Thermal Resistance. The term “kelvins per watt’’ instead 
of “degrees C per watt’”’ is widely used, particularly in Europe. 


42. Case-to-Sink Thermal Resistance. A parameter very dependent on mount- 
ing technique. 

43. Junction-to-Ambient Thermal Resistance. The thermal resistance in free 
air with no heatsink. 


44. Figure 1. Typical Output Characteristics. All graphs are assumed to be for 
the prime device at a temperature of 25°C except where temperature is one of the 
variables. This is the graph from which it can be determined whether a MOSFET 
will be in the fully on state for given values of drain current and gate voltage, or 
whether it will be in the constant-current region. This is a typical curve, so that 
the difference between typical and guaranteed maximum values as well as the 
effect of temperature on threshold voltage (approximately a reduction of 
6mV/K) must be taken into account. 


45. Figure 2. Typical Transfer Characteristics. Here shown on a log-linear 
graph, but often shown on a linear-linear graph. 


46. Figure 3. Typical Saturation Characteristics. This shows expanded detail of 
the transfer characteristics of Figure 2. These curves give an indication of the 
forward voltage drop across the MOSFET at various values of gate voltage when the 
device is in the saturated or fully ON condition. It shows that a significant 
reduction can be made in forward drop if a marginal gate voltage can be 
increased in some way. 


47. Figure 4. Safe Operating Area. The top left-hand corner of the area is in 
fact inaccessible because the current is limited by the Rpsjon) of the device and the 
low drain—source voltage. The 10-us line encloses a square area delineated by the 
voltage rating of the device and its Jp,y-rating. Since switching in most 
applications typically takes no more than 1 us, the device is capable of switching 
its rated peak pulsed drain current at rated voltage. This is true of most power 
MOSFETS. As would be expected, this graph shows no second-breakdown 
restriction of the soa. 

48. Figure 5. Transient Thermal-Impedance Curves. These curves allow cal- 
culation of the peak junction temperature for repetitive intermittent conduction 
using the values of the duty cycle, pulse duration, and peak pulse power (not 
average power). Ppx is calculated from the current magnitude and Rogion) (or 
Vps), the duty cycle is calculated from the waveform, and Zys;c is read from the 
graph. Tymax) is then calculated using the formula given in Figure 5. 


49. Figure 6. Transconductance versus Drain Current. A large proportion of 
the operating current range of typical power MosFETs is in the square-law region, 
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and not until the drain current approaches the rated average current does the 
device enter the region of velocity saturation and show approximately constant 
transconductance. 

50. Figure 7. Typical Diode Forward Voltage Drop. See note 37. 


51. Figure 8. Breakdown Voltage versus Temperature. The increase in break- 
down voltage with temperature is advantageous, given that power semiconductors 
heat up when operated. It should however be remembered that the breakdown 
voltage of a device operating in a cold environment may be less than its rated 
value if no heating of the die has yet occurred. 

52. Figure 9. Normalized Ryson versus Temperature. It is important to 
remember that the vertical axis is normalized with respect to the Rpscon) of the 
device at 25°C. It is easy to forget this and misread the scale as ohms, especially 
when Rpsion) iS close to 1 Q. 

53. Figure 10. Typical Capacitance versus Drain-Source Voltage. See note 33. 

54. Figure 11. Typical Gate Charge versus Gate—Source Voltage. See note 24. 

55. Figure 12. Typical Rpscon) versus Drain Current. Provided the gate voltage 
is adequate to maintain the MosFET in saturation, there is a small increase in 
Rpyson) With drain current. The sudden increase exhibited by the Vas = 10 V line 
is due to the device entering the constant-current region. 

56. Figure 13. Maximum Continuous Drain Current versus Temperature. This 
curve assumes a die temperature of 175°C. If average current is substituted for 
continuous current, cyclic variations in die temperature will reduce the allowable 
average current value. | 


57. Figure 14. Unclamped Inductive Load Test. See note 11. 


58. Figure 15. Switching-Time Test Circuit. See note 27. 
59. Figure 16. Gate-Charge Test Circuit. See note 24. 


REFERENCES 


1. W. Atkins and R. Frank, “Gate rupture voltage—the new criteria for power MOSFETS.” 
Powertechnics December, pp. 29-33 (1987). 

2. J. Wojslawowicz and P. J. Carlson, “Ruggedized transistors emerging as power MOSFET 
standard bearer.”’ Powertechnics January, pp. 29-32 (1988). 

3. K. Gauen, “Specifying power mosreT avalanche stress capability.” Powertechnics 
January, pp. 34—38 (1987). | 

4. K. Gauen, “Understanding the power MosFEt’s input characteristics.”” Power Electron. 
Conf. pp. 127-131 (1987). 


MEME APPENDIX 8 





Electrostatic-Discharge Protection 


Reproduced from “Protecting Power MosFets from EspD”’ by kind permission ot 
International Rectifier Corp. 


A8.1. INTRODUCTION 


Most power-MOSFET users are familiar with the warning that MOsFETs must be 
protected against electrostatic discharge (Esp). However, familiarity may breed 
contempt, especially if one has never destroyed a power MOSFET by improper 
handling. Statistically, it is unlikely that a particular MosFer will be destroyed by 
ESD. However, when thousands of MosFEts are handled, even a statistically small 
number of failures may be significant [1]. In view of the fact that power- MOSFET 
manufacturers generally seek an outgoing quality level better than one defective 
device per 10,000 shipped, it is evident that destroying 1 or 2 parts per 1000 
during incoming handling will have a significant impact on the perceived quality 
of the units. | 

Users of power MOSFETs should therefore adopt the following measures to 
avoid Esp damage [2]: 


1. Always store and transport MOSFETs in closed conductive containers. 


2. Remove MosFETs from containers only after grounding at a static-control 
work station. 


3. Personnel who handle power MosFets should wear a static dissipative outer 
garment and should be grounded at all times. 


4. Floors should have a grounded static-dissipative covering or treatment. 
5. Tables should have a grounded static-dissipative covering. 

6. Avoid insulating materials of any kind. 

7. Use antistatic materials in one-time applications only. 

8. Always use a grounded soldering iron to install MOSFETs. 

9. Test MOSFETS only at a static-controlled work station. 


10. Use all of these protective measures simultaneously and in conjunction 
with trained personnel. 


A8.2. THE NATURE OF ESD 


EsD is the discharge of static electricity. Static electricity is an excess or deficiency 
of electrons on one surface with respect to another surface or to ground. A 
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surface exhibiting an excess of electrons is negatively charged, and an electron- 
deficient surface is positively charged. Static electricity is measured in terms of 
voltage (volts) and charge (coulombs). 

When a static charge is present on an object, the molecules have an electrical 
imbalance. Esp takes place when an approach to equilibrium occurs through the 
transfer of electrons between one object and another that is at a different 
potential. When an EsD-sensitive device, such as a power MOSFET, becomes part of 
the discharge path, or is brought within an electrostatic field, it can be 
permanently damaged. 


A8.3. GENERATION OF STATIC ELECTRICITY 


The most common way of generating static electricity is by tribo-electrification. 
Rubbing two materials together will cause tribo-electrification, as will bringing two 
materials together and then separating them. The magnitude of the charge is 
highly dependent upon the propensity of the material to giving up or taking on 
electrons. Dissimilar materials are particularly susceptible, especially if they have 
high surface resistivity. 

Another way of placing a static charge on a body is by induction. Induction can 
be caused, for example, by placing a body in close proximity to a highly charged 
object. 7 | 


A8.4. MOSFET FAILURE MODE 


The high input resistance (typically >4 x 10? Q), which is one of the biggest 
operating advantages of the power MOSFET, can also be a disadvantage with 
respect to EspD. The gate of the power MOSFET may be considered to be a 
low-voltage, low-leakage capacitor. The capacitor plates consist primarily of the 
polysilicon gate and the underlying silicon. The capacitor dielectric is the silicon 
dioxide gate oxide layer. 

ESD destruction of the MOSFET occurs when the gate-to-source voltage is high 
enough to puncture the gate dielectric. The breakdown voltage of the oxide is 
typically two to three times the rated maximum gate-source voltage. The arc 
burns a microscopic hole in the gate oxide, which results either in an immediate 





Figure A8.1. Typical Esp failure site. 
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gate-to-source short circuit or in a site of high leakage current which eventually 
breaks down into a full short circuit. Like any capacitor, the gate of a power 
MOSFET must be supplied with a certain amount of charge to reach a particular 
voltage. Since larger devices have greater capacitance, they require more charge 
per volt and are therefore less susceptible to Esp than smaller MOSFETs. 

A typical Esp destruction site can be seen in Figure A8.1. This was caused by a 
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Figure A8.Z. Range of capacitance values of devices damaged by contact with a human 
body charged to the voltage V. 
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human body model charged to 700 volts being discharged into the gate of the 
device. This photograph was taken with a scanning electron microscope after 
stripping the surface of the die down to the polysilicon layer. The failure site 
shown in Figure A8.1 is about 8 wm in diameter. The electrical symptom of the 
EspD failure is a low resistance or a zener effect between gate and source with less 
than 20 V applied. | : 

The voltages required to induce Esp damage can be 1000V or higher 
(depending upon the die size). This is due to the fact that the capacitance of the 
body carrying the charge tends to be much lower than the C;,, of the MOSFET, so 
that when the charge is transferred, the resulting common voltage will be much 
lower than the original body voltage. The graph of Figure A8.2 shows the 
relationship between chip size and the body voltage required to induce Esp 
damage. 

Electrostatic fields can also destroy the power MosFET. The failure mode is Esp, 
but the effect is caused by placing the unprotected gate of the FET in a corona 
discharge path. Corona discharge is caused by a positively or negatively charged 
surface discharging into small ionic molecules in the air (CO,*, H*, O2~, OH"). 


A8.5. COMPLETE STATIC PROTECTION 


Direct protection of the MosFET relies on methods which limit the gate-source 
voltage, such as shorting the gate to the source or applying zener protection from 
gate to source. While effective for in-circuit or small-quantity situations, the 
direct method is usually impractical in the manufacturing environment because of 
the large number of mMosFeTs involved. The practical approach in such situations is 
complete static protection [3]. The basic concept of complete static protection for 
the power MosFeETs is the prevention of static buildup where possible and the 
quick, reliable removal of any charge that does build up. 

Materials in the environment can either help or hinder static control. These 
may be placed into four categories with respect to surface resistivity: 


Insulating >10'* Q/square 
Antistatic 10°-10'* Q/square 
Static-dissipative 10°—10° Q/square 
Conductive <10° Q/square 


Ideally, to protect the MosFeT, one should have only grounded conductive 
bodies in the facility. Additionally, all personnel involved in the manufacturing 
process should, from the point of view of device protection, be connected solidly 
to ground. However, people so grounded would be vulnerable to electrocution by 
faulty electrical equipment. Therefore earthing leads should incorporate resis- 
tance which limits to a safe value any current flowing through the body of the 
wearer. When people are required to be mobile and an earthing lead is 
impractical, protective materials must be relied on to give EspD protection. 
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A8.6. INSULATING MATERIAL 


Because of their propensity for storing static charge and the difficulty of 
discharging them, it is imperative to keep objects made of insulating materials 
away from power mosFeTs and, if possible, out of the environment entirely. Since 
electric current cannot flow through an insulator, electrical connections from an 
insulator to ground are ineffective in controlling static charges. 

Insulating materials include: ceramics, mica, many organic materials and most 
plastics, in particular, polyethylene (found in ordinary plastic bags), polystyrene 
(found in plastic foam cups and packing granules), Mylar and vinyl. When plastic 
products must be used in a power-MosFET-handling facility, only ones impreg- 
nated with a conductive material or treated with antistatic compounds should be used. 


A8.7. ANTISTATIC MATERIAL 


Antistatic material is resistant to the generation of tribo-electric charges, but does 
not provide a shield from electric fields. Corona discharge will pass through an 
antistatic enclosure, possible destroying any MOsFETs inside. Because of its high 
surface resistivity, grounding antistatic material is not very effective for removing 
a charge. 

Some plastic insulators can be treated with antistatic agents which chemically 
reduce their susceptibility to tribo-electrification and lower their surface resistivity. 
Most antistatic agents require high relative humidity to be effective. Therefore 
the relative humidity of facilities where power MosFETs are handled should be 
kept above 40%. Also, antistatic agents tend to wear off or wear out after a 
period of time, and most of them use reactive ionic chemicals which can be 
corrosive to metal. Antistatic plastics should be limited to short-term use in 
one-time-only situations, such as in DIP and TO-3 tubes, and packing materials 
for shipping components. 


A8.8. STATIC-DISSIPATIVE MATERIAL 


Static-dissipative materials are effective in application on any surface to facilitate 
the removal of static charges by conducting them to ground. It is possible to 
generate tribo-electric charges in static-dissipative materials, but the charges will 
be dissipated throughout the material and can easily be discharged to ground. 
Static-dissipative material is suitable for use in or on floors, table tops, and 
clothing. 


A8.9. CONDUCTIVE MATERIAL 


Conductive materials are suitable for use in the construction of enclosures for 
storing or transporting power MosFeETs. Like static-dissipative materials, conduc- 
tive materials are susceptible to tribo-electrification, but can easily be discharged 
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to ground. Plastic, though normally highly insulating, can be made conductive 
when manufactured from carbon- or metal-impregnated base material. Conduc- 
tive tote bins and bags are constructed from these materials. Containers should be 
constructed so that the conductive elements will not separate, migrate, or 
otherwise contaminate the environment. 

Power MOSFETs contained in closed conductive containers are safe from corona 
discharge, as electric current is conducted around the container. The contents of 
the container are shielded. 


A8.10. IONIZERS 


In addition to passive static control by proper material selection, active controls 
may sometimes be necessary or advantageous. Ionizers are a form of active static 
control. | 

Ionizers are designed to produce large and equal quantities of positive and 
negative ions. When used to neutralize a specific object, the object tends to 
attract only those ions necessary for neutralization. Excess positive or negative 
ions either tend to neutralize each other or flow to ground. There are three basic 
types of ionizers: ac, dc and nuclear. 

Among dc-powered ionizers, the balanced type is preferred. Unbalanced dc 
ionizers can create imbalances in the amount of ions of different polarities, 
creating exactly the type of dangerous condition one is trying to eliminate. Solid 
objects, and even the air, can sometimes acquire a charge from an ionizer. 
Consequently, ionizers of any type should be avoided for general room area or 
direct personnel neutralization. Ionizers should never be used where there is 
possible contact with moisture. Ionizers may be installed where necessary for 
dedicated applications. For example, it may be advisable to use an ionizer on 
printed-circuit boards where MosFETs are to be mounted. 


A8.11. FLOORS 


The foremost consideration is to prevent the generation of tribo-electrically 
induced static charges in the first place. A good place to start is with the use of 
grounded static-dissipative floor coverings or treatments. Conductive floor tiles 
are the most permanent solution, but their cost tends to be prohibitive unless the 
installation is on a new floor. Floor mats, conductive or static-dissipative, can be 
used, but may constitute a safety hazard with curled-up edges or corners. 

One suitable and cost-effective method is to use a static-dissipative floor finish. 
Such a finish can be aesthetically pleasing and have a surface resistivity that 
remains well within the static-dissipative range after about two months of normal 
pedestrian traffic. Grounding of a static-dissipative floor finish is usually accom- 
plished without special effort. Since it is applied as a liquid, it tends to make 
contact with grounding rods or other static control ground points. 
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A8.12. TABLE TOPS 


Grounded, static-dissipative tabletops should be used at every work station where 
power MosFETs are handled either in or out of protective containers. As with 
floors, the most permanent solution is static-dissipative tabletop laminant (see 
Figure A8.3). New benches can be ordered with a static-dissipative surface, and 
old benches can be resurfaced. Alternatively, benches can be covered with soft, 
Static-dissipative mats (see Figure A8.4). However, mats should be avoided 
where they may be exposed to heat or chemicals. 

Metal tabletops should not be used in place of static-dissipative ones, as they 





Figure A8.4. Static-dissipative table-top laminate and typical grounding. 


490 APPENDIX 8 


are far too conductive and therefore present a shock hazard where electrical 
equipment is used. The ideal work surface should fall within the static-dissipative 
range. 


A8.13. CONTAINERS 


Power MOSFETS, even if they are already contained in antistatic tubes or bags, 
should always be stored and transported in closed conductive bags or containers. 

If power MOSFETS are to be stored in a dry atmosphere, such as nitrogen, the 
gas should be ionized as it goes into the bag or dessicator to prevent static buildup 
in the container. Conductive bags and containers should never by opened except 
at a static-controlled work station and only after the bag or container has been 
placed on a grounded static-dissipative surface (Figure A8.5). 





Figure A8.5. Handling power MOSFETs. 


A8.14. PERSONNEL 


Static protection in respect of personnel involves prevention of static buildup and 
dissipation of existing static. Personnel training is also an important part of 
effective EsD control. , 

Materials found in most outer garments constitute an Esp hazard. Typical 
laboratory coats of a cotton—polyester blend have been found to store charges of 
up to 5000 V. Static-dissipative laboratory coats or smocks should be supplied to 
employees, as this will shield the environment from personal clothing. Gloves 
should be worn only when necessary for cleanliness, since the surface resistivity of 
the human body falls within the static-dissipative or conductive range. 
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Removal of existing charges can be effected with grounded wriststraps, which 
should be worn whenever physically possible. Ground straps and grounded 
table-top surfaces should have at least 1 MQ of resistance to ground to prevent 
shock hazard. : 


A8.15. GROUNDING 


Earth ground rods for Esp protection should be solid copper or copper-jacketed 
steel and should be driven six to eight feet into the earth beyond the building 
slab, with approximately six inches exposed above the floor for making 
connections (Figure A8.6). Dry soil conditions may require a copper sulfate drip. 
Electrical grounds should be isolated from static control grounds. Water pipes 
should never be used to terminate static control grounds, since they may not be 
connected to ground. 

These grounding methods may seem excessive, since the ground rod may be in 
series with 1M@ or more of resistance. However, these techniques are for 
minimizing the difference of potential between separate grounds and not for 
reducing the ohmic resistance to earth. 





Figure A8.6. Static-control rod. 


A8.16. TEST EQUIPMENT 


Test equipment should be placed on grounded static-dissipative floors or table 
tops. Operators should wear a static-dissipative or antistatic garment and a 
ground strap at all times. Automatic testers and handlers should have antistatic 
feed paths and receptables for the MOsFETs. 


A8.17. COMPLETE ESD PROTECTION 


The most effective protection from esp occurs when the total environment is 
under control. Changing only the floors or the tabletops is not enough. When all 
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of the appropriate Esp protection devices are used simultaneously and in 
conjunction with trained personnel, Esp damage can be reduced to negligible 
levels. | 
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Power-MOSFET Test Circuits 


A9.1. INTRODUCTION 


This appendix gives details of ways in which some MosFET data-sheet parameters 
may be measured [1]. Where device-dependent component values are given in the 
circuits, these are the values that would be used for an IRF 630. It may be 
necessary to use different component values for other devices. 


A9.2. BVjsg: DRAIN-SOURCE BREAKDOWN VOLTAGE 


The test circuit is shown in Figure A9.1. The current source will typically consist 
of a power supply with an output voltage capability of about 3BVpsg in series with 
a current-defining resistor of the appropriate value. When testing high-voltage 
power MOSFETs it may not be practical or safe to use a supply of 3BV pss, in which 
case some other form of constant-current source must be used. 


250 vA 





Figure A9.1. Test circuit for BVpss. 


A9.3. Vesan: THRESHOLD VOLTAGE 


The test circuit is shown in Figure A9.2. The 10-kQ gate resistor is required to 
suppress potentially destructive oscillations at the gate. The current source may 
be derived from a voltage source equal to the. voltage rating of the MOSFET and a 
series resistor. 





Figure A9.2. Test circuit for Ves. 
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A9.4. Rosion)? SATURATED ON RESISTANCE 


The test circuit is shown in Figure A9.3. The pulse width should be 300 us at a 
duty cycle of less than 2%. The value quoted is at a junction temperature of 25°C. 
Rpsony is calculated by dividing Vpsion) by Jp. The ground of the gate supply 
should be connected as close to the source lead as possible. 


Vost{on) Ip 
OSCILLOSCOPE 


~~ PULSE COMMAND 





Figure A9.3. Test circuit for Rosin. 


A9.5. Cies, Coss, AND C,,,: INPUT, OUTPUT, AND REVERSE TRANSFER 
CAPACITANCES 


The test circuits are shown in Figures A9.4, A9.5, and A9.6. A 1-MHz 
capacitance bridge is used for all these tests. The capacitance to be measured is 
connected in series with a 1-u4F capacitor to provide dc isolation. 


626 KQ. 





Figure A9.4. Test circuit for Cis. 
yf 620 KA 








COMMON 


Figure A9.6. Test circuit for C,,.. 
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A9.6. taony te tam» AND t: TURN-ON DELAY TIME, RISE TIME, 
TURNOFF DELAY TIME, AND FALL TIME 


The test circuit is shown in Figure A9.7. The gate pulses should be just long 
enough to achieve complete turn-on, with a duty cycle of the order of 0.1%. The 
series resistor is chosen according to the die size. The definitions of the rise, fall, 
and delay times are given in Figure A9.8. 

Rp 


0.5 x rated Vps 






To the oscilloscope 


ow - ty alt 
LAY 4 OFF DELAY a niMe 
TIME RISE TIME TiME 


Figure A9.8. Switching-time waveforms. 


A9.7. Qg; Qge, AND Qya: TOTAL GATE CHARGE, GATE-SOURCE 
CHARGE, AND GATE-DRAIN CHARGE 


The test circuit is shown in Figure A9.9. The total gate charge has two 
components: the gate-source charge and the gate—drain charge (or Miller charge). 
Figure A9.10 shows the test waveforms. 





toot tot 
0 On "On > 
Figure A9.10. Test waveforms for gate charge. 
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A9.8. Ven: BODY—-DRAIN DIODE CONDUCTION VOLTAGE 


The test circuit is shown in Figure A9.11. The current source may consist of a 
voltage source and a series resistor, and should be applied in short pulses (less 
than 300 us) with a low duty cycle (less than 2%). 


Vsp 


ie 





Oscilloscope 


Figure A9.11. Test curve for Vep and Rysyon): 
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Accelerated gate stress test, 160 
Accelerated life-tests, 152, 160, 161 


Accumulation layer, 41-44, 57, 82, 83, 117, 193, 


336 
charge density (Qat), 435 
effect on gate-drain capacitance, 41, 43 
theory, 435-443 
AC load control, 225 
Activation energy, 158-162 
Active area bonding, 73, 79, 365 
Active clamping, 189, 218 
Active state, 98, 107, 114, 115, 136, 142 
Alumina, 148, 149, 356, 361, 362 
Aluminum gate, 39, 40 
Anti-saturation clamp, for bipolar transistors, 
337, 341 
Antistatic materials, 487 
Arrhenius law, 158-162, 368 
Assured out-going quality level (AOQL), 152 
Audio amplifier, linear, 324 
Automobile applications, 229, 236 
Avalanche breakdown, 20, 459-465 
of body-drain diode, 86, 87, 91, 95, 103, 127, 
143, 161 
Avalanche capability: 
of bipolar transistors, 344 
of MOSFETs, 344 
Avalanche energy: 
repetitive rating, 86, 477 
single pulse rating, 477 
test circuit, 161, 482 
use of rating, 216 
Avalanche requirements in PWM inverter, 306 
Average drain current rating, 476 


Band diagram, 25 
Bathtub curve, 152-155 
Battery-driven motors, 275 
Battery lifetime, with MOSFET regulator, 326 
Bernard’s method, 156 
Beryllia, 356, 361 
Bias point stabilisation, in linear amplifiers, 328 
Bidirectional MOSFET (BOSFET), 226 
Bipolar junction transistor (BJT), 1, 8, 17 
avalanche breakdown, 88-90 
avalanche capability, 344 
in cascade with MOSFET, 344 
in cascode with MOSFET, 350 
as charge controlled device, 333 
common emitter gain, 327 


comparison with MOSFET, 333 
drive requirements, 340 
emitter focussing, 350 
in parallel with MOSFET, 351 
parasitic, 11, 81, 85-90, 95, 149 
Safe Operating Area, 340 
saturation characteristics, 336 
switching delay times, 337 
switching waveform, 338 
transfer characteristics, 336 
Blocking state, 45-S1, 142 
Blocking voltage, 8, 18, 19, 27, 74-76, 78, 79 
Body region, 14, 26, 28, 30, 81 : 
Body-drain diode, 11, 85, 86, 90, 91, 93, 95 
advantage in linear regulator, 323 
average current rating, 480 
controlled avalanche breakdown, 86, 87, 91, 
103, 127, 143, 161 
forward voltage drop, 480 
pulsed current rating, 480 
reverse-recovery time, 480 
test for forward voltage, 496 
use in PWM drives, 284 
BOSFET, 226 
Braking, in dc motors, 262. 
Breakdown voltage, 459-465. (See also Blocking 
voltage) 
and Ros(on), 74-79, 94 
temperature dependence, 91, 482 
test for, 493 
Breakdown, controlled avalanche, 20, =o: 87, 
91, 95, 103, 127, 161 
Bridge circuit, for motor drives, 265 
Brushless motor drive, 267 
Burn-in, 153, 160, 161 


Capacitance, as a function of drain voltage, 41, 
44, 110, 482 
input (Cis), 84, 85, 105, 107, 479, 480 
output (Cos), 84, 85, 480 
reverse transfer (C.), 84, 85, 480 
Capacitor, impedance as a function of fre- 
quency, 240 
Carrier mobility, 1, 5, 63 94, 97 
Carrier transit time, 5, 58, 59 
Cascade (Darlington) connection, of bipolar 
transistor and MOSFET, 344 
Cascode connection, of bipolar transistor and 
MOSFET, 343 
of GTO and MOSFET, 352 
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Cell density, 70, 72 
Cell geometry, 69-74, 94, 456, 457 
Cell size, 69-76, 455 
Cellular structure, 15, 16, 21, 69-74, 94 
Channel length, 8, 13, 56-61, 65, 69, 70, 97, 
446-448 
effective, 451 
modulation, 8, 38, 59 
parameter (A), 60, 63 
Channel region, 4, 5, 14, 26, 28, 51, 56-58, 445, 
446 | 
Channel resistance, 53 
Channel voltage, 53, 56 
Characteristics (current-voltage): 
effect of velocity saturation, 61-63, 448-453 
fuller theories, 63-65, 446-453 
in sub-threshold region, 65-68, 94 
IFET, 2 
MOSFET, 3, 6, 7 
p-channel device, 7, 92, 93 
showing operating regions, 45, 55 
simple theory, 53-60, 94 
simplified for transient analysis, 97, 98. 
typical, 54, 470, 481 
Charge control models, 55, 94, 333 
Charge pump, 213, 230, 231 
Charge: 
gate—drain, 135-138, 479 
gate-source, 135-138, 479 © 
reverse-recovery, of body drain diode, 86, 481 
total gate, 479 
Chopper, 258 
Circuit time constant, 110 
Clamped inductive load, 102-105, 142 
Class-D amplifier, 313, 315 
avoiding distortion, 316 
circuit topologies, 318 
efficiency, 317 
output filter, 316 
cmos, 17, 203 
Combinations of MOSFET and bipolar transistor, 
344 


COMFET™, 20 
Common source inductance, in multiple-die 
packages, 359 
Commutation waveforms, in PwM inverter, 295, 
302 
Comparison, of bipolar and MOSFET application, 
342 
Computer-aided design (CAD), 25 
Computer models of devices, 25, 377-381 
Conducting state, 45-50, 142 
Conduction losses, 165 
in PWM inverter, 301 
Conductivity modulation, 336, 406, 408 
Confidence limits, 156, 369 
Contact potential, 30-32, 39, 425, 429, 433, 436, 
445-449 
in degenerate semiconductor, 32 


Containers, for transporting MOSFETs, 490 
Cranking voltage, requirement in automobiles, 
232 
Crystallographic orientation, 10, 11 
Cumulative failure probability density function, 
(F(t)), 154-157 

Current distribution, 75, 76 
Current hogging, 19 
Current-mode control, 243 
Current-sensing MOSFET, 93, 383 

applications, 222, 392 

in current-mode sMps, 243 

dynamic characteristics, 388 

principle of operation, 383 

resistor sensing circuit, 390 

reverse conduction, 388 

sense ratio variation, 387 

static characteristics, 385 

structure, 383 

with virtual earth sensing circuit, 389 
Curve tracer, using with MOSFETs, 365 
Cut-off frequency, 97 


Darlington (cascade) connection, of MOSFET and 
bipolar transistor, 344 
Data sheet, of power MOSFET, 467 
Degradation processes, 156, 159-162 
Delay time: 
turn-off, 127, 128, 479 
turn-on, 105-107, 479 
Depletion layer, capacitance, 67, 429, 430, 447 
charge density (Qp), 36, 425, 427, 429, 430, 
432-434, 440, 441, 445, 447, 448, 451 
voltage (Vsci), 53-55 
width, 8, 425-429 
Depletion mode MOSFET, 3,4, 253 
Derating, due to internal voltage drop, 360 
factor, 477 
due to skin effect, 360 
Device models, 25, 56, 377-380 
equivalent circuits, 97-99, 104, 108, 113-116, 
128-132, 379 
Device time constant, 110 
Die attachment, 148, 364 
Die-bond failure, 160, 161, 372 
Diffusion capacitance, 19 
Diffusion equation, 139 
Diffusion, carrier, 450 
impurity, 3, 146, 149 
Diode pump, see Charge pump 
Diode-recovery charge, effect of temperature, 
297 
Diode-recovery current, effect of temperature, 
295 
in dc motor drive, 270 
limitation by inductance, 293 
methods of reducing, 263, 265 
in PWM inverters, 287 


Diode-recovery dv/dt rating, 477 

Diode-recovery dv/dt, 284 

Diode-recovery losses, calculation of, 260, 294 

DIP package, cooling of, 170 

Dispersion (of lognormal distribution), 156 

Dissipation in power MOSFETs, 163 

Doping profile, 27, 38, 70, 76-78, 430, 459-461, 
465 


Double-diffusion process, 12-14, 38, 51, 69 

Drain circuit (slow), 107, 143 

Drain current rise time, 112 

Drain drift region, 26, 74-79 

Drain-source breakdown voltage rating, 478 

Drain-source capacitance, bootstrapping, 324 
effect on turn-off waveform, 163 

Drain-source leakage current, 159-161 

Drain voltage fall time, 111, 112 

Drift velocity (carrier), 56-59, 61, 64, 65, 446, 

448-451 
Dual voltage input circuit, 243 
dv/dt, diode-recovery, 284, 340, 342, 477 


Early effect, 429 
Electron drift velocity, 61, 64, 65 
saturation, 61-65, 68, 69, 94, 448-452 
Electron irradiation, 86, 306, 407, 411 
Electron mobility, as function of longitudinal 
field, 64, 65, 449-452 
bulk, 459-465 
as function of normal field, 63, 450-452 
surface, 56, 58, 59, 61, 67-69, 94, 446-448 
Electrostatic Discharge (EsD): 
antistatic materials, 486 
antistatic measures, 487 
discharge (EsD) of, 486 
generation of, 484 ~ 
MOSFET failure mode, 485 
nature of, 483 
precautions, 483 
Electrostatic Discharge (ESD) protection, 483 
antistatic measures, 487 
conductive material, 487 
containers for MOSFETs, 490 
grounding, 491 
Static dissipative material, 487 
table tops, 488 
treatment of floors, 488 
_ use of ionizers, 488 
Energy dump circuit, 280, 283 
Enhancement-mode device, 3-6 
Epitaxial growth, 3, 21 
Epitaxial layer, 28, 145-147, 149, 455 
resistance, 53, 54, 75-78, 145, 146, 149 
Equivalent circuit, 80, 97 
Equivalent parameters, of MOSFET and bipolar 
transistors, 366 
ESD, see Electrostatic discharge 
Etching, 3, 145, 146, 148 
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anisotropic, 8, 12 
isotropic, 8 
plasma, 145, 148 


Fabrication technology, 21, 145-151, 161 
Failure mechanisms, 159-161 
Failure probability density function (f(s), 
153-157 
Failure rate (instantaneous) (d(t)), 152-157 
Failure units (Fits), 154, 160 
Failures, due to body-drain diode conduction, 
286 
induced, 373 
Fall time, 100-103, 479 
Fall time, 479 
Fast-recovery diode MOSFETs, 305 
effect of temperature on Qrr, 305 
Feature size, 7, 70, 94 
Fermi energy, 28, 46, 47, 51 
in degenerate semiconductor, 30, 32 
Fermi function, 28 
Ferrite bead, to control instability, 182, 184 
Field effect, 1 
Field enhancement, 12, 78, 87 
Field rings, 146, 160, 161 
Five-lead packages, 357 
Flat-band condition, 28, 29, 33 
Forced cooling, effect on thermal resistance, 170 
Forward blocking condition, 46-50 
Forward converter, with current sensing, 245 - 
Forward turn-on time of body-drain diode, 481 
Free-wheeling diode, 102, 105, 123, 127, 220 
Frequency response, 99 


Gate: 
metal, 14, 15, 39 
polycrystalline silicon, 14, 15, 28, 192 
propagation delay, 139, 149, 248 
self-aligned, 15, 148, 151 
Gate bias, negative, 193, 209 
to counter radiation effects, 395 
Gate capacitance, 105, 110 
Gate charge, 135-138 
data, 482 
test for, 495 
test circuit, 482 
Gate circuit: 
fast, 107, 117, 123, 133 
power consumption, 139 
slow, 121-123, 125, 134, 135 
slowed by source inductance, 113, 114 
Gate damping resistor, 180 
Gate dissipation, 165 
Gate-drain charge, 135-138, 479 
Gate drive, from cmos, 203 
from TTL, 200 
Gate driver: 
asymmetric, 195, 349 
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Gate driver (Continued) 
bootstrap, 330 
complementary emitter follower, 196 
effect on stability, 188 
for full bridge, 213 
integrated circuit, 197 
off-state voltage, 192 
on-state voltage, 193 
optically isolate, 308 
photo-voltaic, 210 
for PWM applications, 307 
stored energy type, 199 
transformer coupled, 210 
using comparators, 197 
using operational amplifiers, 197 
Gate driver circuits, 191-213 
Gate driver impedance, effect on stability, 182 
Gate leakage current, 159, 160 
Gate oxide: 
breakdown voltage, 69, 477 
capacitance, 18, 38, 60,.66-69, 433, 445-452 
cause of damage, 186, 484 
defects, 160 
life data, 160, 368 
lifetime calculations, 369 
thickness, 7, 8, 18, 36, 38, 67, 69, 111, 401 
Gate oxide damage, 191, 484 
Gate resistance, 15, 99, 165 
Gate-source charge, 479 
Gate-source leakage current, 478 
Gate-source voltage, maximum allowable, 477 
Gate threshold voltage, guaranteed limits, 478 
Gate-turn-off thyristor (GTO), 17-19 
in cascode with MOSFET, 344, 352 
Gate vias, 74, 142 
Gate width (w), 21, 68-73, 455-457 
Gaussian distribution, 156 
GEMFET™, 20 
Gradual channel approximation, 446, 450 
GTO, see Gate turn-off thyristor 
Guard-rings, 146 


H-bnidge driver, 213 
Handling of power MOSFETs, 374 
Harmonic elimination in six step drives, 279 
Heatsink: 

design, 163 

selection, 171, 235, 371 

selection, graphical method, 167 
Hermetic packages, 161, 357 
High temperature reverse bias (HTRB): 

life data, 369 

lifetime calculations, 370 

test, 160 
High voltage MOSFETs, 189 
High-frequency: 

applications, 313 

limitations, 139-142 


High-side switch, 212, 229 

Highly accelerated temperature and humidity 
stress test (HAST), 161 

Hole mobility, 5, 92, 95 

Hole saturation drift velocity, 92, 95 

Humidity, effect of, 161, 162 

Hybrid devices, 361, 405 


IGBT, see Insulated Gate Bipolar Transistor 
IGT™, 20 
Incandescent lamp, load characteristics, 218, 223 
Inductance: 
external source, 177, 265, 293, 355, 479 
internal drain, 479 
internal source, 479 
of MOSFET packages, 355 
in stored energy gate drive, 199 
use of, to limit diode-recovery current, 265, 
293 
Induction heating, 319 
series resonant circuit, 320 
Inductive load, 102, 216 
Infant mortalities, 153 
Input capacitance, 84, 85, 105, 107, 479, 480 
test for, 494 
Inrush current, limiting, 218 
Instability, during switching of a single MOSFET, 
186 
Instability, during switching of paralleled 
MOSFETs, 179 
Insulated Gate Bipolar Transistor (1GBT), 20, 21. 
93, 237 
characteristics, 406 
complementary devices, 408 
gate drive circuit, 410 
latch-up, 409 
principle of operation, 405 
in PWM inverters, 311 
switching waveforms, 412 
Interference, reducing by circuit layout, 362 
Internal drain inductance, 479 
Internal source inductance, 479 
Inversion layer, 4, 37, 41-44, 56-59, 433-435, 
437, 440-443, 445 
charge density (Q(i.), 41, 56-59, 65, 66, 
433-435, 441, 442, 445, 446, 449-451 
Ion implantation, 3, 146, 149 
Ionizers, 488 


Junction field effect transistor (FET), 1-3 
parasitic, 69, 75, 78, 81-83, 95, 455 
parasitic, effect on Ropsion, 81, 174 

Junction temperature: 
calculation of, 168 
peak, 168, 174, 233, 363, 367, 478, 481 


Lagrange undetermined multiplier, 463-465 
Lamp dimmer, 225 


Lamp life extender, 224 
Leakage current: 
effect of radiation on, 397 
gate-source, 478 
losses associated with, 164 
Lifetime (mean time to failure), 154, 369 
Lightly doped drain (LDD), 8, 9 
Linear amplification, 45 
Linear amplifier, bias point stabilisation, 328 
Linear applications, 323 
Linear condition, 46 
Linear post-regulator, 323 
Linear regulator, low dropout, 323 
Load dump, requirement in automobiles, 231 
Logic level MOSFETs, 219, 229. See also Low 
threshold voltage MOSFETs 
Lognormal! distribution function, 155, 156, 158, 
161 
Losses: 
as a function of frequency in bipolar transis- 
tors, 343 
as a function of frequency in MOSFETs, 343 
Low inductance package, 363 
Low threshold voltage MOSFETs; 38, 232, 401. 
See also Logic level MOSFETs 


Majority carriers, 333, 340 
Masking processes, 145-151 
self-aligned, 15, 146, 151 
Maximum allowable junction temperature, 478 
MCT, see MOS-controlled thyristor 
Mean time between failures (MTBF), 154 
Mean time to failure (MTTF), 154, 369 
Meaurements: 
with curve tracer, 365 
with oscilloscope, 179, 366, 388 
temperature, 367 
Median lifetime, 156, 158, 159, 369 
Metal~oxide—semiconductor field-effect transis- 
tor (MOSFET), lateral, 8, 9, 12, 14 
n-channel, 3-6 
p-channel, 3, 7, 39, 92, 93 
principles, 3, 45-52, 55-65, 94 
selection for PwM inverters, 310 
types, 3, 4, 8, 14, 21 
Metallization, 3, 8, 148 
Micro-stepping, 276 
Miller capacitance, 107, 135-138 
Minority carriers, 333, 336, 339, 406 
Mobility: 
carrier, 1, 63, 94, 97 
electron, 5, 11, 58, 60, 446-448, 450-452, 
459-465 
hole, 5, 92, 95 
Modelling power MOSFETs, 25, 377-381 
Mos-controlled thyristor (MCT), in PWM inverters, 
311 
principle of operations, 412 
triggering, 413 
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Motor drives, 257~281 
Multiple-die packages, 358 


Negative voltage linear regulator, 323 
Noise immunity of gate circuit, 192, 207, 219, 
232 


On-state resistance, (see Rosiom) 
Output capacitance (Cos), 84, 85, 480 
test for, 494 
Output characteristics of MOSFET, 470, 481 
Overlapping conduction (to control diode-recov- 
ery current), 288 
Oxide growth, thermal, 3, 15, 146 
Oxide thickness, 8, 36, 146 
Oxide windows, 3, 4, 146-148 


Packages, 355-358 
five-lead, 357 
hermetic, 357 
hybrid, 361 
low inductance, 363 
marking of, 467 
multiple-die, 358 
plastic, 161, 356 
surface mount, 363 
Parallel combination of bipolar transistor and 
MOSFET, 351 
Parallel-connected MOSFETs, 173 
dynamic current sharing, 176 
effects of threshold mismatch, 178 
effects of transconductance mismatch, 179 
instability during switching 
for linear operation, 185 
packaging, 358 
parasitic oscillation, 179 
reasons for, 173 
stability analysis, 180 
static conditions, 174 
thermal model, 176 
Parameters, equivalence of MOSFET and bipolar, 
366 
Parasitic BJT, 11, 81, 85-90, 95, 149 
Parasitic capacitance: 
drain~gate (Miller), 80, 84, 107 
drain-source, 80, 84, 479 
gate-source, 80, 84, 135-138, 149 
gate-substrate, 41, 44 
Parasitic components, 79-91, 99 
Parasitic diode, 11, 81, 85 
Parasitic inductance, drain, 84, 99, 359, 479 
source, 84, 99, 479 
Parasitic JFET, 69, 75, 78, 81-83, 95, 455 
Parasitic oscillation, 179, 186, 291, 328, 360, 366 
detection of, 184 
Partially clamped inductive load, 104, 105, 123 
Peak die temperature, 168, 174, 233, 363, 367, 
478, 481 
effect on power capability, 234 
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Photolithography, 3, 4, 7, 12, 145, 455 
Pinch off, 3, 4, 8, 45, 59, 61, 62, 66, 68, 446, 
448, 449 
Pinch-base resistance (Roe), 87, 90, 92 
Planar silicon technology, 3, 4, 8 
Plastic packages, 161, 356 
Polycrystalline silicon, 14, 15, 28 
resistance, 15, 139-140 
Positive voltage linear regulator, 326 
Potential distribution, 46-50 
Power cycling, reliability data, 372 
test, 160 
Power dissipation capability, 234 
Power Integrated Circuits, 415 
basic, 419 
construction, 416 
example of, 418 
Power supplies, 239 
losses in single-ended, 240 
quasiresonant, 250 
resonant, 19, 246-248 
switching frequency, 239 
Print hammer driver, 221 
Propagation delay (gate), 139-141, 149 
Pulse-Width Modulation, in chopper circuits, 
258 
in Class-D amplifier, 314 
in hammer drives, 221 
inverter current waveforms, 284 
inverters, 283 
in lamp dimmer, 255 
overmodulation, 309 
in power supplies, 240 
use of body-drain diode, 284 
waveform generator, 309 
Pulsed drain current rating, 476 
Pulsed source current rating, 480 
Punch through, 8 


Quality, 151, 152 

outgoing level, 152, 374, 483 
Quasi-resonant power supplies, 19, 250 
Quasi-saturation, in bipolar transistor, 336 


Radiation hardened MOSFETs, 393, 401 
Radiation, circuit designs to protect against, 399 
counter measures, 399 
effects in power MOSFETs, 394 
ionizing, 394 
non-ionizing, 398 
types, 393 
Radiation-hardened devices, 93 
Random failures, 153, 154, 161 
Roscony, 54, 55, 94, 95, 117, 148, 151, 452 
effect of slice thickness, 145 
effect of temperature, 86, 91, 92, 94, 482 
effect of throat, 69 
in p-channel devices, 92, 95 


increase as test of connection failure, 152, 159 
increase through JFET action, 81, 82, 174 
increase with blocking voltage, 18, 20, 78, 79, 
94 
rating, 478 
reduced by decreasing cell size, 455 
reduced by implant, 83 
relative contributions, 74, 76 
test, 494 
variation with drain current, 482 
Reach through, 459 
Relay driver, 220 
Reliability function (R(t)), 153, 154 
Reliability, 78, 79, 151-161, 218, 351, 363, 364, 
368, 476 | 
testing for, 368 
Resistance, channel, 53-55 
epitaxial layer, 53-55 
on-state, see Roscon) 
pinch-base (Row), 87, 90, 92 
Resonant power supplies, 246-248 
power density, 246 
range of switching frequency, 247 
RESURF, 418 
Reverse battery connection in automobiles, 232 
Reverse conduction characteristics of MOSFET, 
251, 289 
Reverse-recovery charge (of body-drain diode), 
481 
Reverse-recovery time (of body-drain diode), vs. 
voltage rating, 288 | ; 
Reverse-transfer capacitance (C,ss), 80, 84, 107, 
480 
test for, 494 
Rise time, 100-103, 479 
Rms value of current waveform, 166 


Safe operating area (SOA), 19, 20° 

of bipolar transistor, 340 

of MOSFET, 340, 481 | 
Saturation characteristics of MOSFET, 194, 481 
Saturation drift velocity, 61-65, 68, 69, 94, 95, 

97 

Saturation in bipolar transistor, 336 
Schottky diodes, use in PWM inverters, 287 
Second breakdown, 19, 20, 339, 340, 344 
Self-alignment, 15, 146, 148 
Series connection of MOSFETs, 188 
Shoot through in inverters, 291, 320 
Short channel effect, 63 
Silent motor drives, 280, 412 
SIT, see Static Induction Transistor 
Slice thickness, 145 
Snubber: 

for bipolar transistor, 341 

to control diode-recovery dv/dt, 287 

for MOSFET, 164, 216, 342 

polarized, 342 


Snubber circuits, 107 
Solid-state ballast, 313 
Source inductance: 
external, 177, 265, 293, 355, 479 
parasitic, 84, 99, 479 
Source resistor ballasting, 185 
graphical selection of resistors, 186 
Source-drain ON-voltage (Vspion)), 93, 161 
Special purpose MOSFETs, 383-402 
SPICE, 25 
computer time requirements, 380 
limitation of MOSFET models, 377 
modelling drain-gate capacitance, 378 
modelling power MOSFETs, 377 
Stability in multiple-die packages, 184 
Static-dissipative materials, 487 
Static Induction Thyristor (stTH), 405 
Static Induction Transistor (srr), 319, 405 
Stepping motor drive, 272 
Strong inversion, 34-36, 51 
Sub-threshold current, 65-68 
Surface charge, 1, 32-39, 432-436, 452 
Surface-mount packages, 363 
Surface region, 26 
Surface states, 1 
Switch, MOSFET used as, 215 
Switched mode power supplies, common 
circuits, 241-243 
Switching energy, 100-103 
Switching frequency, 100 
Switching losses, 163 
calculation in PwM inverter, 296 
Switching speed, 21, 99, 142 
Switching time test circuit, 482, 495 
Switching waveforms, bipolar transistor, 338 
IGBT, 411 
MOSFET, 338 
Symbol for power MOSFET, 467 
Synchronous rectification, 250 
performance comparison, 254 
Synchronous rectifier, losses in, 252 
two-terminal, 254 


Temperature cycling test, 161 
Temperature dependence, of bipolar transistor 
parameters, 91, 92, 339 
of MOSFET parameters, 94, 339 
Temperature measurement: 
using body-drain diode, 367 
using Rosen), 367 
using threshold voltage, 367 
Temperature—humidity—bias test, 161 
Test circuit, body—drain diode forward voltage, 
496 
drain-source breakdown voltage, 493 
gate charge, 482, 495 
input capacitance, 494 
output capacitance, 494 
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Roswony , 494 
reverse transfer capacitance, 494 
switching time(s), 482, 495 
threshold voltage, 493 
unclamped inductive load, 482 
Testing MOSFETs, 365-367 
Thermal impedance, transient, 168, 481 
Thermal resistance, 145, 148, 159 
case-to-sink, 481 
junction-to-ambient, 481 
junction-to-case, 481 
- Steady state, 167 
Thermal runaway, 159, 167, 173 
Thermally activated degredation processes, 
156-161 
Three-phase drive: 
brushless, 268-271 
PWM, 280, 286 
six-step, 277 
Threshold voltage, 15, 34-39, 51, 58-63, 65, 67, 
86, 105, 447, 448 
effect of temperature, 38, 39, 51, 91 
guaranteed limits, 478 
metal gate, 39 
shift due to radiation, 396 
test for, 493 
Throat region, 81-83, 95 
Thyristor, 17, 18, 21 
gate-turn-off (GTO), 17-19, 344, 352 
Total gate charge, 138, 139, 478 
Transconductance, compared with gain of bipo- 
lar transistor, 327 
minimum guaranteed value, 478 
Transconductance (gn), 68, 69, 83, 91, 94, 151, 
455 7 
Transconductance parameter (k), 59, 64, 65 


_ Transfer characteristics of MOSFET, 97, 481 


Transient dissipation, 99-103 
at turn-off, 99 
at turn-on, 99 
Transient thermal impedance, 168, 481 
Transit time (carrier), 5, 58, 61, 97 
Traps, 1, 86 
TTL, 17, 200 
Turn-off, 20, 99-103, 123-136, 142-143 
delay time, 127, 128, 142, 479 
effect of drain inductance, 127, 130-136 
effect of source inductance, 131, 132, 136 
energy, 99-103, 135, 136, 142 
ring, 132-135 
Turn-on, 99-123, 136, 142, 143, 455 
controlling speed of, 290 
delay time, 105-107, 142, 479 
effect of drain inductance, 107~115, 117-125, 
136 
effect of source inductance, 107, 112-115, 
119-124, 136 
energy, 99-103, 117-123, 136, 142, 143 
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Turned-oFF state, 45-51, 142 
Turned-on state, 45-51, 142 


V-groove, 8-13, 21 
VvDMOS, 1, 13-17, 21 
active regions, 26 
channel (body) region, 26-28 
doping profile, 27 
drain drift region, 26 
surface layer, 26 
throat, 26 
Very large scale integration (vist), 1, 8, 18, 148 
Virtual-earth current sense method, 245 


Voltage downgrades, 467 

Voltage rating of MOSFETs, 161, 291 
selection, 307 

vvmMos, 10-13, 148 


Wear out, 153, 155, 161 
Wire-bond fatigue, 159, 161 


Zener diode clamp for drain voltage, 127, 
132-135, 143, 216 

Zero-gate-voltage drain current, 478 

Zero-temperature-coefficient point, 185 


